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Basic Semiconductor Physics
and Technology

The majority of power electronic circuits utilise power semiconductor switching
devices which ideally present infinite resistance when off, zero resistance when on,
and switch instantaneously between those two states. It is necessary for the power
electronics engineer to have a general appreciation of the semiconductor physics
aspects applicable to power switching devices so as to be able to understand the
vocabulary and the non-ideal device electrical phenomena. To this end, it is only
necessary to attempt a qualitative description of switching devices and the relation
between their geometry, material parameters, and physical operating mechanisms.

Typical power switching devices such as diodes, thyristors, and transistors are
based on a monocrystalline group IV silicon semiconductor structure or a group IV
polytype, silicon carbide. These semiconductor materials are distinguished by
having a specific electrical conductivity, o, somewhere between that of good
conductors (>10% free electron density) and that of good insulators (<10° free
electron density). Silicon is less expensive, more widely used, and a more versatile
processing material than silicon carbide, thus the electrical and processing
properties of silicon are considered first, in more detail.

In pure silicon at equilibrium, the number of electrons is equal to the number of
holes. The silicon is called intrinsic and the electrons are considered as negative
charge-carriers. Holes and electrons both contribute to conduction, although holes
have less mobility due to the covalent bonding. Electron-hole pairs are continually
being generated by thermal ionization and in order to preserve equilibrium
previously generated pairs recombine. The intrinsic carrier concentrations n; are
equal, small (1.4x10' /cc), and highly dependent on temperature. In order to
fabricate a power-switching device, it is necessary to increase greatly the free hole
or electron population. This is achieved by deliberately doping the silicon, by
adding specific impurities called dopants. The doped silicon is subsequently called
extrinsic and as the concentration of dopant N. increases, the resistivity p
decreases.

Silicon doped with group V elements, such as As, Sb or P, will be rich in
electrons compared to holes. Four of the five valence electrons of the group V
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dopant will take part in the covalent bonding with the neighbouring silicon atom,
while the fifth electron is only weakly attached and is relatively 'free'. The semi-
conductor is called n-tfype because of its free negative charge-carriers. A group V
dopant is called a donor, having donated an electron for conduction. The resultant
electron impurity concentration is denoted by N, - the donor concentration.

If silicon is doped with atoms from group 111, such as B, Al, Ga or In, which
have three valence electrons, the covalent bonds in the silicon involving the dopant
will have one covalent-bonded electron missing. The impurity atom can accept an
electron because of the available thermal energy. The dopant is thus called an
acceptor, which is ionised with a net positive charge. Silicon doped with acceptors
is rich in holes and is therefore called p-fype. The resultant hole impurity
concentration is denoted by N, - the acceptor concentration.

Electrons in n-type silicon and holes in p-type are called majority carriers,
while holes in n-type and electrons in p-type are called minority carriers. The
carrier concentration equilibrium can be significantly changed by irradiation by
photons, the application of an electric field or by heat. Such carrier injection
mechanisms create excess carriers.

If n-type silicon is irradiated by photons with enough energy to ionise the
valence electrons, electron-hole pairs are generated. There is already an abundance
of majority electrons in the n-type silicon, thus the photon-generated excess
minority holes are of more relative and detectable importance. If the light source is
removed, the time constant associated with recombination, or decay of excess
minority carriers, is called the minority carrier hole lifetime, 7,. For a p-type
silicon, exposed to light, excess minority electrons are generated and after the
source is removed, decay at a rate called the minority carrier electron lifetime, t,.
The minority carrier lifetime is often called the recombination lifetime.

A difficulty faced by manufacturers of high-voltage, large-area semiconductor
devices is that of obtaining uniformity of n-type phosphorus doping throughout the
usual high-resistivity silicon starting material. Normal crystal-growing and doping
techniques give no better than £10 per cent fluctuation around the wanted
resistivity at the required low concentration levels (<10'* /cc). Final device electri-
cal properties will therefore vary widely in all lattice directions. Tolerances better
than +1 per cent in resistivity and homogeneous distribution of phosphorus can be
attained by neutron radiation, commonly called neutron transmutation doping,
NTD. The neutron irradiation flux transmutes silicon atoms first into a silicon
isotope with a short 2.62-hour half-lifetime, which then decays into phosphorus.
Subsequent annealing removes any crystal damage caused by the irradiation.
Neutrons can penetrate over 100mm into silicon, thus large silicon crystals can be
processed using the NTD technique.

1.1 Processes forming pn junctions
A pn junction is the location in a semiconductor where the impurity changes from

p to n while the monocrystalline lattice continues undisturbed. A bipolar diode is
thus created, which forms the basis of any bipolar semiconductor device.
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The donor-acceptor impurities junction is formed by any one of a number of
process techniques, namely alloying, diffusion, epitaxy, ion implantation or the
metallization for ohmic contacts.

1.1.1  The alloyed junction

At the desired region on an n-type wafer, a small amount of p-type impurity is
deposited. The wafer is then heated in an inert atmosphere and a thin film of melt
forms on the interface. On gradual cooling, a continuous crystalline structure
results, having a step or abrupt pn junction as shown in figure 1.1. This junction-
forming process is rarely employed to form a power pn junction.

Metal (A on junction Ned fec
]
0% step
m junction
petype Si —f—— Sl == o /
‘nlﬂ‘
ntype Si

(a)

Figure 1.1. n-Si to Al metal alloy junction:
(a) cross-section where x; is the junction depth below the metal-semiconductor
boundary and (b) impurity profile of the formed step junction.

1.1.2  The diffused junction

An n-type silicon substrate is heated to about 1000°C in a diffusion furnace. A p-
type impurity is entered in a mixed vapour compound form. This compound
breaks down as a result of the high temperature, and is slowly diffused into the
substrate. The maximum impurity concentration occurs at the surface, tailing off
towards the inside. The doping profile is mathematically defined and is varied by
controlling the vapour mixture concentration, the furnace temperature, and time of
diffusion. If the source concentration is continuously replenished, thus maintained
constant, the doping profile is given by a complementary error function, erfc. If
natural depletion of dopant occurs, then the profile is an exponential function,
which gives a Gaussian diffusion distribution. The actual areas of diffusion are
selected by a surface-blocking mask of silicon dioxide, as illustrated in figure 1.2.

The diffusion process is the only junction forming technique that is not
applicable to silicon carbide wafer processing.
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Figure 1.2. Diffused pn junction: (a) cross-section where Xx; is the junction depth
below the silicon surface and (b) impurity concentration profile.

1.1.3  The epitaxy junction

A pre-cleaned, polished, almost perfect silicon crystal surface acts as a substrate
for subsequent deposition. The pre-doped silicon is heated to about 1150°C in a
quartz reactor. A hydrogen gas flow carrying a compound of silicon such as SiCl,
or SiHy is passed over the hot substrate surface, and silicon atoms are deposited,
growing a new continuous lattice. If phosphine (PH;3) or diborane (B,Hg) is
included in the silicon compound gas flow, a layer of the required type and
resistivity occurs. Up to 100um of doped silicon can be grown on substrates for
power devices at a rate of about 1 pm/min at 1200°C. A very low crystalline fault
rate is essential if uniform electrical properties are to be attained.

1.1.4  The ion-implanted junction

Ton impurities (B, P or As) are accelerated in a vacuum at high keV energies at the
pre-doped silicon substrate, which is at room temperature. The ions penetrate the
lattice to less than a few microns, typically 1pm at about '2aMeV. The resultant
doping profile is Gaussian, with the smaller ion like boron, penetrating deeper. In
so doing, the lattice is disrupted and subsequent annealing at elevated temperatures
of about 700°C restores the uniform lattice structure, without activating the
implanted atoms. Boron requires higher annealing temperatures which may cause
undesired diffusion of the dopant. Ion implantation is the most accurate and
controllable doping process, giving excellent doping level uniformity and
production repeatability.

1.1.5  The ohmic-contact junction

An ohmic contact is a resistive connection which is voltage independent.
Aluminium is commonly evaporated in a vacuum at near room temperature, onto
the wafer surface to form a metallised electrical contact. Deposit rates of %2
um/minute are typical. If the silicon is n-type, a pn Schottky junction is formed,
which is undesirable as an ohmic contact. This junction forming aspect is
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discussed at the end of section 3.1.4. Ohmic metal contact to p-type
semiconductors with a large bandgap, like silicon carbide, is technically difficult.

1.2 The oxidation and masking process

An extremely useful and convenient process employed during device fabrication is
the formation of silicon dioxide (silica) Si0, on the silicon wafer surface.

Wafers of silicon placed in a furnace for three to four hours at 1000-1200°C
containing oxygen gas form a surface oxide layer of Si0, usually less than lpm
thick. The oxide penetration into the silicon is about 40% of its thickness. Wet
oxidation, with water added, is about 20 times faster than dry oxidation but the
oxide quality is lower. The wafer is effectively encapsulated by silica glass, which
will prevent penetration by normal impurity atoms, except gallium atoms.
Selective diffusions are made in the silicon by opening windows through the oxide
by selective etching with HF following a photo-resist lithography masking process.

The excellent electrical-insulating properties of Si0, may be utilised for surface
junction passivation. Silicon dioxide has an amorphous structure with a very high
resistivity and a dielectric constant of 3.85, which make it a useful insulator.
Silicon dioxide is used extensively as an insulating barrier between the gate metal
and channel of insulated gate semiconductor switching devices.

1.3 Polysilicon deposition

Polycrystaline silicon is used as the gate electrode in metal oxide devices and for
metallization. The deposition method involves the pyrolysis of silane
SiH, @ —> Si +2H, and at 600°C and normal pressure, deposits about
20nm/minute. The polysilicon is heavily doped to reduce the resistivity using
phosphine or diborane in situ or by ion implantation. Diffusion is used at higher
temperatures in order to attain the lowest resistivities.

1.4 Lifetime control

Two basic processes have been developed to reduce the lifetime of carriers in
power devices.

e Thermal diffusion of gold or platinum or
e Bombardment of the silicon with high-energy particles such as electrons
and protons.

The diffusion of gold or platinum occurs more rapidly than the diffusion of
group 111 and V dopants, hence the precious metal is diffused at 800 to 900°C, just
prior to metallization, which is performed at a lower temperature. The higher the
precious metal diffusion temperature the higher the solubility and the lower the
carrier lifetime. Disadvantages of precious metal diffusion include:
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e devices cannot be tested prior to or immediately after impurity diffusion and
e small temperature changes cause a wide variation in device characteristics.

In high-resistivity silicon used to fabricate power devices, irradiation
bombardment causes defects composed of complexes of vacancies with impurity
atoms of oxygen and of two adjacent vacancy sites in the lattice. The advantages
of the use of irradiation in order to reduce carrier lifetime in power devices are:

e irradiation is performed at room temperature, after fabrication;

e irradiation can be accurately controlled hence a tighter distribution of
electrical characteristics results;

e overdose annealing can be performed at only 400°C; and

e it is a clean, non-contaminating process.

Much attention has been focussed on proton irradiation, which has high costs
and long processing scan times, but offers the most accurate and precise form of
lifetime control.  The electrical consequences of lifetime control are an
improvement in switching speed at the expense of increased leakage and on-state
voltage.

1.5 Silicon Carbide

Wide bandgap semiconductors (GaN, SiC, diamond, etc.) have better high voltage
and temperature characteristics than silicon devices. However, because silicon
carbide, SiC, sublimes at high temperature, ~1800°C, processing is more difficult
than for silicon (which melts at a lower temperature of 1415°C). The similar
chemistry properties of silicon and silicon carbide (both in group 1V) means that
many of the existing processes for silicon can be applied to silicon carbide, but
with some refinement and higher processing temperatures. The exception is
thermal diffusion which is not effective if a good SiC surface morphology is to be
retained.

The SiC crystal boules are grown by seeded sublimation using the physical
vapour transport (PVT) method. Alternatively, chemical vapour deposition (CVD)
can be used, where SiHy, C;Hg, and H, are typically injected into the chamber.
This process is mainly used for producing SiC epitaxial growth. A hot walled CVD
reactor can deposit 100um at a rate of 1 to 5 pm/hour at 1200°C to 1500°C.
Crystal defects (micropipes, stack faults, etc.) occur at a rate of less than 1 per cm®.
Proprietary defect healing technology can significantly decrease the defect rate.
The main single crystal polytypes for power switching device fabrication are 4H-
SiC and 6H-SiC (this lattice structure terminology is based on the Ramsdell
notation).

Nitrogen for n-type and aluminium or boron for p-type can be used in epitaxial
growth and ion implantation. Substrates usually have an n or p epitaxial drift layer.
Typical n-type epitaxy (50pum) can be thicker than a p-type layer (10um), and the
n-type epitaxy has a thin 1um n-type buffer or fieldstop.

Ton implantation is shallow, typically less than lum, and requires high
temperature and 30 to 300keV. Subsequent annealing is at 1650°C. The lower the
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temperature, the longer the annealing time. Contact metallization can use nickel on
highly n-doped SiC, which is annealed at 1150°C for a few minutes. A nickel and
titanium Schottky metal combination is suitable for p” region metallization. Si0, is
an electrical-insulator that can be grown on both Si and SiC. Oxide growth for SiC
is slower than that on silicon and involves nitridation of nitric oxide, N,0, at
1300°C. Because of the physical and chemical stability of silicon carbide, acid wet
etching is ineffective and dry reactive ion etching tends to be used for etching.

1.6 Si and SiC physical and electrical properties compared

The processing of silicon is a mature, cost efficient technology, with 12-inch
wafers and submicron resolution common within the microelectronics industry.
So-called wide bandgap semiconductors like silicon carbide offer promising high
voltage and temperature power switching device possibilities as material quality
and process yields improve. Figure 1.3 shows and allows comparison of the key
physical and electrical properties of the main semiconductor materials applicable to
power switching device fabrication.

The higher

. the energy bandgap, E,, the higher the possible operating temperature
before intrinsic conduction mechanisms produce adverse effects;

. the avalanche breakdown electric field, &, the higher the possible
rated voltage;

. the thermal conductivity, o7, the more readily heat dissipated can be
removed; and

. the saturation electron drift velocity, vy, and the electron mobility, u,,

the faster possible switching speeds.

Saturation Bandgap Thermal Electron Breakdown
Velocity Conductivity Mobility Field
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Although the attributes of wide bandgap materials are evident, processing is
more difficult and some of the parameters vary significantly with a wide operating
temperature range. SiC performance figures are slightly better than those for GaN,
except, importantly, GaN has better carrier mobility. GaN growth is complicated
by the fact that Nitrogen tends to revert to the gaseous state, and therefore only thin
layers are usually grown on sapphire or SiC substrates. Lattice-substrate boundary
mismatch occurs because of the significant difference in molecule sizes and
packing. Such a boundary imperfection may prove problematic with power
devices where principle current flow is usual vertically through the structure, hence
through the imperfect lattice boundary.

Some of the physical and electrical parameters and their values in figure 1.3
will be explained and used in subsequent chapters. Other useful substrate data is
given in table 1.1.

Table 1.1. Other useful substrate material data

Si SiC Diamond
relative dielectric constant & 11.8 9.7 5.8
maximum operating temperature | Tpmax | °C 300 1240 1100
melting temperature Tmeit | °C | 1415 | sublime >1800 | phase change

Si SiC piamond Si SiC piamond Si SiC piamond Si SiC piamond Si SiC piamond
Vsat Eg or My &
(107 cm/s) (ev) (W/cmK) (cm?/Vs) (MV/cm)
@ Na=1x10"° /cc

Figure 1.3. Key electrical and thermal characteristics of group IV monocrystalline
silicon and diamond and polytype 4H-silicon carbide, at room temperature.
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The pn Junction

The diode is the simplest bipolar semiconductor device. It comprises p-type and n-
type semiconductor materials brought together, usually after diffusion, to form a
(step or abrupt) junction as shown in figure 2.la.

A depletion layer, or alternatively a space charge layer, scl, is built up at the
junction as a result of diffusion caused by the large carrier concentration gradients.
The holes diffuse from the p-side into the n-side while electrons diffuse from the n-
side to the p-side, as shown in figure 2.1b. The n-side, losing electrons, is charged
positively because of the net donor charge left behind, while the p-side conversely
becomes negatively charged. An electric potential barrier, &, builds up, creating a
drift current which opposes the diffusion flow, both of which balance at thermo-
dynamic equilibrium as shown in figure 2.1c. There are no free carriers in the scl.

The zero external bias, built-in, junction potential or scl potential is given by

KT, NN,
D= In—— V) 2.1
q n

where ¢ is the electron charge, 1.6 x 10" C
kis Boltzmann’s constant, 1.38 x 1072 J/K
T; is the junction temperature, K.
Thus @ = kT,/q =0.0259 eV at room temperature, 300 K.

One important feature of the pn junction is that current (holes) flows freely in
the p to n direction when forward-biased, that is, the p-region is biased positive
with respect to the n-region. Only a small leakage current flows in the reverse
voltage bias case. This asymmetry makes the pn junction diode useful as a rectifier,
exhibiting static voltage-current characteristics as illustrated in figure 2.2.
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2.1 The pn junction under forward bias (steady-state)

If the p-region is externally positively-biased with respect to the n-region as shown
in figure 2.3b, the scl narrows and current flows freely. The emf positive potential
supplies holes to the p-region, while the negative emf potential provides electrons
to the n-region. The carriers both combine, but are continuously replenished from
the emf source. A large emf source current flows through the diode, which is
termed forward-biased.
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Figure 2.1. The step junction. (a) The junction if carriers did not diffuse: @
ionised donors,Qionised acceptors, + holes and - electrons; (b) electron and hole
drift flows; (c) equilibrium distribution of
ionised impurities and free carriers; and (d) scl electric field and voltage.

movements: ---- diffusion flows,

2.2 The pn junction under reverse bias (steady-state)

If a bias voltage is applied across the p and n regions as shown in figure 2.3¢c, with
the p-terminal negative with respect to the n-terminal, then the scl widens. This is
because electrons in the n-region are attracted to the positive external emf source
while holes in the p-region are attracted to the negative emf potential. As the scl
widens, the peak electric field &, at the junction increases as shown in figure 2.3d.
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The only current that flows is the small leakage current which is due to carriers
generated in the scl or minority carriers which diffuse to the junction and are
collected. The junction is termed reverse-biased.

Increasing applied reverse bias eventually leads to junction reverse voltage
breakdown, V3, as shown in figure 2.2, and the diode current is controlled by the
external circuit. Breakdown is due to one of three phenomena, depending on the
doping levels of the regions and, most importantly, on the concentration of the
lower doped side of the junction.
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Figure 2.2. Typical I-V static characteristics of a silicon pn junction diode, and the
effects of junction temperature, T;.

2.2.1  Punch-through voltage

The reverse voltage extends the scl to at least one of the ohmic contacts and the
device presents a short circuit to that voltage in excess of the punch-through
voltage, Vpr. Punch-through tends to occur at low temperatures with devices
which employ a low concentration region (usually the n-side), as is usual with high-
voltage devices. The punch-through voltage for silicon can be approximated by

¥, =7.67x10" N W ™) 2.2)

where N, is the concentration in /cc of the lighter doped region and
W, is the width of that region in pm.

2.2.2  Avalanche breakdown
Avalanche breakdown or multiplication breakdown, is the most common mode of

breakdown and occurs when the peak electric field, &,, in the scl at the junction
exceeds a certain level which is dependent on the doping level of the lighter doped
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region. Minority carriers associated with the leakage current are accelerated to
kinetic energies high enough for them to ionise silicon atoms on collision, thereby
creating a new hole-electron pair. These are accelerated in opposite directions,
because of the high electric field strength, colliding and ionising repeatedly - hence
the term avalanche, impact ionisation or carrier multiplication. If the lighter doped
silicon region has a concentration of

10" < N, < 5x10" (/ce)
then the avalanche voltage may be approximated by

V, = 534 x 10" N V) (2:3)
The peak electric field at the junction will be
£ =391 x10°N"® (V/m) (2.4)

and the width of the scl, mainly in the lighter doped region, at breakdown is given
by
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2.2.3  Zener breakdown

Field or Zener breakdown occurs with heavily doped junction regions and at
usually less than 5V reverse bias. It occurs when the scl is too narrow for
avalanche yet the electric field grows very large and electrons tunnel directly from
the valence band on the p-side to the conduction band on the n-side. This reverse
current is called the Zener effect.

These three modes of reverse voltage breakdown are not necessarily destructive
provided the current is uniformly distributed. If the current density in a particular
area is too high, a local hot spot may occur, leading to device thermal destruction.

2.3 Thermal effects

The pn junction current, 7, shown in figure 2.2, is related to the scl voltage, 7,
according to

1) = L™ -1 (A) 2.6)

where /,, is the reverse leakage current in amps.

The forward conduction voltage decreases with increased junction temperature, 7;.
That is, the on-state voltage has a negative temperature coefficient. In practical
silicon pn diodes, at low currents, the temperature coefficient is typically -2.4
mV/K, becoming less negative with increased current. At higher currents, the
coefficient becomes positive because of the reduced carrier mobility at higher
temperatures, which causes non-scl regions to increase in resistance. The effects of
the change in temperature coefficient at higher currents, in practical devices, are
shown dotted in figure 2.2. Neglecting the exponential silicon bad gap temperature
dependence, the temperature effects at high current, on the diffusion constant
component of the leakage current /, in equation (2.6), called the saturation current,
is given by

1,7)= umm(%j @7

Silicon carbide diodes have a higher temperature coefficient, typically +8mV/K.

The avalanche voltage increases with temperature, as does the reverse leakage
current. The effects of temperature on the reverse bias characteristics are shown in
figure 2.2. In the case of silicon carbide, increased temperature decreases the
avalanche voltage and increases the leakage current.

The silicon temperature coefficient for avalanche is positive since the mean
distance between collisions is reduced because of the increased thermal energy,
which increases the vibrational amplitude. Higher electric fields are necessary for
the carriers to gain sufficient kinetic energy for ionisation.

Equation (2.6) also indicates that the reverse bias current increases with
increased junction temperature. This positive temperature coefficient does not
generally result in thermal instability with silicon devices, provided sufficient heat
sinking is employed on smaller devices.
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24 Models for the junction diode

Semiconductor device models are used extensively for power electronic circuit
simulation. A basic piecewise-linear model is applicable to simple manual
calculations, where the terminal /-V characteristics are empirically modelled based
on ideal circuit elements. A more complex and accurate model is required for
computer transient analysis simulation. Such accurate models are based on the
semiconductor physics of the device. Many power switching semiconductor
device manufacturers provide values for the model parameters suitable for circuit
simulation in the packages PSpice and SABER.
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Figure 2.4. Plecewise-linear approximations or Junction aiode cnaracteristics:
(a) ideal diode with an offset voltage and resistance to account for slope in the
forward characteristic and (b) model including reverse bias characteristics.
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2.4.1  Piecewise-linear junction diode model

The pn junction diode is a unilateral device that, to a good approximation, conducts
current in only one direction. Figure 2.4a shows a piecewise-linear (pwl) model of
the diode that is suitable for static modelling in power electronic circuits. It
includes a perfect diode, an on-state voltage source £, and a series resistor of
value R, to account for the slope in the actual forward characteristic. The forward
1-V characteristic at a given temperature is given by

V.(I,)= E, + LR, forV, >E, V) (2.8)

The model in figure 2.4a does not incorporate the static reverse characteristics of
leakage and avalanche. These are shown in figure 2.4b, where V), from equation
(2.3) models the avalanche limit and R;(=V,/1,)gives lincar leakage current
properties for a given junction temperature. The three diode components are
assumed perfect.

The model given by equation (2.8) is adequate for calculation of static
balancing requirements of parallel and series connected diodes and thyristors, as
considered in section 10.1 and the associated problems, 10.4, 10.5, and 10.9 to
10.12.

Example 2.1:  Using the pwl junction diode model
An approximation to the forward characteristic of the diode shown in figure 2.4a,
is given by ¥, = 1.0+0.017, . For a constant current of 45A for %3 of a cycle,
calculate the diode
i on-state voltage;
il mean power loss; and
ii. rms current.

Solution
i.  The on-state voltage at 45A is given by
V.(i,) = 1.0 + i, 0.01=1.0+45x0.01 = 1.45V

ii.  If the on-state duty cycle is 0=7%, the average power loss is
P=6xV,xI, =3%x1.45V x45A =432W
iii. The diode rms current is given by
I =8 xI, =3 x45A=367A
L]

Example 2.2:  Static diode model
A Schottky diode is used to half-wave rectify a square wave +15V source in series
with a 1Q resistor. If the diode model shown in figure 2.4b is modelled by R, =
0.01 Q, E,=0.2V, R;=1000Q, and V= 30V, then determine:
i the diode model forward and reverse bias operating point
equations for the series circuit
il. the load current and diode voltage

Power Electronics 16

iii. the rectifier losses (neglecting any recovery effects) and the load
power dissipation

i Estimate the power dissipated in the load if the source is ac with
the same fundamental component as the square wave.

v What is the non-fundamental power dissipated with the square

wave source.

Solution
i.  When the diode is forward biased

F 0

i :%(VDF -E,) for v, 202V
Kirchhoff’s voltage law for the series circuit gives
Vi=i.R +v,,
Eliminating the diode voltage vpr gives series circuit current
i, = V.—E, for V.2 E,
R +R,
i, =0 for 0<V <E,
The diode voltage is therefore given by
_ VR +ER,
" R +R,
When the diode is reversed biased, below the reverse breakdown voltage Vj,
iy :R%'VDR for v, <V,
V.= iR +vy,
Eliminating the diode voltage v, gives series circuit current
V.

" R+R,

=E, +i.R for i>0

DF

lR

The diode voltage is thus given by
V.R
o=t o
" R+R,

lR Rl

ii.  The circuit voltages and current are, when the diode is forward biased,

. 15V-02V
T001Q+1Q
V, =02V +14.65A%0.01Q = 0.35V

D

=14.65A

If R,>>R,, the diode current equation can be simplified using R,=0.
When the diode is reverse biased
PR E)
"1000Q + 1Q
VDR =15mAx1000Q = 15.0V

If R>>R; the diode current and voltage equations can be simplified using R;=0.

=15.0mA
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iii.  The rectifier losses are, when forward biased,
P, =v, xi,
=0.35Vx14.65A =5.127TW
and when reverse biased
Pnk =V, X i,
=15V x15mA =0.225W
Total diode losses are therefore '4(5.127 + 0.225) = 2.68W.
The power from the square wave supply is
Vax(15Vx14.65A + 15Vx15mA) = 110W

with 110 —2.68 = 107.32W dissipated in the 1€ resistor load.

iv.  The magnitude of the fundamental of a square wave is 4/z times the square
wave magnitude, that is, 15Vx4/x = 19.1V peak.
The forward biased diode does not conduct until the supply voltage exceeds 0.2V.
This is a small percentage of the sine wave, hence can be neglected in the loss
estimate. The forward current flow is approximately
. _19.1V-02V
T+ 0.01Q
The rms of a sine is 1/¥2 its magnitude and 1/y2 again for a half wave rectified
sine. That is

xsin wt =18.7 x sin wt

_187A

iy === =9.35A rms
V242
The reverse leakage current is given by
. 19.1V . .
i, = ——————xsinwt = 0.019xsin ot
1000Q + 1Q
which gives an rms current of
_mA =9.5mA rms

i)(m:.\ -
V242
The power dissipated in the 1Q load resistor is
P=(ii_+i xR,

= (9.352 +0.00952)>< 1Q =87.42W + 90uW =87.42W
Clearly, the reverse leakage current related component is negligible.

v With the square wave, from part iii., 107.32W are dissipated in the load but
from part ii., only 87.42W are dissipated for a sine wave with the same
fundamental magnitude. The 19.9W difference is power produced by the
harmonics of the fundamental (3", 5t ...). For a resistive heating load this power
produces useful heating, but in a motor the harmonic power would produce
unwanted torque pulsations and motor heating.

L)
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2.4.2  Semiconductor physics based junction diode model

The charge-carrier diode model shown in figure 2.5 is necessary for transient
circuit analysis involving diodes. The pn junction diode is assumed to have an
abrupt or step junction. The model components are voltage dependant current
sources, 1, and /,, voltage dependant capacitance C; and C;, and series access
resistance R;.

anode
C,”(l—g)”” for V< no else
C,(v)=
Rs (=n(1+m)+ 2V
jo A=p)
dl
C(V)=t—
V)=t 7
Gi+C;
Tl
IM)=1,""~1) 7r‘
I (V)=I efww) (4 I+Ib
b Y
©=kT/q
cathode

Figure 2.5. PSpice transient analysis circuit model of the pn junction diode.

The ideal diode current / is given by equation (2.6). The diode current 7, models
reverse voltage breakdown, where the breakdown voltage V), is assumed due to
avalanche and is given by equation (2.3). The voltage dependant transit
capacitance, C,, which is dominant under forward bias, is related to the minority
carrier lifetime #. The voltage dependant scl (depletion layer) capacitance Cj,
which is dominant under reverse bias, involves the zero bias junction potential
voltage @, given by equation (2.1) and the zero bias junction capacitance Cj,. In
the case of the silicon carbide Schottky diode, C; >> C,. The scl capacitance, C;(V)
can be evaluated from the pn diode structure and doping profile, as follows.

2.4.2i - Determination of C;,

Poisson’s equation, in conjunction with Gauss’s law, for the one dimensional step
junction shown in figure 2.6, give

OV __dE_aN, gV, 29
dx dx & &

The dielectric permittivity & = &, &, comprises the free space permittivity &, =
8.854x107'? F/m and the relative permittivity &, = 11.8 for silicon and 9.7 for SiC.
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q
for —x,<x<0
c D n
) _| ° (2.10)
d —31\{1 for O<x<x,

|
|
(cm™) !
Q=qAx:Ny
axallo ! Q=-Q,
qNp ]
|
I ——x
T G
[T ]
~_
(Viem) ) Qp=-GAx,Na
1
'
i
1
]
i
— — X
1
)
)
)
.
T x
1
v i
|
1 ;
H
H

Figure 2.6. The charge Q, electric field &, and voltage potential V,
in the space charge layer of a step pn junction.

Integrating both parts of equation (2.10) over the shown bounds, gives &(x):

giNnthm for —x,<x<0

S = 2.11)

q
_ZN“)H—;" for O<x<x,

anx) _
dx
where the maximium field intensity (at x =0) is &, = EiND X, = giN, X,

The piece-wise parabolic voltage potential across the scl shown in figure 2.6, is
given by integration of the electric field, that is
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0 q Xp q
V=] G Nt Ed + [ TN xg ) dx 01

=hEW

Since the charges each side of the metallurgical junction must balance, equation
(2.12) can be rearranged to give the scl width.

(2.13)

From equation (2.1), a zero bias voltage @ exists without the presence of any
external voltage. Therefore, to incorporate non-equilibrium conditions, the
electrostatic barrier potential becomes @-V, where V is the externally applied
reverse bias voltage. Consequently the expression for the scl width becomes:

W= {26‘ (@-V) [L+LH (2.14)
q N, N,

The scl width voltage dependence can be expressed in terms of the zero bias scl
width, W,

LY
@ @.15)
W,
xHﬂ xy(‘77
1+N,/N, " 14+N,/N,
: .16)

| 4 |4
x,(V)=x,, 1—5 x,(V)=x, 1—5

The magnitude of the voltage dependant charge on each side of the junction is

1

N, N,N, [
‘Q(V)‘:qALW:A 2qs DL ]_K
N, +N " N, +N, D

D 4

V
= Qo 1'5

The junction capacitance is given by differentiation of equation (2.17) with respect
to @-V

(2.17)

C=‘ dQ —ed q NN, [_e4 (2.18)
"ld@-v| 77| 26(@-V) N, +N,

Equation (2.18) can be rearranged to give the PSpice capacitance form, in terms of
the zero bias junction capacitance Cj,.
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D
where C :€A|: q_ NN,

L@19)
=5 260 N, +N,

The electric field at the metallurgical junction, from equation (2.12) is given by

Ew)=¢, 1—% where & =20/W, (2.20)

2.4.2ii - One-sided pn diode equations

When N,>>Np, which is the usual case in high voltage pn diodes, equations (2.12)
to (2.20) are approximated by the following one-sided diode equations.

W, = {ﬂ} ~ x, and x,, ~0
an,

0, = A2 @N, @21

Cm =¢A ﬂ
26

These equations show that the scl penetrates mostly into the n-side, (hence the
name one-sided), which supports most of the voltage.

Example 2.3:  Space charge layer parameter values

A 10pm thick p-type 2x10' /cc silicon epitaxial layer is grown on an n'-type 1x10™
Jcc silicon substrate, of area 1 cm?, to form an abrupt pn junction.

Calculate the following PSpice parameter values, at room temperature:

i zero bias junction potential, @;
il zero bias scl width, maximum electric field, charge, and junction
capacitance, Wy, §, Oy, Cjo; and
iil. avalanche breakdown voltage, V.

If the substrate is 150pum thick, for a 1000V reverse bias, calculate:

v scl width and penetration depth each side of the junction, W, x,,, x,;
v charge each side of the junction, maximum electric field, and the
capacitance, O, &, C;.

Power Electronics 22

Solution
i.  From equation (2.1), the zero bias built-in voltage is
kT 16 14
o=KL NN gpsgin 22107 x 1x107
q n; 2.25x10”

=0.0259 In(8.89x10°) = 0.534V
ii.  From equations (2.15), (2.20), (2.17), and (2.19)

w- | 20e (L, L
g \N, N,

2%0.53 x11.8x8.85x10™ [ 1 1
W, = x0.53 x 8><j§985>< 0 J _+ | =2.65um
1.6x10 12x10” "1x10°
£ =2 /W =2x0534/2.65um
£ =040 MV/m
NN, [
=A|2ge d—L2—4
9, {q\ ND+NJ
42
0, :1x10"\/2x0.53 16107 x11.8x8.85x10" —210"_ _ 471 nc
2.01x10”

1
C =42 NN T
» " 20 N, +N,

=3.95x10"F = 3.95 nF

C —1x10* 1.6x10™" x11.8x8.85x10™" 2><10"7
” 2x0.53 2.01x10%

iii.  From equation (2.2), the estimated punch-through voltage is
V,, =7.67x10"N. W’ =7.67x10" x10" x(150)*=1727V
That is, punch through occurs when the reverse bias is greater than the operating

voltage, 1000V. If the diode is to breakdown due to avalanche then the avalanche
breakdown voltage given by ¥, (equation (2.3)) must be less than Vpr, 1727V.
V. = 534x10° N7 =5.34x10" x(1x10")™ =1689V

b ¢

iv.  From equation (2.15) the scl width at -1000V reverse bias is

=114.6um
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From equation (2.16) the scl penetration into each side of the junction at -1000V is

LW 1146 Lo 1146
" 1+N,/N, 1+0.005 " 14N,/N, 1+200
x, =114.0um x,=0.57um

Note that when N>>Np, x, = W, thus the lower the relative concentration, the
deeper the scl penetration and the higher the portion of 7 supported in Np. The
junction scl can under these circumstances be analysed based on simplified
equations — called one-sided junction equations.

v.  The charge magnitude each side of the junction, shown in figure 2.6, is given
by equation (2.17). The electric field at the junction is given by equation (2.20),
while the junction capacitance at -1000V is given by equation (2.19):

V 1000
= I-— = 42In [I+——
2= 9 (] 0.533

= 182:4nC

= ¢l = oaom 1+ 1000

' @ 0533

£ = 17.5MV/m (<& =25MVim )

c = c [1-X]= 3050 (14100077
o Ue 0533
= 9IpF

Reading list

See chapter 1 reading list.
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Wolf, H. F., Semiconductors,
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Yang, E. S., Fundamentals of Semiconductor Devices,
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Problems

2.1. A silicon diode is to have a breakdown voltage of 1000 V. If breakdown is
due to the avalanche mechanism calculate
i.  the concentration of the n” region
ii.  the width of the n” region
iii. the maximum electric field
iv.  the expected punch-through voltage based on parts i. and ii.
[2x 10" /cc, 83um, 2.4x10° V/em, 1057 V]

2.2. What is the punch-through voltage for a silicon step junction with an n°
doping level of 5x10" /cc and a width of 20um? Calculate the doping level
and scl width for a similarly voltage rated silicon avalanche diode assuming
equations (2.3) and (2.5) are valid.

[15.3V,5.27x10" /cc, 0.63um)]

2.3. An abrupt silicon pn junction consists of a p- type region containing 10'® cm™

acceptors and an n-type region containing 5x10' cm™ donors. Calculate

i.  the built-in potential of this p-n junction.

ii.  the total width of the scl region if the applied voltage V, equals 0, 0.5
and -100 V.

iii. maximum electric field in the scl region at 0, 0.5 and -100 V.

iv. the potential across the scl region in the n-type semiconductor at 0, 0.5
and -100 V.

2.4. Consider an abrupt pn diode with N, = 10'® cm™ and N, = 10" cm™
Calculate the junction capacitance at zero bias if the diode area is 10 cm’.
Repeat the problem while treating the diode as a one-sided diode and
calculate the relative error.

2.5. Repeat example 2.1 using the single-sided diode equations in equation (2.21),
where N,/>>Np. Calculate the percentage error in using the assumptions.

2.6. A silicon pn diode with N,;=10'® ¢cm’ has a capacitance of 107 F/cm? at an
applied reverse voltage of 1V. Calculate the donor density Np.

2.7. Asilicon pn diode has a maximum electric field magnitude of 10’ V/cm and a
scl width of 200um. The acceptor concentration is 100 times the donor
density. Calculate each doping density.

2.8. Repeat example 2.1 for the equivalent 4H silicon carbide junction diode
having the same electrical operating conditions. Use the silicon carbide data
given below.

See problems 10.4, 10.5, and 10.9 to 10.12.

Useful S1 data for silicon and sﬂlcon carbide:
=-1.6x10" ]9C 4‘0 8.85x10™2 F/m g,g, 11.8 &sic=9.7 kT/q =0.0259 ¢V at 300°C
,S,—I 5x10" m” nygic=2.5x107 m?
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Power Switching Devices
and their Static Electrical
Characteristics

There is a vast proliferation of power switching semiconductor devices, each
offering various features, attributes, and limitations. The principal device families
of concern in the power switching semiconductor range are the diode, transistor,
and thyristor. Each family category has numerous different members. The basic
characteristics of the three families and a range of their members will be analysed.

3.1 Power diodes

The diode is the simplest semiconductor device, comprising one pn junction. In
attempts to improve both static and dynamic diode electrical properties for
different application conditions, numerous diode types have evolved.

3.1.1  The pn fast-recovery diode

The doping concentration on each side of the junction influences the avalanche
breakdown voltage, the contact potential, and the series resistance of the diode.
The junction diode normally has the p-side highly doped compared with the n-side,
and the lightly doped n-region determines many of the properties of the device.
The n-region gives the device its high-voltage breakdown and under reverse bias,
the scl penetrates deeply into the n-side. The lower the n-type concentration and
the wider the n-side, the higher will be the reverse voltage rating and also, the
higher the forward resistance. These n-region requirements can lead to thermal IR
problems in silicon. Larger junction areas help reduce the thermal instability
problem.
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It is usual to terminate the lightly doped n-region with a heavily doped n*
layer to simplify ohmic contact and to reduce the access resistance to the scl.
For better n-region width control, n-type silicon is epitaxially grown on an
n* substrate. The p”anode is diffused or implanted into the epitaxial region,
forming an epitaxial diode.

7N\

scl

(a) (b)

Guard ring
Glass

(c) (d)

O cathode cathode
polyimide polyimide
N - " n - -
n n
P P 5]
silicon I l E silicon
o Sl rubber i rubber
(e) (U]

Figure 3.1. To prevent edge breakdown under junction reverse bias:
(a) reduction of the space charge region near the bevel; (b) p-type guard ring;
(c) glass guard ring; (d) glass plus p-type guard ring; (e) double negative bevel;
and (f) double positive bevel angle.
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In devices specifically designed for high reverse bias applications, care must be
taken to avoid premature breakdown across the edge of the die or where the
junction surfaces. Premature edge breakdown is reduced by bevelling the edge as
shown in figure 3.1a, or by diffusing a guard ring as shown in figure 3.1b, which
isolates the junction from the edge of the wafer. The scl electric field is lower at
the bevelled edge than it is in the main body of the device. In the case of a lightly
doped p-type guard ring, the scl is wider in the p-ring, because of its lower
concentration, than in the p* region. The maximum electric field is therefore lower
at the pn-ring junction for a given reverse bias voltage. Negatively charged glass
film techniques are also employed to widen the scl near the surface, as shown in
figures 3.1c and 3.1d. Multiple guard rings are sometimes employed for very high
breakdown voltage devices. Similar techniques are extendable to devices other
than diodes, such as thyristors. Field control bevelling on more complex junction
structures is achieved with double-negative or double-positive bevelling as shown
in parts e and f of figure 3.1. The bevelling is accomplished by grinding, followed
by etching of the bevel surface to restore the silicon crystalline mechanical and
structure quality. The processed area is passivated with a thin layer of polyimide,
which is covered in silicon rubber. Negative bevels tend to be more stable
electrically with ageing.

The foregoing discussion is directly applicable to the rectifier diode, but other
considerations are also important if fast switching properties are required. The
turn-on and reverse recovery time of a junction are minimised by reducing the
amount of stored charge in the neutral regions and by minimising carrier lifetimes.
Lifetime killing is achieved by adding gold or platinum, which is an efficient
recombination centre. Electron and proton irradiation are preferred non-invasive
lifetime control methods. Irradiation gives the lowest forward recovery voltage and
the lowest reverse leakage current. The improved switching times must be traded
off against increased leakage current and on-stage voltage. Switching times are
also improved by minimising the length (thickness) of the n-region.

3.1.2  The p-i-n diode

The transient performance of diodes tends to deteriorate as the thickness of the
silicon wafer is increased in attaining higher reverse voltage ratings. Gold lifetime
killing only aggravates the adverse effects incurred with increased thickness. The
p-i-n diode allows a much thinner wafer than its conventional pn counterpart, thus
facilitating improved switching properties.

The p-i-n diode is a pn junction with a doping profile tailored so that an
intrinsic layer, the i-region, is sandwiched between the p-layer and the n-layer, as
shown in figure 3.2. In practice, the idealised i-region is approximated by a high
resistivity n-layer referred to as a v-layer. Because of the low doping in the v-layer,
the scl will penetrate deeply and most of the reverse bias potential will be
supported across this region.
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Figure 3.2. Cross-section and electric field distribution of:
(a) a pn diode and (b) a p-i-n diode.

The power p-i-n diode can be fabricated by using either the epitaxial process or
the diffusion of p and n-regions into a high-resistivity semiconductor substrate. The
i-region width W, specifies the reverse voltage breakdown of the p-i-n diode,
which is the area under the electric field in figure 3.2b, viz.,

V; zé,,W:ZSWI(m um) (V) (31)

The thickness W, along with the distribution of any gold within it, determines
the nature of the reverse and forward-conducting characteristics. These charac-
teristics are more efficient in fast p-i-n diodes than in the traditional pn structures.

3.1.3  The power Zener diode

Zener diodes are pn diodes used extensively as voltage reference sources and
voltage clamps. The diode reverse breakdown voltage is used as the reference or
clamping voltage level.

The leakage current in a good pn diode remains small up to the reverse
breakdown point where the characteristic has a sharp bend. Such a characteristic is
called hard. Premature breakdown at weak spots in the junction area or periphery
cause high leakage currents before final breakdown, and such diodes are said to
have soft breakdown characteristics.

Zener diodes are especially made to operate in the breakdown range. Above a
few volts, the breakdown mechanism is avalanche multiplication rather than Zener
and the breakdown reference voltage V7 is obtained by proper selection of the pn
junction doping levels. Once in breakdown V; remains almost constant provided
the manufacturer’s power rating, P = V71, is not exceeded. Where the breakdown
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mechanism is due to the Zener effect, the temperature coefficient is negative, about
-0.1 per cent/K, changing to positive, +0.1 per cent/K, after about 4.5V when the
avalanche multiplication mechanism predominates.

Zener diodes require a hard breakdown characteristic not involving any local
hot spots. They are available in a voltage range from a few volts to about 280V and
with power dissipations ranging from 250mW to 75W, with heat sinking. Transient
suppressing Zener diodes can absorb up to 50kW, provided energy limits and
number of cycles are not exceeded, as shown in figure 10.19.

Practically, Zener diodes are difficult to make, less than ideal in application,
and should be avoided if possible. The basic I-V characteristics, and electrical
circuit symbol for the different types of diodes, are shown in figure 3.3.

3.1.4  The Schottky barrier diode

The Schottky diode is a metal-semiconductor device which offers low on-state
voltages, but in silicon is presently restricted to applications imposing a reverse
bias of less than 400V. At lower voltages, less than 40V, devices of up to 300A are
available and the maximum junction operating temperature is 175°C, which is
higher than for conventional silicon pn junction devices.

'

vz
Vo
7 .
[ v
I
1a)
Angde
Cathode
(o) [{4] id)

Figure 3.3. Diodes: (a) static I-V characteristic; (b) symbol for a rectifier diode;
(c) voltage reference or Zener diode; and (d) Schottky barrier diode.

The Schottky diode is formed by a metal (such as chromium, platinum, tungsten
or molybdenum) in homogeneous contact with a substrate piece of n-type silicon,
as shown in figure 3.4a. The contact is characterised by a potential barrier @,
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which determines the forward and reverse properties of the Schottky diode.

In forward conduction, electrons are emitted from the negative potential n-type
silicon to the positive potential metal, passing over the barrier potential. Unlike the
bipolar pn diode, only electrons are carriers, hence the Schottky barrier diode is a
unipolar device. The forward on-state voltage drop is dominated by and
proportional to the barrier potential @,, while unfortunately the reverse leakage
current is approximately inversely related. Thus a Schottky diode with a very low
forward voltage drop will have very high reverse leakage current relative to the pn
diode counterpart, as shown in figure 3.5.

Chromium provides the lowest forward voltage drop but is limited to an
operating temperature of 125°C and has a high leakage current. Platinum allows
operating temperatures to 175°C with a leakage current several orders of
magnitude lower than chromium. The trade-off is a higher forward voltage.

A guard ring is used to improve device robustness, but its function is to act like
a Zener diode and thus protect the Schottky barrier under excessive reverse bias.
An optimally designed epitaxial layer, as shown in figure 3.4b, is also employed
which reduces the field at the less than perfect metal-semiconductor interface and
allows the whole interface to go safely into reverse bias breakdown.

T Anade
Barrier metal
miype
silicon layer

Heawily doped n*
silicon substrate

l Cathode

(@)

Si0y nepi layer Barrier metal

de ’/ L

o’ |

(b)

n* silicon substrate

Figure 3.4. The Schottky barrier diode: (a) the basic structure and (b) the space
charge layer region extending into the epi-substrate region under reverse bias.
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There are a number of important differences between Schottky barrier and pn
junction diodes.

e In a pn diode, the reverse bias leakage current is the result of minority
carriers diffusing into the scl and being swept across it. This current level
is highly temperature-sensitive. In the Schottky-barrier case, reverse
current is the result of majority carriers that overcome the barrier. A much
higher value results at room temperature, but is not temperature-
dependent.

e The forward current is mostly injected from the n-type semiconductor into
the metal and very little excess minority charge is able to accumulate in
the semiconductor. Since minimal minority carrier recombination occurs,
the Schottky barrier diode is able to switch rapidly from forward conduc-
tion to reverse blocking.

e Since under forward bias, barrier injection comes only from the semicon-
ductor, and there is little recombination in the scl; thus the device can be
well represented by the ideal diode equation (2.6).

e The majority electrons injected over the barrier into the metal have much
higher energy than the other metal electrons which are in thermal
equilibrium. Those injected electrons are therefore called hot, and the
diode in some applications is referred to as a hot electron diode.

e
(Al 05 07 09 =19,

Ve

100 (ma)

n

Figure 3.5. Schottky and epi diode I-V characteristics
with different Schottky barrier potentials.
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An important point arising from this brief consideration of the Schottky barrier
diode is the importance of the connection of an n-type region to aluminium
metallization that occurs in unipolar and bipolar semiconductor devices. A
practical method of forming aluminium ohmic contacts on n-type materials is by
doping the semiconductor very heavily, above the degeneracy level. Thus, in the
contact region, if a barrier exists, the scl width is small enough to allow carriers to
tunnel through the barrier in both directions. On the other hand, aluminium makes
a good ohmic contact on p-type silicon since the required p* surface layer is
formed during the heat treatment of the contact after the aluminium is deposited.
An ohmic contact acts as a virtual sink for minority carriers, because it has an
enormous supply of majority carriers.

3.1.5  Thesilicon carbide Schottky barrier diode

Silicon carbide Schottky diodes are attractive for high voltages because the field
breakdown of silicon carbide is eight times that of silicon. Additionally the wide
band gap allows higher operating temperatures. Both nickel and titanium can be
used as Schottky metals. Boron atoms (a dose of 1x10'" /em® at 30keV) are
implanted to form the edge termination that spreads any field crowding at the edge
of the metal contact, as shown in figure 3.6. The lower barrier height of titanium
produces a lower forward voltage device, but with a higher reverse leakage current,

than when nickel is used as the barrier metal.
anode

Implanted edge Schottky
termination barrier
n epi-layer

_n* Substrate

cathode

Figure 3.6. The silicon carbide Schottky barrier diode structure.

3.2 Power switching transistors

Two types of transistor are extensively used in power switching circuits, namely
the power metal oxide semiconductor field effect transistor (MOSFET) and the
insulated gate bipolar transistor (IGBT). The IGBT has a bipolar junction transistor
(BJT) output stage and a MOSFET input stage, in a Darlington pair configuration.
Many of the IGBT power handling properties are associated with the limitations of
the BJT. Thus some attention to the BIT’s electrical characteristics is necessary,
even though it is virtually obsolete as a discrete power-switching device.
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e The BJT consists of a pnp or npn single-crystal silicon structure. It operates
by the injection and collection of minority carriers, both electrons and
holes, and is therefore termed a bipolar transistor.

e  The MOSFET depends on the voltage control of a depletion width and is a
majority carrier device. It is therefore a unipolar transistor.

e The IGBT has the desirable voltage input drive characteristics of the
MOSFET but the power switching disadvantages of the minority carrier
mechanisms of the BJT.

3.2.1  The bipolar npn power switching transistor (BJT)

As a discrete electrical device, the high-voltage, power-switching bipolar junction
transistor, BJT, is virtually obsolete. The BJT has one unique redeeming electrical
characteristic, viz.; it can conduct hundreds of amperes with an extremely low on-
state voltage of less than 100mV, when saturated. Although superseded, its basic
electrical operating characteristics are fundamental to the operation of most other
power switching devices. Specifically, the MOSFET has a parasitic npn BJT, as
shown in figure 3.14, that can cause false turn-on other than for the fact that
understanding of BJT characteristics allows circumvention of the problem. The
fundamental operation of thyristors (SCR, GTO, and GCT) relies totally on BIT
characteristics and electrical mechanisms. The IGBT has two parasitic BJTs, as
shown in figure 3.16, that form an undesirable pnp-npn SCR structure.
Understanding of BJT gain mechanisms allows virtual deactivation of the SCR.

The first bipolar transistors were mainly pnp, and were fabricated by alloying
techniques and employed germanium semiconductor materials. Most transistors are
now npn, made of silicon, and utilise selective diffusion and oxide masking.

A typical high-voltage triple-diffised transistor doping profile is shown in
figure 3.7a. The n-collector region is the initial high-resistivity silicon material and
the collector n* diffusion is performed first, usually into both sides. One n’
diffusion is lapped off and the p-base and n* emitter diffusions are sequentially
performed.

A planar epitaxial structure is often used for transistors with voltage ratings of
less than 1000V. The basic structure and processing steps are shown in figure 3.7b.
The n-type collector region is an epitaxial layer grown on an n substrate. The base
and emitter are sequentially diffused into the epitaxy. Ion implantation is also used.
This approach allows greater control on the depth of the n-type collector region,
which is particularly important in specifying device switching and high-voltage
properties. Also, the parasitic series collector resistance of the substrate is
minimised without compromising the pellet’s mechanical strength as a result of a
possible reduction in thickness.
3.2.1i - BJT gain
Figure 3.8 shows an npn bipolar transistor connected in the common emitter
configuration. In this configuration, injection of electrons from the lower n'p
junction into the centre p-region supplies minority carrier electrons to participate in
the reverse current through the upper np junction.
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Figure 3.7. Impurity profile in two types of npn transistors:

(a) a planar triple-diffused npn transistor obtained by three consecutive diffusions
into a uniformly doped n-type substrate and (b) planar epitaxial npn transistor,
obtained after two diffusions into n-type epitaxial layer which is first grown on a

low-resistivity n-type silicon substrate.

The n* region which serves as the source of injected electrons is called the

emitter and forms the emitter junction with the p-base, while the n-region into
which electrons are swept by the reverse bias np junction is called the collector
and, with the p-base, forms the collector junction.
To have a ‘good’ npn transistor almost all the electrons injected by the emitter into
the base should be collected. Thus the p-base region should be narrow and the
electron minority carrier lifetime should be long to ensure that the average electron
injected at the emitter will diffuse to the collector scl without recombining in the
base. The average lifetime of electrons in the p-base increases as the p-base
concentration decreases, that is as the hole concentration decreases. The fraction of
electrons which reach the collector is called the base transport factor, b,. Electrons
lost to recombination in the p-base must be re-supplied through the base contact. It
is also required that the emitter junction carrier flow should be composed almost
entirely of electrons injected into the base, rather than holes crossing from the base
region to the emitter. Any such holes must be provided by the base current, which
is minimised by doping the base region lightly compared with the emitter such that
an n'p emitter results. Such a junction is said to have a high injection efficiency, y.
A low lattice defect density also increases the injection efficiency.
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Figure 3.8. Common emitter junction pias conaitions ror an npn transistor
and the npn bipolar junction transistor circuit symbol.

The relationship between collector and emitter current is

(3.2)

The factor a is called the current transfer ratio. Since base current is necessary,
o is less than 1, but close to 1, if the BJT
e has a good base transport factor, b, = 1
(narrow base width and with long minority carrier lifetimes) and
e ahigh emitter injection efficiency, y =~ 1
(high emitter doping relative to the base concentration).

In the common emitter configuration shown in figure 3.8 the ratio between the
base current i, and the collector current i, is of practical importance. Since the
base current is the difference between the emitter and the collector current

ili,

33
1-i /i, @3

a
== (3.4)

The factor f, relating the collector current to the base current, is defined as the
base-to-collector current amplification factor. If o is near unity, f is large,
implying the base current is small compared with the collector current.
3.2.1ii - BJT operating states
In power switching applications, a transistor is controlled in two states which can
be referred to as the off-state or cut-off state and the conduction on-state. 1deally
the transistor should appear as a short circuit when on and an open circuit when in

Power Electronics 36

the off-state. Furthermore, the transition time between these two states is ideally
zero. In reality, transistors only approximate these requirements.

The typical BJT collector output characteristics are shown in figure 3.9 which
illustrates the various BJT operating regions. The saturated on-state shown in
figure 3.9 occurs when both the collector and emitter junctions are forward biased.
Consequently, the collector emitter voltage Veay is less than the base to emitter
voltage Viesay. The voltage breakdown phenomenon is of particular importance to
the high-voltage, power-switching BJT, and is due to the characteristics of the
device structure and geometry.

\ — Second
breakdown

Saturation
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=44, First

+

/ breakdown
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Vp 1
" -
Cuteoff \/ : b Ve Ve
region Veelsush Vera

Figure 3.9. Output characteristics of a common emitter connected transistor
showing its operating regions and the voltage breakdown range.

3.2.1iii - BJT maximum voltage - first and second breakdown

The collector junction supports the off-state voltage and in so doing develops a
wide scl. This scl increases in width with increased reverse bias, penetrating into
the base. It is unusual that a correctly designed high-voltage power switching BJT
would break down as a result of punch-through of the collector scl through the base
to the emitter scl. Because of the profile of the diffused base, collector junction
voltage breakdown is usually due to the avalanche multiplication mechanism,
created by the high electric field at the collector junction. In the common emitter
configuration shown in figure 3.9, the transistor usually breaks down gradually, but
before the collector junction avalanches at V. This occurs because the avalanche-
generated holes in the collector scl are swept by the high field into the base. The
emitter injects electrons in order to maintain base neutrality. This emitter junction
current in turn causes more collector current, creating more avalanche pairs and
causing a regenerative action. This voltage dependant avalanche effect is modelled

by
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1
M=—
1= /)
Thus the gain mechanisms of the transistor cause collector to emitter breakdown -
first breakdown, at voltage V., to occur before collector to base avalanche
breakdown, at voltage V., which from aM =1 are related according to

(3.5)

Vi =V, (A=) =V, 1 B
A ™) (3.6)

where the avalanche breakdown voltage 7 is given by equation (2.3);
m = 6 for a silicon p'n collector junction; and
m = 4 for a silicon n"p collector junction.

Contradictory device properties are that the higher the forward gain, the lower
the breakdown voltage. A much higher collector emitter breakdown voltage level
can be attained if the base emitter junction is reverse biased in the off-state.

First breakdown need not be catastrophic provided junction temperature limits
are not exceeded. If local hot spots occur because of non-uniform current density
distribution as a result of crystal faults, doping fluctuation, etc., second breakdown
occurs. Silicon crystal melting and irreparable damage results, the collector voltage
falls and the current increases rapidly as shown in figure 3.9.

3.2.2  The metal oxide semiconductor field effect transistor (MOSFET)

The basic low-power lateral structure of the metal oxide semiconductor field effect
transistor (MOSFET) is illustrated in figure 3.10a. The n” source and drain regions
are diffused or implanted into the relatively lightly doped p-type substrate, and a
thin silicon dioxide layer insulates the aluminium gate from the silicon surface. No
lateral current flows from the drain to source without a conducting n-channel
between them, since the drain-to-source path comprises two series, oppositely-
directed pn junctions.

When a positive gate voltage is applied with respect to the source as shown in
figure 3.10b, positive charges are created on the metal gate. In response, negative
charges are induced in the underlying silicon, by the formation of a depletion
region and a thin surface region containing mobile electrons. Effectively the
positive gate potential inverts the p-channel, forming an electron-enhanced low-
resistance n-channel, allowing current to flow freely in either direction between the
drain and source. The inversion channel is essentially devoid of the thermal
properties associated with the typical BJT.

An important parameter in mos transistors is the threshold voltage Vry, which is
the minimum positive gate voltage to induce the n-conducting channel. With zero
gate voltage the structure is normally off. The device is considered to operate in the
enhancement mode since the application of a positive gate voltage in excess of Vry
induces an n-conducting channel. The typical output characteristics of the MOSFET
are shown in figure 3.10c.
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3.2.2i - MOSFET structure and characteristics

The conventional horizontal structure in figure 3.10a has severe limitations
associated with increasing die area that make it uneconomical for consideration as
a viable high-current structure. A planar vertical n-channel dmos structure like
those shown in figure 3.11 is used to overcome the inherent poor area utilisation of
the basic mos structure. The peripheral p floating field guard is not shown.

The dmos structure is a vertical current flow device. An n” epitaxial layer is
grown on an n' substrate. A series of p body regions are next diffused into the
epitaxial layer. Then n' source regions are diffused within the p body regions and a
polycrystalline silicon gate is embedded in the silicon dioxide insulating layer.
Source and gate metallization are deposited on the top surface of the die and the
drain contact made to the bottom surface. Cell density is inversely related to
voltage rating and varies from 200,000 to 1,000,000 cells per cm?.
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Figure 3.10. Enhancement-type n-channel mos transistor:
(a) device cross-section; (b) induced n-channel near pinch-off; and (c) drain I-V
characteristics as a function of gate voltage, showing the pinch-off locus and
effects of increased temperature.
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With a positive gate voltage, the device turns on and majority carriers flow
laterally from the source to the drain region below the gate and vertically to the
drain contact. Current can also flow freely in the reverse direction in the channel
since the channel is bipolar conducting once enhanced.

" Epilayer

Figure 3.11. Two designs for the n-channel MOSFET and its circuit symbol
(courtesy of Infineon and International Rectifier).

The obtainable drain-to-source breakdown voltage is not limited by the gate
geometry. The scl associated with voltage blocking penetrates mostly in the n-type
epitaxial layer. Thickness and doping concentration of this layer are thus decisive
in specifying the blocking capability of the power MOSFET.

The basic drain current versus drain to source voltage static operating character-
istics of the power MOSFET are illustrated in figure 3.10c. For a given gate
voltage, there are two main operating regions on the drain current-voltage
characteristic.

e The first is a constant resistance region, where an increase in drain to
source voltage results in a proportional increase in drain current. (In
practice, the effective resistance increases at higher drain currents.)

e Ata certain drain current level, for a given gate voltage, a channel pinch-
off effect occurs and the operating characteristic moves into a constant
current region.

3.2.2ii - MOSFET drain current
When the power MOSFET is used as a switch, it is controlled in the on-condition,
such that it is forced to operate in the resistive region. This ensures that the voltage
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drop across the device is low so that the drain current is essentially defined by the
load and the device power dissipation is minimal. Thus for switching applications,
the on-resistance Ron) is an important characteristic because it will specify the on-
state power loss for a given drain current. The lower Ryon) is, the higher the
current-handling capabilities of the device; thus Ryon is one important figure of
merit of a power MOSFET.

A quadratic MOSFET model allows the inversion layer charge between the source
and the drain to vary. For power MOSFETs that have short channels, the drain
current /, is related to the channel dimensions and the gate voltage Vg, according to

at low current, above pinch-off
W 2
Ly == C 0 Vo) A) 3.7
if V, 2V, -V, for n-channel MOSFETs, as shown to the left of the pinch-off
locus in figure 3.10c.
at high current after electron velocity saturation, the quadratic model is invalid and
1, =%, WC,WV, =V,) (A) (3.8)

where C, is the capacitance per unit area of the gate oxide (&/4,,)

W, is the width of the channel

Vyat is the saturation velocity of electrons in silicon, (5.0x10® cm/s)

L. is the effective channel length
s the conducting channel carrier mobility, (300 cm*/V-s).

Tton A

20 -
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Figure 3.12. MOSFET gate voltage characteristics:
(a) transfer characteristics of gate voltage versus drain current and
(b) transconductance characteristics of gate voltage versus transconductance, grs.

Figure 3.12a shows that drain current exhibits both a positive and negative
temperature coefficient with the drain current /5 being the boundary condition. If
the drain current is greater than Ip, there is a possibility of destruction by over-
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current at low temperatures, while if the drain current is less than /pp, over-current
can produce thermal runaway and destruction. Operation with a gate voltage
corresponding to Ipp avoids the need for any gate drive temperature compensation.
At high gate voltages, the on-resistance of the resistive region and the drain current
in the constant current region, become somewhat independent of the gate voltage.
This phenomenon is best illustrated in the 7, versus ¥, characteristic by the curve
cramping at high gate voltages in figure 3.10c.

3.2.2iii - MOSFET transconductance

Inspection of the static drain source characteristics of figure 3.10c reveals that as
the gate voltage increases from zero, initially the drain current does not increase
significantly. Only when a certain threshold gate voltage, V7, has been reached,
does the drain current start to increase noticeably. This is more clearly illustrated in
figure 3.12b which shows the characteristics of drain current /;, and small signal
transconductance gy versus gate voltage, at a fixed drain voltage. It will be seen
from these characteristics that no conduction occurs until ¥ reaches the threshold
level, Vi, after which the I, versus V,, characteristic becomes linear, the slope
being the transconductance g;.

The amplification factor, forward transconductance, g, is defined as

aI/I
o,

S

8=

7= constant

Differentiating equations (3.7) and (3.8) gives

at low current

w.
8p=H CVy=Vu) (mho) (3.9)
at high current
g, =", WC, (mho) (3.10)

At high electric fields, that is high currents, the carrier velocity vy, saturates.
Inherent in the MOSFET structure are voltage-dependent capacitances and on-state
resistance.

A typical minimum threshold voltage is about 2V and exhibits temperature
dependence of approximately -10mV per K (a« = 0.5 per cent/K), as shown in
figure 3.13. At high gate voltages, the drain current becomes constant as the
transconductance falls to zero, implying the upper limit of forward drain current.
The temperature variation of transconductance is small, typically -0.2 per cent/K,
which results in extremely stable switching characteristics. The typical temperature
coefficient for the gain of a bipolar transistor, the MOSFET equivalent to gj; is +0.8
per cent/K. The temperature dependence of the MOSFET forward conductance is
approximated by

. i 23
g, (T =~ g, (25°C) x (30()] (mho) (3.11)

since temperature effects are dominated by mobility variation with temperature.
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3.2.2iv - MOSFET on-state resistance
In the fully on-state the drain-source conduction characteristics of the MOSFET can
be considered as purely resistive. The on-resistance Rjyony is the sum of the
epitaxial region resistance, the channel resistance, which is modulated by the gate
source voltage, and the lead and connection resistance. One reason for the wide
proliferation of special gate geometries is to produce extremely short, reproducible
channels, in order to reduce Ryon. In high-voltage devices, the on-resistance is
dominated by the resistance of the epitaxial drain region when the device is fully
enhanced. For high-voltage n-channel devices the on-state resistance is
approximated by

R, =83x107 %V /4 Q) (3.12)
where V}, is the breakdown voltage in volts

A is the die area in mm’.

ds(on)

A p-channel device with the same V, as an n-channel device has an R cn) two to
three times larger.
For low-voltage devices

R, =L.D/344 ) (3.13)

‘ds(on)
where D is the distance between cells in pm.

The factor 1/gg; of Ryyon) is added to give the total Ryyn). On-state drain-source
loss can therefore be based on IdszJ(on). On-resistance Ryon) increases with
temperature and approximately doubles over the range 25°C to 200°C, having a
positive temperature coefficient of approximately +0.7 per cent/K above 25°C, as
shown in figure 3.13. The temperature dependence of the on-state resistance is
approximated by

T 23
Ry (1) = Ry (25°C) [%) @ e

where the temperature 7 is in degrees Kelvin. This relationship closely follows the
mobility charge dependence with temperature.
Since Ryon increases with temperature, current is automatically diverted away
from a hot spot. Thus unlike the bipolar transistor, second breakdown cannot occur
within the MOSFET. The breakdown voltage ¥, has a positive temperature
coefficient of typically 0.1 per cent/K as shown by Vgppss in figure 3.13.
3.2.2v - MOSFET p-channel device

P-channel MOSFETs are very similar to n-channel devices except that the n and
p regions are interchanged. In p-channel devices the on-resistance, for a given die
area, will be approximately twice that of a comparable n-channel device. The
reason for this is that in the n-channel device the majority carriers are electrons but
in the p-channel device, the majority carriers are holes which have lower mobility.
If the area of a p-channel device is increased to produce an equal Ron), then the
various capacitances of the p-channel device will be larger, and the device costs
will be greater.
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Figure 3.13. Normalised drain-source on-resistance, transconductance, gate
threshold voltage, and breakdown voltage versus junction temperature.

Example 3.1:  Properties of an n-channel MOSFET cell

A silicon n-channel MOSFET cell has a threshold voltage of V7 =2V, W.= 10um,
L. = 1pum, and an oxide thickness of #,, = 50nm. The device is biased with Vs =
10V and Vps=100V.

i.  Assuming a quadratic model and a surface carrier mobility of 300 cm?*/V-
s, calculate the drain current and transconductance.
ii. Assuming carrier velocity saturation (5x10° cm/s), calculate the drain
current and transconductance.
Solution
i. The MOSFET is biased in saturation since V, >V, -V, . Therefore, from

equation (3.7) the drain current equals:
/4
1, =, TV, =, Y

_300x10" " 3.85x8.85x10™"
2 50x107
From equation (3.9), the transconductance equals:

x%x(l()fZ)Z:QSmA

w.
gs=uC, L‘ Vo=V
-14
=300x10*x 23288019, (10.5)1 64 mho
50x10° 1
ii. When the electron velocity saturates, the drain current is given by

equation 3.8
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I, =%y, WC U, =V,)

3.85x8.85x10™

=5 x 5x10* x 107 x % (10-2) =136 mA

50x10”
The transconductance is given by equation 3.10
g, ="v, WC,
—1x 5x10" x 10% x SBOBEAO 0y g
50x10°
L)

3.2.2vi - MOSFET parasitic BJT

Figure 3.14 shows the MOSFET equivalent circuit based on its structure and
features. The parasitic npn transistor shown in figure 3.14b is key to device
operation and limitations.

Capacitance exists within the structure from the gate to the source, C,,, the gate
to the drain, C,y, and from the drain to the source, Cy. The capacitance Cy,. varies
little with voltage; however Cy, and C,y vary significantly with voltage. Obviously
these capacitances influence the switching intervals, an aspect considered in
chapter 4.4.2.

The emitter of the parasitic npn transistor is the source of the MOSFET, the base
is the p-type body and the collector is the drain region. In the construction of the
MOSFET, the emitter and base of the npn transistor are purposely shorted out by
the source metallization to disable the parasitic device by reducing its injection
efficiency. However, this short circuit cannot be perfect and R, models the lateral
p-body resistance, while C,; is essentially C;. The npn transistor has a collector-
emitter breakdown voltage, between V., and V... If an external dv/dt is applied
between the drain and source as shown in figure 3.14b, enough displacement
current could flow through C,, to generate a voltage drop across Ry, sufficient to
turn on the parasitic bipolar device, causing MOSFET failure in second breakdown.

When the drain to source voltage is negative, current can flow from the source
to drain through R, and the base to collector junction of the parasitic npn transistor
within the structure, the dashed line shown in figure 3.14b. This is termed the body
diode, inherent in the MOSFET structure.

3.2.2vii - MOSFET on-state resistance reduction
Most power switching devices have a vertical structure, where the gate and source
of the MOSFET (or emitter in the case of the IGBT) are on one surface of the
substrate, while the drain (or collector) is on the other substrate surface. The
principal current flows vertically through the substrate but the conductive channel
is lateral due to the planar gate structure, as shown in figure 3.11. The structure
resistance components between the drain and source are:

e the drift region;

e the JFET region;

e the accumulation region; and

e the channel region.
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Figure 3.14. MOSFET: (a) structure and (b) equivalent circuit diagram with
parasitic npn bipolar transistor forming an inverse diode.

The drift region contribution dominates whilst the contribution from the ohmic
contacts and n” substrate are not significant, in high voltage devices. The channel
voltage drop is proportional to channel length and inversely related to width. The
channel should therefore be short, but its length is related to voltage rating since it
must support the off-state scl.

Whilst retaining the necessary voltage breakdown length properties, two basic
approaches have been pursued to achieve a more vertical gate (channel) structure,
viz., the trench gate and vertical super-junction, as shown in parts b and ¢ of figure
3.15. Both techniques involve increased fabrication complexity and extra costs.

1- Trench gate

A channel is formed on the vertical sidewalls of a trench etched into the die surface
as shown in figure 3.14b. The JFET resistive region is eliminated, which not only
reduces the total resistance but allows smaller cell size thereby increasing channel
density and decreases the short-circuit capacity. The trench corners must be
rounded to avoid high electric field stress points. By extending the gate into the
drift region, the gate to drain capacitance increases, hence increases gate charge
requirements.

2 - Vertical super-junction

The structure has vertical p-conducting regions in the voltage sustaining n™ drift
area, that are extend to the p-wells below the gate, as shown in figure 3.14c. In the
off-state, the electric field is not only in the vertical direction but also in the
horizontal plane. This means the n-drift region width can be decreased, the on-
state resistance is decreased, and the gate charge is reduced for a given surface
area. Up to sixteen mask steps are needed which involves repeated cycles of n-
type epi-layer growth, masked boron implantation, and finally diffusion. The
resultant specific resistance is near linearly related to breakdown voltage, as
opposed to R, xArea o V,}*, equation (3.12). Typically Ryen is five times
lower than for the conventional MOSFET, which only uses up to six mask steps.
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Whilst the trench gate concept can be readily applied to other field effect
devices without voltage rating limits, the vertical super-junction is confined to the
MOSFET, and then at voltage ratings below about 1000V.
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Figure 3.15. Three MOSFET channel structures:
(a) conventional planar gate; (b) trench gate; and (c) vertical superjunction.

323 The insulated gate bipolar transistor (IGBT)

The high off-state and low on-state voltage characteristics of the bipolar junction
transistor are combined with the high input impedance properties of the MOSFET to
form the insulated gate bipolar transistor, IGBT, as shown in figure 3.16. The basic
structure is that of a MOSFET but with a p* substrate. This p" collector provides
reverse blocking capabilities of typically 40V.

3.2.3i -IGBT at turn-on

Electrons from the n” drift region flowing into the p* collector region, cause holes
to be emitted from the high efficiency p* region into the drift region. Some of the
holes flow to the emitter p* region as well as through the lateral mos-channel into
the n* well. This charge enhancement causes the scl, hence collector voltage, to
collapse as the device turns on.
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Figure 3.16. Insulated gate bipolar transistor (IGBT):
(a) circuit symbol; (b) physical structure showing current paths: (c) normal
operation equivalent circuit; and (d) high current latching equivalent circuit.

3.2.3ii - IGBT in the on-state

The p” substrate conductively modulates the n” region with minority carriers, which
whilst conducting the main collector current, produces a low on-state voltage at the
expense of a 0.6 to 0.8V offset in the output voltage characteristics due to the
collector pn junction. From figure 3.16c, the IGBT collector current is
approximated by

1.=1,0+p,) (3.15)
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3.2.3iii - IGBT at turn-off

Excess p-stored charge that remains after the high voltage scl has been established
must recombine in the externally inaccessible n” drift region. This storage charge
produces a tail current.

The operational mechanisms are those of any minority carrier device and result
in slower switching times than the majority carrier MOSFET. On-state voltage and
switching characteristics can be significantly improved by using the trench gate
technique used on the MOSFET, as considered in section 3.2.1 and shown in figure
3.15b. A less stable structure improvement involves using wider trenches,
judiciously spaced, so that accumulate holes under the trench enhance emitter
injection of electrons. This injection enhancement reduces the on-state voltage
without degrading the switching performance.

Further performance enhancement is gained by using the punch through, PT-
IGBT, structure shown in figure 3.17a, which incorporates an n* buffer region. The
conventional non-punch through NPT-IGBT structure is shown in figure 3.17b.
Both collector structures can have the same emitter structure, whether a lateral gate
as shown, or the MOSFET trench gate in figure 3.15b.

Figure 3.17 shows the electric field in the off-state, where the PT-IGBT develops
a field as in the pin diode in figure 3.2b, which allows a thinner wafer. The NPT-
IGBT requires a thicker wafer (about 200pum for a 1200V device) which results in a
larger substrate resistance and a slower switching device.

o The PT-IGBT has n” and n” layers formed by epitaxial growth on a p*
substrate. The electric field plot in figure 3.17b shows that the off-state
voltage scl consumes the n” substrate and is rapidly reduced to zero in
the n* buffer.

e The NPT-IGBT has a lightly doped n” substrate with the p-regions (p wells
and p collector) formed by ion implantation. The electric field
distribution in figure 3.17b shows that the n” drift region has to be wide
enough to support all the off-state voltage, without punch through to the
p collector implant.

3.2.3iv - IGBT latch-up
The equivalent circuit in figure 3.16d shows non-ideal components associated with
the ideal MOSFET. The parasitic npn bipolar junction transistor (the n" emitter/ p*
well/ n” drift region are the BJT e-b-c) and the pnp transistor (p* collector/ n™ drift/
p" well are the BIT e-b-c) couple together to form an SCR thyristor structure, as
considered in section 3.3. Latching of this parasitic SCR can occur:
e in the on-state if the current density exceeds a critical level, which
adversely decreases with increased temperature or
e during the turn-off voltage rise when the hole current increases in
sensitive regions of the structure due to the charge movement associated
with the scl widening.
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Figure 3.17. Insulated gate bipolar transistor structures and electric field profile:
(a) fieldstop PT-IGBT and (b) conventional NPT-IGBT.

1 - IGBT on-state SCR static latch-up is related to the temperature dependant
transistor gains which are related to the BJT base transport factor 5, and emitter
injection efficiency y, defined for the BJT in equation (3.2)

a,+a,=b vy +b y, =1 (3.16)

pnp npn tonp? P onp.
To avoid loss of control and possible IGBT failure, the factors in equation (3.16),
which is valid for on-state latch-up, are judiciously adjusted in the device design.
Common to both device types is the gate structure, hence the base-emitter
junction of the npn parasitic BIT have the same properties. In each structure, the
shorting resistor R, decreases the injection efficiency of the npn BIT emitter. This
resistance is minimized by highly doping the p~ wells directly below the n-emitters
and by shortening the length of the n-emitter. The gain a,,, in equation (3.16) is
decreased since the injection efficiency ,,, is lowered.
Reduction of the pnp BIT gain of the PT-IGBT and NPT-IGBT is achieved with
different techniques.
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o For the NPT-IGBT, the emitter injection efficiency of holes from the p*
zone into the n” drift region is high because of the large difference in
doping concentrations at the junction. This yields a high injection
efficiency y,,,. The base transport factor b, , is already low because of
the large width of the n” drift region, and is further reduced by lifetime
killing of minority carriers in the n drift region by using gold doping or
electron beam radiation.

o  For the PT-IGBT, the p* emitting junction at the collector is a well-
controlled shallow implant thus reducing the injection efficiency y,,,.
Charge carrier lifetime killing in the n” drift region to reduce the base
transport factor by, is therefore not necessary.

2 - IGBT turn-off SCR dynamic latch-up can occur while the collector voltage is

rising, before the collector current decreases. Equation (3.16) is modified by

equation (3.5) to account for voltage avalanche multiplication effects.
M,q,+M,a, =1 G.17)

1

where M =——
=@, /)"

This dynamic latch-up mode is adversely affected by increased temperature and
current magnitude during the voltage rise time at turn-off.

Since v, < V,,M —1, and the multiplication effect is not significant in the on-
state static latch-up analysis. IGBTs are designed and rated so that the latch-up
current is 10 to 15 times the rated current.

PT IGBT and NPT IGBT comparison

Generally, faster switching speed is traded for lower on-state losses.

Table 3.1 PT versus NPT IGBTs

IGBT TYPE PT IGBT NPT IGBT
Lower Veesat Higher veesar
duction | Decreases slightly with
?;nm:(;\;?itr;; h?:s temperature Increases with temperature
9 A slight positive temperature co- Suitable for parallel connection

speed) efficient at high current densities

allows parallel connection.

Faster switching
due to high gain and reduced
minority carrier lifetime

switching speed
(same on-state loss)

more rugged due to

short circuit rating wider base and low pnp gain

turn-on switching Largely unaffected by Largely unaffected by
loss temperature temperature
turn-off switchin Loss increases with temperature Virtually constant with
| 9 but lower than NPT devices to temperature
oss .

start with
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3.2.4  The junction field effect transistor (JFET)

The field effect for a FET may be created in two ways:
e A voltage signal controls charge indirectly using a capacitive effect as in the
MOSFET, section 3.2.2.
e In a junction FET (JFET), the voltage dependant scl width of a junction is
used to control the effective cross-sectional area of a conducting channel.
If the zero bias voltage cuts off the channel then the JFET is normally off,
otherwise if a reverse bias is needed to cut-off the channel, the JFET is
termed normally on.
The electrical properties of SiC make the JFET a viable possibility as a power
switch. Two normally on JFET structures are shown in figure 3.18, where it is seen
how the scl layer decreases the channel width as the source to gate voltage reverse
bias increases. In SiC, the channel has a positive temperature coefficient, R, oc T,
hence parallel connection is viable. Natural current saturation with a positive
temperature coefficient means lengthy short-circuit currents of over a millisecond
can be sustained. Although the channel is bidirectional, in the biased off-state an
integral fast, robust pn body diode is inherent as seen in figure 3.18b.
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gate " T gate
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- . . —
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n buffer

4H n' substrate
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body diode

& drai
Figure 3.18. Cross-section of the SiC verticéall}]unction field effect transistor: (a)
trench gate with channel shown and (b) variation incorporating a pn body diode.
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33 Thyristors

The name thyristor is a generic term for a bipolar semiconductor device which
comprises four semiconductor layers and operates as a switch having a latched on-
state and a stable off-state. Numerous members of the thyristor family exist. The
simplest structurally is the silicon-controlled rectifier (SCR) while the most
complicated is the triac.

3.3.1  The s silicon-controlled rectifier (SCR)

The basic SCR structure and doping profile in figure 3.19 depicts the SCR as three
pn junctions J1, J2, and J3 in series. The contact electrode to the outer p-layer is
called the anode and that to the outer n-layer is termed the cathode. With a gate
contact to the inner p-region, the resultant three-terminal thyristor device is
technically called the silicon-controlled rectifier (SCR).

A low concentration n-type silicon wafer is chosen as the starting material. A
single diffusion process is then used to form simultaneously the pl and p2 layers.
Finally, an n-type layer, nl, is diffused selectively into one side of the wafer to
form the cathode. The masked-out areas are used for the gate contact to the pl
region. To prevent premature breakdown at the surface edge, bevelling is used as
in figure 3.1, to ensure that breakdown will occur uniformly in the bulk.

Anode

]

- =i
|

\ // g

Cathode

nl

fop—

Figure 3.19. The si/icon—corftrr'ol/ed rectifier, SCR:
(a) net impurity density profile;(b) circuit symbol; and (c) cross-sectional view.
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A number of observations can be made about the doping profile of the SCR
which relate to its electrical characteristics.

The anode and cathode would both be expected to be good emitters of minority
carriers into the n2 and pl regions respectively because of their relative high
concentrations with respect to their injected regions.

The n2 region is very wide, typically hundreds of micrometres, and low
concentration, typically less than 10' /cc. Even though the hole lifetime may be
very long, 100us, the base transport factor for hole minority carriers, 4., is low.
The low-concentration provides high forward and reverse blocking capability and
the associated reverse-biased scl’s penetrate deeply into the n2 region. Gold
lifetime killing or electron irradiation, most effective in the n2 region, is employed
to improve the switching speed by increasing the number of carrier recombination
centres.

The two-transistor model of the SCR shown in figure 3.20 can be used to
represent the p2-n2-pl-nl structure and explain its characteristics. Transistor T is
an npn BJT formed from regions n2-pl-nl while T is a pnp BJT formed from SCR
regions p2-n2-pl.

The application of a positive voltage between anode and cathode does not result
in conduction because the SCR central junction J2 is reverse-biased and blocking.
Both equivalent circuit transistors have forward-biased emitter junctions and with
reverse-biased collector junctions, both BJT’s can be considered to be cut off.

A A
p2
n 1 p2
n2 L4 n2
2
G o—| pl G
J3 pl 2
nl n
T nl
K K
{a} (b) (e

Figure 3.20. Cross-section of the SCR showing its model derivation:
(a) schematic of the SCR cross-section; (b) the division of the SCR into two
transistors; and (c) the npn-pnp two-transistor model of the basic SCR.

3.3.1i - SCR turn-on

It is evident from figure 3.20c that the collector current of the npn transistor

provides the base current for the pnp transistor. Also, the collector current of the

pnp transistor along with any gate current I supplies the base drive for the npn

transistor. Thus a regenerative situation occurs when the loop gain exceeds unity.
The base current of the pnp transistor T, with dc current gain o, is

Power Electronics 54

Ly = (@-a)l, -1

co2
which is supplied by the collector of the npn transistor. The current /., is the
collector junction reverse bias leakage current. The collector current of the npn
transistor T; with a dc current gain of «; is given by
I, =al, +1

el col

By equating /,; and /.,

a-a), -1, =al +1,

Since Ix =1, + I

I, +1 I, I, +1 I
= aV G + col + c02 _ aV G + col + co2 (A) (318)
1-(a, +a,) 1-G,

A

where a;+a; is called the loop again, G, At high voltages, to account for
avalanche multiplication effects, the gains are replaced by Ma, where M is the
avalanche multiplication coefficient in equation 3.15. Hence, G, becomes M;a, +
M:a,. By inspection of equation (3.18) it can be seen that a large anode current
results when G; — 1, whence the circuit regenerates and each transistor drives its
counterpart into saturation. All junctions are forward-biased and the total device
voltage is approximately that of a single pn junction, with the anode current limited
by the external circuit. The n2-pl-nl device acts like a saturated transistor and
provides a remote contact to the n2 region. Therefore the device behaves
essentially like a p-i-n diode (p2-i-nl), where the voltage drop across the i-region is
inversely proportional to the recombination rate. Typical SCR static I-V
characteristics are shown in figure 3.21.

!
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I
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[
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Reverse blocking
region

Figure 3.21. The silicon-controlled rectifier static I-V characteristics.

At low current levels, a; and a, are small because of carrier recombination
effects, but increase rapidly as current increases. The conventional gate turn-on
mechanism is based on these current gain properties. External gate current starts
the regeneration action and the subsequent increase in anode current causes the
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gains to increase, thus ensuring a high loop gain, whence the gate current can be
removed. The /-V characteristics in figure 3.21 show this property, where a
minimum anode current /; is necessary for the loop gain to increase sufficiently to
enable the SCR to latch on by the regeneration mechanism.

The SCR can be brought into conduction by a number of mechanisms other than
via the gate (other than the light activated SCR used in high-voltage dc converters).

e If the anode-cathode voltage causes avalanche multiplication of the
central junction, the increased current is sufficient to start the
regenerative action. The forward anode-cathode breakover voltage
Vpr is dependent on the central junction J2 avalanche voltage and the
loop gain according to

Vi =V, (- - )" V) (3.19)
where the avalanche breakdown voltage, at room temperature, for a
typical SCR p n central junction is given by (equation (2.3)

V, = 534 x 10" x N} V) (3.20)

where Np is the concentration of the high resistivity n2 region when
10" < Np < 5x10" /ec.

e Turn-on can also be induced by means of an anode-to-cathode applied
dv/dt where the peak ramp voltage is less than Ve The increasing
voltage is supported by the central blocking junction J2. The
associated scl width increases and a charging or displacement current
flows according to i = d(Cv)/dt. The charging current flows across
both the anode and cathode junctions, causing hole and electron
injection respectively. The same mechanism occurs at the cathode if
gate current is applied; hence if the terminal dvidt is large enough,
SCR turn-on occurs.

e The forward SCR leakage current, which is the reverse-biased pn
junction J2 leakage current, doubles approximately with every 8K
temperature rise. At elevated temperatures, the thermally generated
leakage current can be sufficient to increase the SCR loop gain such
that turn-on occurs.

3.3.1ii - SCR cathode shorts

All SCR turn-on mechanisms are highly temperature-dependent. A structural
modification commonly used to reduce device temperature sensitivity and to
increase dv/dt rating is the introduction of cathode shorts. A cross-sectional
structure schematic and two-transistor equivalent of the cathode shorting technique
are shown in figure 3.22. It will be seen that the cathode metallization overlaps the
pl region, which is the gate contact region. The technique is based on some of the
anode forward-blocking current being shunted from the cathode junction via the
cathode short. The cathode electron injection efficiency is effectively reduced,
thereby decreasing a; which results in an increase in the forward voltage-blocking
rating Vgr and dv/dt capability. The holding and latching currents are also
increased.
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Figure 3.22. Shorted cathode SCR:
(a) SCR cross-section showing some anode current flowing through cathode
shorts and (b) the SCR two-transistor equivalent circuit SCR with cathode shorts.

The cathode-anode, reverse breakdown voltage Vg is shown in figure 3.21. The
anode p2'n2 junction J1 characterises SCR reverse blocking properties and ¥y is
given by (equation (3.6))
Vi =V, (L= )™
If a very high resistivity n2 region, Npy,, is used and breakdown is due to punch-
through to J2, then the terminal breakdown voltage will be approximated by
(equation (2.2))
V., = 71.67x10"° N, W}

o2 a2

where W, is the width of the n2 region. This relationship is valid for both forward
and reverse SCR voltage breakdown arising from punch-through.
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Figure 3.23. The amplifying gate SCR:
(a) cross-section of the structure and (b) two-SCR equivalent circuit.
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3.3.1iii - SCR amplifying gate

At SCR turn-on, only a small peripheral region of the cathode along the gate region
conducts initially. The conducting area spreads at about 50m/s, eventually
encompassing the whole cathode area. If at turn-on a very large anode current is
required, that is a high initial di/dt, a long gate-cathode perimeter is necessary in
order to avoid excessively high initial cathode current densities. The usual method
employed to effectively enlarge the SCR initial turn-on area is to fabricate an
integrated amplifying gate, as shown in figure 3.23. A small gate current is used to
initiate the pilot SCR, which turns on very rapidly because of its small area. The
cathode current of this pilot SCR provides a much larger gate current to the main
SCR section than the original triggering current. Once the main device is fully on,
the pilot device turns off if the gate current is removed.

An important property of the SCR is that once latched on, the gate condition is
of little importance. The regenerative action holds the device on and SCR turn-off
can only be achieved by reducing the anode current externally to a level below
which the loop gain is significantly less than unity.

3.3.2  The asymmetrical silicon-controlled rectifier (ASCR)

The doping profiles and cross-sectional views comparing the asymmetrical SCR
and SCR are shown in figure 3.24. In each case the electric field & within the p1n2
junction reverse-bias scl is shown and because the n2 region is lightly doped, the
scl extends deeply into it. The scl applied reverse-bias voltage is mathematically
equal to the integral of the electric field, & (area under the curve).

If, in the conventional SCR, the scl edge reaches the p2" layer, then punch-through
has occurred and the SCR turns on. To prevent such a condition and to allow for
manufacturing tolerances, the n2™ region is kept thick with the unfortunate
consequence that on-state losses, which are proportional to n2 layer thickness, are
high.

In the case of the ASCR, a much thinner n2" region is possible since a highly doped
n layer adjacent to the p2" anode is utilised as an electric field stopper. The penalty
paid for this layer construction is that in the reverse voltage blocking mode, the
n2p2” junction avalanches at a low voltage of a few tens of volts. Thus the ASCR
does not have any usable repetitive reverse-blocking ability, hence the name
asymmetrical SCR. By sacrificing reverse-blocking ability, significant
improvements in lower on-state voltage, higher forward-blocking voltage, and
faster turn-off characteristics are attained.

3.3.3  The reverse-conducting thyristor (RCT)

The RCT is electrically equivalent to an SCR in anti-parallel with a diode, but both
are integrated into the same wafer. The reason for integrating the SCR and diode is
to minimise the interconnecting lead inductance. The circuit symbol, cross-
sectional wafer view, and typical doping profile are shown in figure 3.25.
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Since no reverse voltage will be applied to the RCT there is only the cathode-
side deep p-diffused layer. This and the ASCR n-region type field stopper result in
low forward voltage characteristics. As in the ASCR case, the highly n-type doped
anode end of the wide n-region also allows higher forward voltages to be blocked.
Both anode and cathode shorts can be employed to improve thermal and dv/dt
properties. As shown in figure 3.25a, an amplifying gate can be used to improve

initial di/dt capability.
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Figure 3.24. Doping profile and cross-section, including the electric field of J2 in
the forward biased off-state for:
(a) and (b) the conventional SCR; (c) and (d) the asymmetrical SCR.
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The integral anti-parallel diode comprises an outer ring and is isolated from the
central SCR section by a diffused guard ring, or a groove, or by irradiation lifetime
control techniques. The guard ring is particularly important in that it must confine
the carriers associated with the reverse-blocking diode to that region so that these
carriers do not represent a forward displacement current in the SCR section. If the
carriers were to spill over, the device dv/dt rating would be reduced - possibly
resulting in false turn-on.

Gold or irradiation lifetime killing can be employed to reduce the turn-off time
without significantly increasing the on-state voltage.
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Figure 3.25. Reverse conducting thyristor with an amplifying gate structure:
(a) cross-section of the structure and (b) typical doping profile of the SCR section.
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3.3.4  The bi-directional-conducting thyristor (BCT)

Two anti-parallel connected SCRs can be integrated into one silicon wafer, as
shown in figure 3.26. As a result of integrated symmetry, both devices have near
identical electrical properties. The mechanical feature different to the triac, is that
there are two gates — one on each side of the wafer. Also, unlike the triac, the two
SCR sections are physically separated in the wafer to minimise carrier diffusion
interaction. The equivalent circuit comprises two SCRs connected in anti-parallel.
As such, one device turning off and supporting a negative voltage, represents a
positive dv/dt impressed across the complementary device, tending to turn it on.
Also, any charge carries which diffusion from the SCR previously on, exasperate
the dv/dt stress on the off SCR.
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Figure 3.26. Cross-section structure of the bidirectional conducting phase-control
SCR with an amplifying gate structure.

The two central amplifying gate structures are as for the RCT, in figure 3.25a.
A separation of a few minority carrier lateral diffusion lengths, along with an
increased density of cathode shorts along the separating edge of each cathode and
in the amplifying gate region close to the anode of the complementary SCR,
enhance the physical separation. The amplifying gate fingers are angled away
from the separation regions to minimise the shorting effect of the complementary
SCR anode emitter shorting.

The on-state voltage of each SCR is fine tuned, match for on-state loss, using
electron irradiation.
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3.3.5  The gate turn-off thyristor (GTO)

The gate turn-off thyristor is an SCR that is turned on by forward-biasing the
cathode junction and turned off by reverse-biasing the same junction, thereby
preventing the cathode from injecting electrons into the pl region. Other than its
controlled turn-off properties, the GTO’s characteristics are similar to the
conventional SCR. The basic structure and circuit symbol are shown in figure 3.27.
3.3.5i - GTO turn-off mechanism

In the on-state, due to the high injection efficiency of junctions J1 and J3, the
central p-base is flooded with electrons emitted from the n-cathode and the central
n-base is flooded with holes emitted from the p-anode,. If a reverse gate current
flows from the cathode to the gate, with a driving voltage tending to reverse bias
the gate-cathode junction — then p-base holes are extracted from the gate,
suppressing the cathode junction from injecting electrons. Eventually the cathode
junction is cut-off and the pnp transistor section, now without base current turns
off, therebv turning off the GTO.

Gate Cathode Gate
- + -
2%&?3? Ee e
K o e . 4
e

J2

G a V % nl 43 p1

—— n

= MAN -

/AN o2

; /

Plasma pinch region Anode

{a) (b}

Figure 3.27. The gate turn-off thyristor:
(a) circuit symbol and (b) the basic structure along an interdigitated finger
showing plasma focussing in the p1 region at the cathode junction at turn-off.

The turn-off mechanism can be analyzed by considering the two-transistor
equivalent circuit model for the SCR shown in figure 3.20c. The reverse gate
current Igo flows from the gate and is the reverse base current of the npn transistor
T,. The base current for transistor T, is 1, =a,l,—1,,, where [,,=-1I,. The
reverse base current in terms of the gain of T, is/,, = (1-¢,)/,. The GTO as a
three terminal device must satisfy 7, =1, + 1., and to turn-off the GTO, Iy < Iyp.
These conditions yield )

(o, +a,-DI, <a, 1,

The turn-off gain of the GTO, fy, is defined as the ratio of anode current /, to
reverse gate current /g, that is
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(321)

Thus for high turn-off gain it is important to make a; for the npn section as close to
unity as possible, while a;, of the pnp section should be small. A turn-off current
gain of 5 is typical.

During the turn-off process, the conducting plasma is squeezed to the centre of
the cathode finger, since the lateral pl region resistance causes this region to be
last in changing from forward to reverse bias. This region has the least reverse bias
and for reliable GTO operation, the final area of the squeezed plasma must be large
enough to prevent an excessive current density. Device failure would be imminent
because of overheating.

The doping profile is characterised by a low pl region sheet resistance and an
inter-digitated cathode region to ensure even distribution of the reverse bias across
the cathode junction at turn-off. Both turn-off and temperature properties are
enhanced by using an anode shorting and defocusing technique as shown in figure
3.28a, but at the expense of any reverse-blocking capability and increased on-state
voltage.

The shown two-level cathode and gate metallization used on large-area devices
allow a flat metal plate for the cathode connection. As with the conventional SCR,
a reverse conducting diode structure can be integrated, as shown in figure 3.28b.

3.3.6  The gate commutated thyristor (GCT)

GTO frequency limitations and the need for an external parallel connected
capacitive turn-off snubber (to limit re-applied dv/dr), have motivated its
enhancement, resulting in the gate commutated thyristor, GCT. As shown in figure
3.28c, a number of processing and structural variations to the basic GTO result in a
more robust and versatile high power switch.
*  n-type buffer
An n-type buffer layer allows a thinner n-drift region. A 40% thinner
silicon wafer, for the same blocking voltage, reduces switching losses and
the on-state voltage. An integral reverse conducting diode is also
possible, as with the conventional SCR and GTO.
e transparent emitter
A thin lightly doped anode p-emitter is used instead of the normal GTO
anode shorts. Some electrons pass through the layer as if the anode were
shorted and recombine at the anode contact metal interface, without
causing hole emission into the n-base. Effectively, a reduced emitter
injection efficiency is achieved without anode shorts. Consequently, gate
current triggering requirements are an order of magnitude lower than for
the conventional GTO.
e low inductance
A low inductance gate structure, contact, and wafer assembly allow the
full anode current to be shunted from the gate in less than 1ps, before the
anode voltage rises at turn-off.
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Figure 3.28: GTO structure variations:
(a) schematic structure of GTO finger showing the anode defocusing shorts, n*;
(b) an integrated diode to form a reverse conducting GTO; and
(c) the reverse conducting gate controlled thyristor.

3.3.6i - GCT turn-off

Unity turn-off gain, =1, means the modified GTO turns off as a pnp transistor
without base current, since the cathode junction is cut-off. Without npn BIT
regenerative action, the pnp transistor rapidly traverses the linear region, thus
eliminating the need for a capacitive turn-off snubber in the anode circuit. The
high reverse gate current results in a very short saturation delay time, enabling
accurate turn-off synchronisation necessary for devices to be series connected.
3.3.6ii - GCT turn-on

With high gate current, turn-on is initially by npn BJT action, not SCR regeneration.
The pnp transistor section is inoperative since the carriers in the n-base are initially
ineffective since they require a finite time to transit the wide n-base.
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The SCR on-state regenerative mechanism is avoided at both turn-off and turn-
on switching transitions thereby yielding a device more robust than the GTO.

As with the GTO, an inductive series turn-on snubber is still required to cope
with the initial high di/dt current. The GCT switch is thermally limited, rather than
frequency limited as with the conventional GTO. Electron irradiation trades on-
state voltage against switching performance.

3.3.7  The light triggered thyristor (LTT)

The light triggered thyristor is series connected in HVDC applications. Five inch
wafers offer 8kV ratings with onstate voltages of 2.3V at 3000A, with surge ratings
of up to 63kA. Turn-off time is 350us, and turn-on requires about 40mW of light
power for 10 ps, with a half microsecond rise time. Because of this low turn-on
energy, multiple cascaded amplifying gates are integrated to achieve modest initial
current rises limited to 300A/ps. Reapplied voltages are limited to 3500V/us.

3.3.8  The triac

Pictorial representations of the triac are shown in figure 3.29. The triac is a
thyristor device that can switch current in either direction by applying a low-power
trigger pulse of either polarity between the gate and main terminal M1. The main
terminal /- characteristics, device symbol, and four trigger modes for the triac are
shown in figure 3.30.
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Figure 3.29. Two views of the typical triac structure, showing main terminal M1
and M2, and a single gate.

The triac comprises two SCR structures, pl-nl-p2-n2 and p2-nl-pl-n4 which utilise
the n3 and p2 regions for turn-on. It should be noted that n2-p2, pl-n4, and p2-n3
are judiciously connected by terminal metallizations, but are laterally separated
from their associated active parts.

The four different trigger modes of the triac are illustrated in figure 3.31 and the
turn-on mechanism for each mode is as follows.




65 Power Switching Devices and their Static Electrical Characteristics

(a) M2 positive, I, positive (Mode I)
The main terminal M2 is positive with respect to Ml and gate current
forward-biases the p2-n2 junction, J3. The active main SCR section is pl-nl-
p2-n2. Turn-on is that for a conventional SCR, as shown in figure 3.31a.
(b) M2 positive, I, negative (Mode II)
In figure 3.31b, M2 is positive with respect to M1 but negative gate voltage
is applied. Junction J4 is now forward-biased and electrons are injected
from n3 into p2. A lateral current flows in p2 towards the n3 gate and the
auxiliary SCR section pl-nl-p2-n3 turns on as the gain of the n3-p2-nl
transistor section increases. Current flow in this auxiliary SCR results in a
current flow across J3 into n2, hence piloting the SCR pl-nl-p2-n2 into
conduction.
(c) Ml positive, I, negative (Mode III)
Figure 3.31c shows the bias condition with M2 negative with respect to Ml
and the gate negative with respect to Ml such that J4 is forward-biased and
electrons are injected from n3 into the p2 region. The potential in nl is
lowered, causing holes to be injected from p2 into the nl layer which
provide base current for the p2-nl-pl transistor section. This brings the p2-
nl-pl-n4 SCR into conduction.
(d) Ml positive, I, positive (Mode IV)
‘When M2 is negatively biased with respect to MI and the gate is positively
biased such that J3 is forward-biased, as in figure 3.31d, electrons are
injected from n2 to p2 and diffused to nl. This increases the forward bias of
J2 and eventually the SCR section p2-nl-pl-n4 comes into full conduction.
The various turn-on mechanisms are highly reliant on the judicious lateral
separation of the various contacts and regions. The main advantage of the triac lies
in the fact that two anti-parallel SCR’s in the one silicon structure can be triggered
into conduction from the one gate. Because of the need for extra structure layers,
hence processing steps, some conventional SCR characteristics are sacrificed and
poor device area utilisation results. Two anti-parallel SCR’s therefore tend to be
more robust than a triac but unlike the BCT device in section 3.3.4, only one gate
drive circuit is needed.
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Figure 3.30. The triac:

(a) I-V characteristics and circuit symbol and (b) its four firing modes.
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Electrical Ratings and
Characteristics of Power
Semiconductor Switching
Devices

Device characteristics and ratings are primarily concerned with electrical and
thermal properties. The thermal properties and cooling design aspects are similar
for all power switching semiconductor devices. A common, unified thermal design
approach is applicable since manufacturers use the concept of a semiconductor
device being thermally represented by one virtual junction. This virtual junction is
considered as the point source of all losses, which comprise on-state and off-state
losses as well as switch-on and switch-off losses and any control input loss.

Not only are the power dissipation characteristics similar for all semiconductor
devices, but many similarities exist in the area of maximum device ratings.

4.1 General maximum ratings of power semiconductor devices

The maximum allowable limits of current, applied voltage, and power dissipation
are defined as the maximum ratings for that device. These absolute maximum
ratings are important and the device must not experience a condition under which
any one limit is exceeded if long life and reliability are to be attained. Generally, at
worst, the device should experience only one near maximum rating at any instant.
Ratings are dependent on the materials used, the structure, the design, the
mount, and the type of processes employed. The one property inherent in these
physical features is temperature dependence and its interaction on electrical
properties. Maximum ratings are therefore generally based on the variation of
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electrical characteristics that arises from the created variations. Because of this
close correlation between properties, different ratings cannot be considered
independently. Also, ratings are highly dependent on the device external circuit
conditions.

This interdependence of device properties and the effects of external circuit
condition are no more evident than during thermal runaway - a condition to be
avoided. Such a condition can occur in all devices that have bipolar junctions. For
example, with the diode, thyristor, and the MOSFET’s parasitic diode, reverse
recovery current increases junction temperature. The reverse recovery charge
increases with temperature, thus increasing junction power dissipation and further
raising the junction temperature. This endless increasing of temperature and
recovery charge results in thermal runaway and eventual device destruction. A
similar thermal runaway condition occurs in the bipolar transistor and devices
employing BJT mechanisms, like the thyristor and the IGBT. Here, collector current
causes an increase in temperature which increases the conductivity of the bipolar
transistor. More current then flows, further increasing the device temperature. If
external circuit conditions allow, thermal runaway occurs, thus resulting in
irreversible device damage.

Figure 4.1 shows the electrical operating bounds of common semiconductor
power switches, where the general trend is the higher the /- ratings the slower the
possible switching frequency, (because of increased losses associated with
attaining higher sustaining voltages), hence increased junction temperature. High-
frequency low-power switching applications are dominated by the MOSFET or
possibly trench-gate IGBTs while high-power low-frequency switching
applications are dominated by thyristor type devices or possibly IGBT modules.
Rectifying or fast recovery diodes, as appropriate, are available with matched /-V
ratings for all the switch device types in figure 4.1.

4.1.1  Voltage ratings

The absolute voltage limit is characterised by a sharp increase in leakage current
when the device has at least one junction reverse-biased. The most commonly
experienced voltage-limiting mechanism is that of avalanche multiplication, as
considered in chapters 2.2.2 and 3.1.2. Since leakage current increases significantly
with increased temperature, as shown in figure 2.2 and given by equation (2.7), the
absolute repetitive voltage rating must be assigned such that thermal runaway does
not occur. Most voltage ratings, because of historic reasons, are characterised at an
impractical case temperature of 25°C. The leakage current at rated voltage and
25°C varies from hundreds of microamperes for low voltage devices (less than
600V) to milliamperes for high voltage devices (> 3.3kV).
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Figure 4.1. Electrical rating bounds for power switching silicon devices, where
(a) frequency related losses limit upper power through-put and
(b) voltage is restricted by silicon limitations while current is bounded by
packaging and die size constraints.
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4.1.2  Forward current ratings

The forward current ratings are usually specified after consideration of the
following factors.

e Current at which the junction temperature does not exceed a rated value.
e Current at which internal leads and contacts are not evaporated.
e External connector current-handling capabilities.

4.1.3  Temperature ratings

The maximum allowable junction temperature 7y, is dependent on the quality of
the materials used and the type of junction, and is traded off against the reduced
reliability that arises from deterioration and accelerated service life. The higher the
junction temperature, the higher the rate of deterioration. The relationship between
service life L, in hours, and the junction temperature 7} (K) is approximated by

log, L, ~ A+ BIT, @.1)

where 4 and B are constants which are related to the device type.
4.1.4  Power ratings

Power dissipated in a semiconductor device is converted into thermal energy which
produces a temperature rise. The major parameters limiting the maximum
allowable power dissipation P, are the maximum allowable junction temperature
and the device case temperature 7. These parameters are related to one another by
the thermal resistance Ry, according to
T..-T
Prn = 7””; - W) (4.2)

0 jc

The virtual junction to case thermal resistance Ry is a physical value repre-
senting the ratio, junction temperature rise per unit power dissipation. Thermal
resistance is a measure of the difficulty in removing heat from the junction to the
case. Most maximum power values are specified at a case temperature of 25°C,
and are derated linearly to zero as the case-operating temperature increases to Tjmax,
which is typically 175°C for silicon power switching devices.

4.2 The fast-recovery diode

Static /-V diode characteristics were considered in chapter 2 and chapter 3.1. In
low-frequency applications the only problem posed by a rectifier is heat
dissipation, which can be readily calculated if the current waveform is known. On
the other hand, calculation of losses in rectifiers for high-frequency application
requires knowledge of device switching phenomena. The forward and reverse
recovery characteristics are the most important fast-recovery bipolar pn diode
electrical switching properties.




72 Characteristics of Power Semiconductor Switching Devices

4.2.1  Turn-on characteristics

During the forward turn-on period of a rectifier, an overshoot voltage is impressed
in a forward bias direction across the diode as the forward current increases. The
forward recovery characteristics of time #; and peak forward voltage V7, are
measured as shown in figure 4.2, with a specified increase in forward current
dig/dt, rising to a maximum forward current level /.

Two mechanisms predominate and contribute to the voltage overshoot phe-
nomenon. The first mechanism is resistive, while the second is inductive.

Initially at turn-on, the device resistance is dominated by the ohmic resistance
of the low-concentration n-region. As the concentration of the injected minority
carriers increases, the n-region becomes conductively modulated and the associated
ohmic drop decreases significantly. These charging effects contribute to a minor
initial capacitive component which serves to clamp V, initially to zero.

v iy
-V,
Ie
di fdt
2 __________
volts |
: "
t t
—_— .'[,—F-I
(a) (b}

Figure 4.2. Diode forward recovery measurement:
(a) specification of forward recovery time, t; and peak forward voltage, Vi, and
(b) diode anode current test waveform.
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Figure 4.3. Diode forward turn-on characteristics for two initial anode di/dt cases:
(a) forward current and effective change in resistive component, r and
(b) anode voltage and voltage contribution v,, as a result of die inductance.
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The forward dig/dt causes a voltage drop across the internal device inductance.
This inductance comprises both the diode wafer inductance and the bonding and
connection inductance. In bipolar power devices, the inductance of the wafer
predominates. Any inductance contribution to the forward transient voltage ceases
when the steady-state current level 7 is reached, as shown in figure 4.3. It will be
seen that the peak forward transient voltage increases as dip/dt increases. The
resistive component predominates at low dix/dt.

As with most minority carrier based power semiconductor characteristics, the
turn-on phenomenon is significantly worsened by an increase in junction
temperature. That is, both #; and V}, are increased with temperature. Although a
pre-reversed biased junction condition does not significantly prejudice the turn-on
characteristics, if the junction is pre-forward biased slightly, the turn-on
transitional phase can be significantly reduced. The Schottky diode, a majority
carrier device, does not suffer from forward turn-on transient effects.

4.2.2  Turn-off characteristics

When a forward-conducting bipolar junction diode is abruptly reverse-biased, a
short time elapses before the device actually regains its reverse blocking
capabilities. Most importantly, before the diode does regain blocking ability, it may
be considered as a short circuit in its normally blocking direction.

During forward conduction there is an excess of minority carriers in each diode
region and the holes in the n-region and electrons in the p-region must be removed
at turn-off. The attempted reverse bias results in a reverse current flow as shown in
figure 4.4.

The total recovery charge Q,is given by

0, =11, 3)

where I is the forward current before switching. In the usual p'n diode, the excess
minority holes in the n-region are most dominant. The lifetime 7 is therefore the
hole lifetime 7,. Since carrier lifetime increases with temperature, recovery charge
increases with temperature.

The recovery charge Q) has two components, one due to internal excess charge
natural recombination and the other, the reverse recovery charge Qg, due to the
reverse diode current shown in figure 4.4.

The excess charges reside in the neutral scl regions of the diode that border the
junction. The excess charge concentration is largest at the scl edge on the n-side,
reducing to zero well before the cathode contact.

Turn-off is initiated at #; and the reverse recovery current #,, commences. The
rate of rise of this current is determined solely by the external inductance L of the
switching circuit and the circuit applied reverse voltage E, according to

”g; = -E/L (Als) (44)

Until the time #,, the diode carries forward current and is forward-biased. When
the current reverses, the forward voltage drop decreases slightly but the device still
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remains positively biased. The external circuit inductance L supports the voltage E.
The excess carrier concentrations now begin to reduce as holes leave via the
junction, in providing the reverse current, i,,. Holes are therefore extracted first and
quickest at the edge of the scl.

Q) +0; =0

Figure 4.4. Diode voltage and current during reverse recovery at turn-off.

At time ¢, the hole concentration at the scl edge reaches zero, the charge Q; has
been removed and charge O, remains. The reverse current now reduces rapidly
since insufficient holes exist at the scl edge. The scl widens quickly, as it is
charged. That is, the diode regains its ability to support reverse voltage and at the
maximum reverse current Iry, dlz/dt reduces to zero.

Since dIr/dt = 0, the voltage across the circuit inductance L drops rapidly to
zero and E is applied in reverse bias across the diode. Between ¢; and ¢, the rate of
change of reverse current di,/dt is high and, in conjunction with L, produces a
reverse voltage overshoot to V. After time #,, di,/dt reduces to zero, the circuit
inductance supports zero volts, and the diode blocks E.

In specifying the reverse recovery time, t,= t, - t, the time ¢, is defined by
projecting i,, through %Iz, as shown in figure 4.4. The reverse recovery time #,. and
peak reverse recovery current Iry, at high magnitude dIrldt such that Or = Q,, are

approximated by
1, ~2.8 x 10° V,[1,/|al, /di] (s)
and T, ~28 x 10° V,[1,|d1, /di] (A)

where the avalanche breakdown voltage for a step junction, V), is given by
equation (2.3). The reverse recovery charge Oy is therefore given by

(4.5)

0, = Wl t, = 3.92x10" V7 I, © (4.6)

that is, the reverse recovery charge is proportional to the forward current, as shown
in figure 5.9a for dl/dt >100 A/ps.

Power Electronics 75

Figure 4.5 illustrates snap-off and soft recovery diode properties (S,) which are
characterised by the recovery di,,/dt magnitude. The higher the value of di,,/dt, the
higher is the induced diode overshoot Vzy and it is usual to produce soft recovery
diodes so as to minimise voltage overshoot Vzy, resulting from inductive ringing.

Reverse recovery properties are characterised for a given temperature, forward
current I, and dl/dt as shown in figure 5.9.

t =t =1
= = e = 0
It S ~03 Ie So= g 08
otz t tz
| h‘ +—4 -
[A I t [A I ¢
| |
| |
| snap | soft
(a) (b)

Figure 4.5. Comparison of fast recovery diode di./dt characteristics of:
(a) short current tail, producing snap-off (low S.) and
(b) gradual current tail, producing soft recovery (high S,).

4.2.3  Schottky diode dynamic characteristics

Being a minority carrier device, the Schottky barrier diode, both in silicon and
silicon carbide, is characterised by the absence of forward and reverse recovery,
plus the absence of any temperature influence on switching.

Forward recovery traits tend to be due to package and external circuit inductance.
Reverse recovery is dominated by the barrier charging — a capacitive effect, which
increases slightly with increased temperature, reverse di/dt, and Ir. The barrier
charge requirements are significantly less than the highly temperature dependant
minority carrier charge Q,, associated with the bipolar pn junction diode. Unlike
the pn diode, as Schottky junction charging occurs, the junction reverse bias
voltage begins to increase immediately. Turn-off voltages are well controlled, less
snappy, as the capacitor barrier junction acts like a capacitive turn-off snubber, as
considered in chapter 8.3.

Whereas the transient performance is virtually independent of temperature, the
static of forward and reverse /-V characteristics are highly temperature dependant.
In the case of silicon carbide, the reverse leakage current increases by 4% /K, the
reverse breakdown voltage decreases by -4% /K while a 0.45% /K increase in on-
state voltage means die can be readily parallel connected. In contrast, it will be
noticed in figure 2.2 that reverse breakdown voltage and leakage current of a
bipolar junction diode, both have a positive temperature co-efficient.

4.3 The bipolar, high-voltage, power switching npn transistor

The electrical properties of the high-voltage power switching npn transistor are
related to and dominated by the wide low-concentration n™ collector region
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employed to obtain high-voltage characteristics in all semiconductor devices.
Many of the limitations and constraints on the MOSFET, IGBT, and the different
thyristors are due to their parasitic bjt structures, which introduce undesirable BJT
characteristics and mechanisms. It is therefore essential to understand the
electrical characteristics and properties of the BIT if the limitations of other devices
are to be appreciated.

4.3.1  Transistor ratings

4.3.1i — BJT collector voltage ratings
The breakdown voltage ratings of a transistor can be divided into those inherent to
the actual transistor (V.. Veo) and those that are highly dependent on the external
base circuit conditions (Veers Veess Veev)-

Figure 4.6 shows the various voltage breakdown modes of the BJT, which are
defined as follows.

Veso Collector to base voltage-current characteristics with the emitter open;
that is, I, = 0, where Vigg)eho i the collector to base breakdown voltage
with /7, = 0 and the collector current /. specified as /,;,.

Veeo Collector to emitter characteristics with the base open circuit such that
the base current 7, = 0, where Vjpyeo is the collector to emitter
breakdown voltage with 7, = 0 and 7, specified as Z.,,.

Vees Collector to emitter characteristics with the base shorted to the emitter
such that V3, = 0, where Vpces is the collector to emitter breakdown
voltage with 7, specified as I.,.

Vier Collector to emitter characteristics with resistance R between the base
and the emitter such that R, = R, where Vgg)cer is the collector to emitter
breakdown voltage with 7. specified as 7.,

Ve Collector to emitter characteristics with reverse base to emitter bias V,,=
X, where Vigpeex is the collector to emitter breakdown voltage with /.
specified as /..

Each breakdown voltage level and its relative magnitude can be evaluated.

1-BJT Vigpyeno - maximum collector-base voltage with the emitter open circuit
The Viggyevo rating is just less than the voltage 73, where the base to collector
junction breaks down because of avalanche multiplication, as illustrated in figure
4.6. The common base avalanche breakdown voltage V), is determined by the
concentration of the collector n-region, N, /cc, and as its resistivity increases, V,
increases according to (equation (2.3))

V, = 534x10° x N ) %))

It can be assumed that Viggjcoo = V5.

2 - BJT Vgrjeeo - maximum collector-emitter voltage with the base open circuit
Avalanche multiplication breakdown of a common emitter connected transistor
occurs at a collector voltage 7, when the common emitter amplification factor £
becomes infinite. The gain f, from equation 3.4 and accounting for avalanche
multiplication, is defined by
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B= a,M
1-a,M

where M is the avalanche multiplication factor, which is collector junction
voltage V., dependent, according to (equation 3.17)

v,
M= 1/[1-7] 4.9)

b

(4.8)

The factor m is empirically determined and is between 2 and 4 for the collector-
base doping profile of the high-voltage silicon npn transistor. The common base
current amplification factor ayis for a voltage level well below any avalanche.
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Figure 4.6. Relative magnitudes of npn transistor collector voltage breakdown
characteristics, showing first and second breakdown.

At high 7, voltages, near V,, avalanche multiplication causes a high injection
of hole carriers. Thus no base current is required and a # — oo condition effectively
occurs. With such conditions, equation (4.8) indicates that ay — 1 which, upon
substitution into equation (4.9), yields

V., =V, {l-a, = V(BR\cco V) (4.10)

V, becomes the common emitter avalanche breakdown voltage and Viggyeeo iS
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commonly called the collector emitter sustaining voltage, Veo(sus)-
It can be shown that

14

(BR)cbo

>V

(BR)cex

>V

(BRyees

V.

(Brycer

v,

(BR)ceo

@.11)

With low-gain BITs, ¥, is almost ¥}, in value, but with high-gain devices ¥, may be
2 to 3 times that of V. Notice in figure 4.6 that negative resistance characteristics
occur after breakdown, as is the case with all the base circuit-dependent breakdown
characteristics.

The inserted diagram in figure 4.6 shows how base-emitter resistance affects
collector-emitter voltage breakdown. Importantly, the breakdown voltage
increases as the base-emitter resistance decreases. This is because the injection
efficiency of the emitter is reduced. This shorting feature is exploited extensively
in alleviating problems in the MOSFET, IGBT, and thyristor devices, and is
discussed in the respective device sections.

4.3.1ii — BJT safe operating area (SOA)

The safe operating area represents that electrical region where a transistor performs
predictably and retains a high reliability, without causing device destruction or
accelerated deterioration.

Deterioration or device destruction can occur when operating within the
absolute maximum device ratings, as a result of second breakdown (s/b) or
excessive thermal dissipation. Typical SOA characteristics are shown in figure 4.7.
These collector characteristics are for a single pulse, of a given duration, such that
the transistor operates in the linear region and at a case temperature of 25°C. The
dc or continuous operation case has the most restrictive SOA curve, while a short
single pulse of 1us duration enables the full device /-V ratings to be exploited.

The SOA is basically bounded by the maximum collector 7., and the collector
emitter breakdown voltage Vggiceo- In figure 4.7 it will be seen that four distinct
operating region limits exist, viz., A to D.

@ Maximum collector current which is related to allowed current density in
the leads and contacts and the minimum gain of the transistor. The maximum
lead current is given by /= Kd*” where the diameter d is in mm and K
depends on the type and length of wire. For lengths greater than Imm, K =
160 for both copper and silver.

Maximum thermal dissipation, which is related to the absolute maximum
Jjunction temperature Tjn,, and the thermal resistance or impedance from the
virtual junction to the case. In this thermally limited region, the collector
power loss is constant and /. = P ¥, Thus the thermal limit gradient is -1,
when plotted on logarithmic axes as in figure 4.7.

@Limit of forward second breakdown. This breakdown occurs when the
local current density is too high and a hot spot is created which causes
thermal runaway. The physical causes of the high current concentration
phenomenon are a fall in electrical potential or instability of lateral
temperature distribution in the base area. These occur as a consequence of
base-width concentration non-uniformity, a faulty junction or improper chip
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mounting. A typical s/b characteristic is shown in figure 4.6, and is
characterised by a rapid drop in collector voltage to the low-impedance area
after s/b. The s/b SOA limit can be modelled by, , =PV", where n, the
gradient in figure 4.7, ranges from 1.5 to 4 depending on the fabrication
processes and structures that have been employed. S/b, with a forward-biased
base emitter is usually characterised by a short circuit at the emitter periphery,
since this area is more forward-biased than central regions because of lateral
base resistance effects. S/b, with a reverse-biased base-emitter junction,
occurs in the central emitter region because of current focussing to that area
as a result of the same lateral base resistance effects.

Maximum collector voltage under worst case conditions. In switching
applications the Vo limit can be exceeded provided suitable base
conditions exist. At turn-off, when the collector current has fallen below ..,
the collector supporting voltage can be increased from Vggiceo t0 Vigpjcex if the
proper reverse bias base emitter junction conditions exist. The SOA together
with this small extension area form the reverse bias SOA. Turn-on in
switching applications can take place from a Vgg)eex condition, provided the
collector current rise time is very short, usually much less than lus. As the
rise time value decreases, the current that can be switched at turn-on
increases. Under such conditions a significant portion of /., can be switched
from Vg)cex- The SOA together with this quite large switch-on extension area
form the forward bias SOA, as shown in figure 4.7.

The SOA is usually characterised for a case temperature of 25°C. In practice much
higher case temperatures are utilised and then the power and s/b SOA limits are
modified with the aid of the derating curves of figure 4.8. At a given case
temperature, above 25°C, power derating is greater than s/b derating. No derating
is necessary for case temperatures below 25°C.

J(

0.1

5 10 50 100 Veaotsus) Vieriees
VigRleeo
Figure 4.7. Safe operating area (SOA) bounds of an npn high-voltage power
switching transistor including forward and reverse bias SOA.
Temperature derating for a case temperature of 75°C is shown.
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Figure 4.7 shows the derating, according to figure 4.8, of the dc and 1ms
operating loci when the case temperature is increased from 25°C to 75°C. Figure
4.8 indicates that the power limit line is derated to 71.5 per cent, while the s/b
limit line© is reduced to 80 per cent. The slope of the 10pus single pulse limit line
indicates that no s/b component exists, thus only power derating need be employed.
This is because the pulse period of a few microseconds is short compared to the die
thermal constant, whence the rate of local heating is too brief to disperse and cause
second breakdown.

100
75 \\\'\‘\\\
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Figure 4.8. Power and second breakdown derating versus case temperature.

It is important to note that when a transistor is employed in a switching
application, where the device is either cut-off or hard-on, the full SOA bounded by
Iemax and Vigpiceo can usually be exploited. As indicated in figure 4.7, provided the
collector switching times are of the order of a microsecond or less, no power or s/b
derating need be factored. Design is based on total power losses, such that the
maximum allowable junction temperature, Tjn, is not exceeded. For high
reliability and long device lifetime only one limit, either Zunax Or Vigrjceo, should be
exploited in a given application.

4.3.2  Transistor switching characteristics

If a current pulse is supplied into the base of a common emitter connected
transistor, as shown in figure 3.8, the resultant collector current waveform is as
shown in figure 4.9. The collector voltage waveform is essentially collector load
circuit dependent and therefore is not used to characterise transistor switching.

4.3.2i — BJT turn-on time: t,,=t;+t,;

Turn-on consists of a delay time ¢, followed by a current rise time ;.

The delay time corresponds mainly to the charging of the base-emitter junction
diffusion capacitance. The turn-on delay time can be significantly reduced by
increasing the applied rate and magnitude of the forward base current 7.

The current rise time is related to the effective base zone width and, as the base
charge increases because of the base current, the collector current increases.

Power Electronics 81

4.3.2ii - BJT turn-off time: t,; =t + t;;
In order to cut-off a transistor from the saturated state, all the accumulated charges
must be neutralised or removed from the base and from the lightly doped n” region
of the collector. The turn-off process is started by removing the forward base
current /,; and applying the reverse base current /,,. The excess minority carriers,
namely holes, in the collector n” region are progressively reduced in the process of
providing the collector current. The excess minority carriers in the base are
removed by the reverse base current. The reverse base current does not influence
the collector n” region recombination process. The period after the cessation of
positive base current until the transistor enters the linear region is termed storage or
saturation time, t,. Generally, and undesirably, the larger the forward gain f8; the
greater the saturation time, .

fo

lye |- 80 per cent

[ 90percent

10 per cent

Figure 4.9. Defining transistor base and collector current switching times for turn-
on and turn-off.

Optimal turn-off occurs when the emitter junction cuts off, as a result of 7, just
as the collector junction cuts off and enters the linear region. Thus the collector
current fall time can be decreased by increasing the reverse base current
immediately after the collector junction has cut off.

In switching applications, operation in the linear region is to be avoided, or at
least traversed rapidly, because of the associated high device power losses.
Although in the saturated state, with I, >> I. / f; minimum forward gain and
losses, this state is not conducive to a rapid turn-off transition to the cut-off region.
In switching applications, in order to increase turn-off speed (decrease #; and ¢;),
the transistor may be held in the quasi-saturation region by reducing and
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controlling the forward base current magnitude such that the device is on the verge
of saturation, I,y = 1./ f; but is not in the linear region. The quasi-saturation on-
state losses are slightly higher. In the quasi-saturated on-state the collection n°
region can be considered as extra series collector circuit resistance, which
decreases as the neutral base region penetrates and reduces to zero when saturation
occurs.

4.3.3  BJT phenomena

Although the BIT is virtually obsolete as a discrete power switching device for new
circuit designs, it has been considered in some detail both in this chapter and
chapter 3.2.1. This is because its operating electrical mechanisms explain the
major limiting electrical operating factors of all controlled power switching
devices.

e mosfet: In chapter 3.2.2 the reverse conducting inherent body diode in the
MOSFET is part of a parasitic npn transistor. This BIT structure can
produce unwanted MOSFET dv/dt turn-on. Notice in figure 3.14a that the
source metallization overlaps the p* well, there-in producing a base to
emitter shunting resistor, as shown by Ry, in figure 3.14b. The emitter
shunts perform two essential functions, but inadvertently creates a non-
optimal diode.

o First, the shunt decreases the injection efficiency hence gain of the
BIT, decreasing the likelihood of a drain dv/dt resulting in
sufficient Miller capacitance current to turn-on the parasitic BIT, as
considered in chapter 3.2.1.

o Second, by decreasing the BJT gain, the npn section voltage rating
is increased from V., to V.., as considered in section 4.3.1.

e igbt: In figure 3.16d the equivalent circuit of the IGBT has a parasitic pnp-
npn thyristor structure. Once again, the emitter metallization (R,,) shunts
the base to emitter of the npn BJT, helping to avoid latch-up of the SCR
section, as modelled by the derivation of equation (3.18). Also the
voltage rating of the npn section is increased from V,,, to V.. Improved
thermal stability also results. Judicious profiling of the transistor sections
is essential.

e gto thyristor: All the electrical operating mechanisms of the SCR are
explainable in terms of BJT mechanisms, including turn-on, turn-off, and
thermal stability. Emitter shorts are used extensively to decrease gain,
increase thermal stability, and increase voltage ratings and are essential in
providing separation in the bi-directional conducting thyristor, as
considered in chapter 3.3.4. The GTO thyristor also uses emitter shorts in
order to achieve a stable device at turn-off, as shown in figure 3.28.

An understanding of BJT electrical operating mechanisms is fundamental to the
design and operation of semiconductor power switching devices, whether
principally bipolar operating devices or unipolar devices which have bipolar
parasitic structures.
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44 The power MOSFET

The main electrical attributes offered by power MOSFETs are high switching
speeds, no second breakdown (s/b), and high impedance on and off voltage control.
MOSFETs, along with IGBTs, have replaced the bipolar junction transistor due to
their superior switching performance and simpler gate control requirements.

4.4.1  MOSFET absolute maximum ratings

The basic enhancement mode power MOSFET structure and electrical circuit

symbol are shown in figure 3.11. The SOA bounds shown in figure 4.10 is

confined by four outer bounds.
@The n" epitaxial layer concentration and thickness is the key parameter in
specifying the drain high-voltage ratings, such as ¥y and V,,, which increase
with temperature at approximately +0.1 per cent/K, as shown in figure 3.13.
One important rating feature of the power MOSFET is that it does not
display the s/b that occurs with the bipolar transistor. Figure 4.10 shows the
safe operating area for transistors, with the bipolar transistor s/b limitation area
shaded. The physical explanation as to why MOSFETs do not suffer from s/b is
based on the fact that carrier mobility in the channel decreases with increased
temperature at -0.6 per cent/K. If localised heating occurs, the carrier mobility
decreases in the region affected and, as a consequence, the localised current
reduces. This negative feedback, self-protection mechanism forces currents to
be uniformly distributed along the channel width and through the silicon die.
This property is exploited when paralleling MOSFET devices. As a result of the
enlarged SOA, the power MOSFET is generally a much more robust device than
its bipolar counterpart.  This region is thermally limited, as defined
by I = P/V " giving the -1 slope in figure 4.10.

The drain current rating is also related to the epitaxial properties. Its
resistance specifies the I7R,, power loss, which is limited by the junction to
case thermal resistance, Ry... The continuous, usable drain current above 25°C
is thus given by

(A) (4.12)

@When the MOSFET is on, with minimum drain voltage at maximum drain
current, it operates in the resistive mode where the drain current is given by

1

-y ) (4.13)

d
ds(on)

The SOA region at high currents and low voltages is thus characterised by a
line of slope 1, on logarithmic axes, as shown in figure 4.10.
The gate to source voltage Vy, controls the channel and the higher the value of V,,
the higher the possible drain current. The gate to source is a silicon dioxide
dielectric capacitor which has an absolute forward and reverse voltage that can be
impressed before dielectric breakdown. Typical absolute maximum voltage levels
vary from £10V to +40V, as the oxide layer increases and capacitance
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advantageously decreases.
Chip/bond limitation on current

la

slope 1

Safe operating area

(log) Bipolar s/b limit

Mosfet limit, no s/b

T. =25°C Chip limitation on voltage ——=

{leg) Vigy

Figure 4.10. The safe operating area of the power MOSFET,
which does not suffer second breakdown.

4.4.2  Dynamic characteristics

The important power MOSFET dynamic characteristics are inter-terminal voltage-
dependent capacitance and drain current-switching times. The various MOSFET
capacitances are dominant in specifying switching times.

4.4.2i - MOSFET device capacitances

Figure 4.11 shows an equivalent circuit for the power MOSFET, extracted from
figure 3.14, which includes three inter-terminal, non-linear voltage-dependent
capacitances Cgq, Cyy, and Cy,. The magnitudes are largely determined by the size
of the chip and the cell topology used. Therefore higher current devices inherently
have larger capacitances. Electrically, these capacitances are strongly dependent on
the terminal drain-source voltage.

Manufacturers do not generally specify Cyy, Cy, and Cy directly but present
input capacitance Cj,,, common source output capacitance C,,, and reverse transfer
capacitance C,. These capacitances, as a function of drain to source voltage, are
shown in figure 4.12a. The manufacturers’ quoted capacitances and the device
capacitances shown in figure 4.12b are related according to

C, shorted (F) (4.14)
C, =G, (F) (4.15)
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c. =C, + Cc‘ic‘”, C,, shorted
s T Cu (4.16)
~C +C, (F)

The measurement frequency is usually 1 MHz and any terminals to be shorted
are connected with large, high-frequency capacitance, so as to present a short
circuit at the measurement frequency.

Device capacitances are predominant in specifying the drain current switching
characteristics, particularly C,, with its large capacitance variation at low drain
voltage levels.

Iy 5 nH , Iy reduces drain
wvoltage capability

Gate I J--' Ca

Device package

/. reduces switching
speed and gate voltage

|
i
|
|
i
1
]

|
i
|
I SR _

Source £

Figure 4.11. MOSFET equivalent circuit including terminal voltage dependent
capacitance and inductance for the TO247 package.
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Figure 4.12. MOSFET capacitance variation with drain-to-source voltage:
(a) manufacturers’ measurements and (b) inter-terminal capacitance values.
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4.4.2ii - MOSFET switching characteristics

The simple MOSFET circuit with an inductive load L; in figure 4.13, can illustrate
how device capacitances influence switching. The MOSFET gate is driven from a
voltage source whose output impedance is represented by R,, which also includes
any MOSFET gate series internal resistance. The dc input resistance of a power
MOSFET is in excess of 10'> Ohms and when used as a switch, the power required
to keep it on or off is negligible. However energy is required to change it from one
state to another, as shown in figure 4.14. This figure shows the relationship
between gate charge, gate voltage, and drain current for a typical MOSFET. The
initial charge Q,, is that required to charge the gate-source capacitance and Q,, is
that required to supply the drain-gate Miller capacitance. For a given gate charging
current, switching speed is proportional to gate voltage. The gate charge required
for switching, and hence switching speed, is not influenced significantly by the
drain current magnitude, and not at all by the operating temperature. The switching
speed is directly related to time delays in the structure because of the channel
transit time of electrons. External to the device the switching time is determined by
the energy available from the drive circuit. A gate drive design example based on
gate charge requirement is presented in chapter 7.1.2.

The switching transients can be predicted for an inductive load, when the load
is the parallel inductor and diode, with no stray unclamped inductance, as shown in
figure 4.13. It is assumed that a steady load current /;, flows. The various turn-on
and turn-off periods shown in figure 4.15 are related to the sequential charging
periods shown in figure 4.14. Any gate circuit inductance is neglected.
+Vag
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Figure 4.13. MOSFET basic switching circuit used to demonstrate current
switching characteristics.

1—-MOSFET turn-on

Period I - turn-on delay, #;,n

The gate voltage rises exponentially to the gate threshold voltage ¥y according to
equation (4.17), that is

V() =V, [1-e" "0 V) (4.17)

g

where C;,, the gate input capacitance is approximated by Cyy + Cy, or Cy,. The
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drain voltage remains unchanged, that is, it supports the supply voltage V,; and no
MOSFET drain current flows. The turn-on delay time is given by
-1
VTH
t,w = C,R In|l- v (s) (4.18)
Equations (4.17) and (4.18) can be modified to account for a negative initial gate

voltage (as presented in Appendix 4.1), a condition which increases the turn-on
delay time. but increases input noise immunity.

Vad v, =100v o
W - Q, total
period I period I and [ period IV
Q. Qga
L e Fe-- Vg ----r -2 - -
Ig = 10A Increasing Vi,
5 4 |
o= 1A i
[
I
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1 | 1 1 1 1 1 | 1 1 —
2 4 6 8 10 (nC) a,
Iy
t
Iy I
Vad
Vas
t

Figure 4.14. Typical relationships between gate charge, voltage, and current and
magnitude of drain current and voltage being switched.

Period II - current rise, ¢,;

Drain current commences to flow in proportion to the gate voltage as indicated by
the transconductance characteristics in figure 3.12a. The gate voltage continues to
rise according to equation (4.17). The drain voltage is clamped to the rail voltage
Vaa and the drain current rises exponentially to the load current level /;, according

to
G

L0 = g, (V, =V )l - e"/%) (A) (4.19)
The current rise time ¢,; can be found by equating /, = 7, in equation (4.19).
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Period 11 - voltage fall, #;

When the drain current reaches the load current level, the drain voltage will fall
from V,, to the low on-state voltage. This decreasing drain voltage produces a
feedback current via Cyy to the gate, which must be provided by the gate drive.
This feedback mechanism is called the Miller effect and the effective gate input
capacitance increases to Cj, = Ci + (1 - A4,)Cyy where A, = AVy/AV,,. For a
constant load current, from figure 3.12a, the gate voltage remains constant at

V, =Vy +1/g, V) (4.20)
as shown in figure 4.15b.

Since the gate voltage is constant, the Miller capacitance C,, is charged by the
constant gate current

Vi Ve _ V- +1,12)

I, = #——= A 4.21
D= R T ) (421
and the rate of change of drain voltage will be given by
dav. 1
o AV _ L (V/s) (4.22)
. di o C,
that is
IS’
Vi@ =7V, - c ! V) (4.23)

gd
The drain voltage decreases linearly in time and the voltage fall time is decreased
by increasing the gate current. Assuming a low on-state voltage, the voltage fall
time #; is given by

t, =V,

" w Ca 11, (s) (4.24)
Period IV
Once the drain voltage reaches the low on-state voltage, the MOSFET is fully on

and the gate voltage increases exponentially towards V.

2-MOSFET turn-off’
Period V - turn-off delay,
The MOSFET is fully on, conducting the load current /;, and the gate is charged to
Ve The gate voltage falls exponentially from V, to Vi + I/ g5 according to

Vo =V, e ) @25)
in a time given by

v
&

tiw = RC, (n A (s) (4.26)
This delay time can be decreased if a negative off-state gate bias is used. The drain
conditions are unchanged.
Period VI - voltage rise, .,
The drain voltage rises while the drain current is fixed to the load current level, 7;.
Accordingly the gate voltage remains constant and the gate current is given by
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vV, +1,/
= R, & (A) 4.27)
5
This current discharges the Miller capacitance according to
dv. 1
av, _dv, _ I, (V/s) (4.28)
i dr - C,
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Figure 4.15. Distinct switching periods of the MOSFET with an inductive load at:
(a) (b) (c) (d) comprising turn-on; (e) (f) (g) (h) forming turn-off.
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Thus V() = CI—“ t V) (4.29)
ed
where the low on-state voltage has been neglected.
The drain voltage rises linearly to the supply V. The voltage rise time ¢, is given
by
Cul l/dd
t, :“17 (s) (4.30)

g
and is decreased by increasing the gate reverse current magnitude.

Period VII - current fall, #;
When the drain voltage reaches the supply rail, the load current in the MOSFET
begins to decrease, with load current being diverted to the diode Dy.
The gate voltage decreases exponentially according to
-1/ RgCiyy
V) =y +1,/g) "™

and is mirrored by the drain current

L) =, +g V)™ -gy, *» @32
The current fall time #; is given by I, = 0 in equation (4.32) or when the gate-
source voltage reaches the threshold voltage, that is, from equation (4.31)

t, =R, (;,/{1 t I'-V J ©) (433)
/s TH

V) 4.31)

Period VIII — off-state
The MOSFET drain is cut-off and the gate voltage decays exponentially to zero
volts according to

V(6) =V, €% V) (4.34)

Based on the total gate charge Qr delivered by the gates source Vg, shown in
figure 4.14, the power dissipated in the MOSFET internal gate resistance, hence
contributing to device losses, is given by

R,
P.(R,) =V, — w 435
w(R,) =V,0:f, R 4R (W) (4.35)
4.5 The insulated gate bipolar transistor

4.5.1  IGBT switching

The IGBT gate charge characteristics for switching and the switching waveforms
are similar to those of the MOSFET, shown in figures 4.14 and 4.15 respectively,
whilst the /- on and off state characteristics are similar to the BJT. The collector
switching characteristics depend on the injection efficiency of the collector p*
emitting junction. The higher the injection efficiency, the higher the pnp transistor
section gain and the lower the on-state voltage. The poorer the injection efficiency,
the more the characteristics resemble a MOSFET.
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The turn-on waveforms and mechanisms are essentially those for the MOSFET
shown in figure 4.15. Figure 4.16 shows IGBT turn-off which has components due
to MOSFET and BIJT action. As with the MOSFET, distinct turn-off stages exist
when switching an inductive load.

Period V - turn-off delay, 7,

The gate voltage falls to a level determined by the gate threshold, V7, the forward
transconductance, g5 and the MOSFET section current level.

Period VI - voltage rise, .,

As the collector voltage rises the collector current remains constant, hence the gate
voltage remains constant while charging the Miller capacitance. For a high gain
pnp section the voltage rise time is virtually independent of gate resistance, while
for an IGBT closely resembling a MOSFET the voltage rise is gate current
magnitude dependent.

Period VII - current fall, #;

The current falls in two sections, the first, phase VII, due to MOSFET action, as are
the previous two phases (periods V and VI). As with the conventional MOSFET the
current falls rapidly as the MOSFET section current, shown in figure 4.16b reduces
to zero.

mosfet turn-off jt turn-off ‘
Vil
vV, Vi viil

|
1 I ! v
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|

Figure 4.16. IGBT (a) turn-off waveforms and (b) equivalent circuit during turnoff.
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Period VIII — current tail time

With the gate voltage at the threshold level, the pnp transistor section turns off in a
V..o mode, phase VIII. A relatively low-magnitude, lengthy current tail results
which is dependent on the pnp transistor section minority carrier lifetime in the n
base and the injection efficiency of the p* collector region.

The switching frequency and current rating of an IGBT are both limited by the
minimum of the package dissipation limit (as with any other semiconductor
device) and a factor solely dependant on the switching times at turn-on and turn-
off. As the switching frequency increases, the current rating decreases. The
MOSFET upper frequency is restricted solely by losses, that is, temperature.

4.5.2  IGBT short circuit operation

Under certain electrical conditions the IGBT may be subjected to short circuits, and
safely turned off with out damage. Two different short circuit conditions are
characterised:

I IGBT turn-on into a pre-existing load short circuit

I subsequent to IGBT turn-on, a short circuit load condition occur

during the on-state period

1 Pre-existing short circuit at turn-on

The collector electrical characteristics are determined by the gate drive parameters
and conditions. As the collector voltage falls, the collector current di/dt is
determined by the stray inductance, characterised at less than 25uH. In this fault
mode the IGBT is characterised for up to ten times the rated current, provided the
IGBT is turned off within 10us, but at a slower rate than normal.

n Short circuit arising during the normal on-period

When a load short circuit occurs during the IGBT on period, the collector current
rises rapidly and is determined by to the supply voltage V; and stray inductance L
according to di,;, /dt=V/L,. The collector voltage de-saturates and as the collector
voltage rise towards the supply V; the resultant dv/dt produced a Miller capacitance
charging current, which flows into the gate circuit. Depending on the gate drive
impedance, the gate voltage rises which allows higher collector current.

When turn-off is initiated, by reducing the gate voltage to below the threshold
level, the resultant collector current fall produces a high voltage across the stray
inductance, V= Ly dig, /dt, which adds to the collector voltage which is already
near the supply rail V;. Because of this over voltage, this mode of short circuit
turn-off is more than turning off into a pre-existing short circuit.

The maximum allowable short circuit current at turn-off is dependant on the gate
voltage and reduces from ten times rated current at a gate voltage of 18V down to
five time rated current at 12V. The short circuit must be commutated within 10us
at a slower than normal rate so as to ensure the over voltage due to stray inductance
remains within rated voltage limits. Repetitive short circuits are restricted to a
frequency of less than one Hertz and can only accumulate to 1000 before device
deterioration; both mechanical and electrical.
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Stress during the fault period can be reduced if the gate voltage is clamped so that
it cannot rise during the Miller capacitance charge period. A Zener diode (and
reverse series diode if reverse gate bias is used) across the gate to emitter provides
low inductance gate voltage clamping, but the Zener standby to clamping voltage
ratio of 1:1.4 limits clamping effectiveness. The preferred method is to clamp the
gate to the gate supply voltage by a Schottky diode between gate (diode anode) and
gate positive supply (diode cathode). Judicious gate supply ceramic capacitance
decoupling will minimise loop inductance which otherwise would deteriorate
clamping effectiveness.

A difficulty arises when attempting to utilise the 10us short circuit capabilities of
the IGBT. To improve device robustness, short circuit turn-off is staged, or slowed
down. It is prudent to utilise the over current capability of the IGBT in order to
improve nuisance tripping or brief capacitor charging which are not true faults. A
difficulty arises when a demand pulse is significantly less than 10us. The gate
drive must be able to cater for sub 10us pulses with normal turn-off yet
differentiate 10us delayed slow turn-off when a short circuit fault is serviced.

4.6 The thyristor

Most of the thyristor ratings and characteristics to be considered are not specific to
only the silicon-controlled rectifier, although the dynamic characteristics of the
gate turn-off thyristor are considered separately.

4.6.1  SCR ratings

The fundamental four layer, three junction thyristor structures and their basic
electrical properties were considered in chapter 3.3.

4.6.1i - SCR anode ratings

Thyristors for low-frequency application, such as in 50-60 Hz ac supply systems,
are termed converter-grade thyristors. When a higher switching frequency is
required, so-called gate commutated devices like the GTO and GCT are applicable.
Such devices sacrifice voltage and current ratings for improved self-commutating
capability.

The repetitive peak thyristor voltage rating is that voltage which the device will
safely withstand in both the forward off-state Vpgy, and reverse direction Vggas,
without breakdown. The voltage rating is primarily related to leakage or blocking
current Iggys and Ipgys respectively, at a given junction temperature, usually 125°C.
Since blocking current doubles with every 10K rise in junction temperature 7T,
power dissipation increases rapidly with 7}, which may lead to regenerative thermal
runaway, turning the device on in the forward direction.

Current related maximum ratings reflecting application requirements include

e peak one cycle surge on-state current /75y,
e repetitive and non-repetitive di/dt
o Pt for fusing.
The maximum junction temperature can be exceeded during non-recurrent over-
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current cycles. The maximum non-repetitive on-state surge current is generally
quoted for one 10 millisecond sinusoidal period at Tjy... Any non-recurrent rating
can be tolerated only a limited number of times before failure results. Such non-
recurrent ratings are usually specified to allow fuse and circuit breaker short-circuit
protection. The If rating for a 10ms period is another parameter used for fuse
protection, where / is non-repetitive rms current.

If the device is turned on into a fault the initial current-time relationship, di/dt,
during turn-on must be within the device’s switching capability. In cases where the
initial di/dt is rapid compared with the active area-spreading velocity of 50 pm/pus,
local hot spot heating will occur because of the high current densities in those areas
that have started to conduct.

A repetitive di/dt rating is also given for normal operating conditions, which
will not lead to device deterioration. This repetitive di/dt rating will be specified
for a given initial blocking voltage and peak forward current. Certain gate drive
conditions are specified and the device must survive for 1000 hours.
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Figure 4.17. Thyristor gate ratings illustrating: (a) the preferred operating region
and (b) minimum gate requirements and their temperature dependence.

4.6.1ii - SCR gate ratings
The gate ratings usually specified are

e peak and mean gate power, Pg), and Pg

e peak forward and reverse gate to cathode voltage, Vgmand Vgru

e peak forward gate current, Zryg.
These gate ratings are illustrated in figure 4.17. The peak gate power rating is
obtained by using a low duty cycle pulse, with a mean power that does not exceed
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Pg. The reverse gate voltage limit, Vgry, is specified by the avalanche voltage
breakdown limit of the reverse-biased gate-to-cathode junction. Figure 4.17 not
only shows limit ratings, it also indicates the preferred gate voltage and current,
and the minimum requirements which will ensure turn-on at different junction
temperatures.

4.6.2  Static characteristics

The static anode voltage-current characteristics of a thyristor are very similar to
those of a diode. Gate commutated thyristors tend to have higher on-state voltages
for a given current than comparable converter-grade devices. This higher on-state
voltage is one of the trade-offs in improving the switching performance.

4.6.2i - SCR gate trigger requirements

Below a certain gate voltage, called the gate non-trigger voltage Vgp, the
manufacturer guarantees that no device will trigger. This voltage level is shown in
figure 4.17b. The shaded insert area in figure 4.17a (figure 4.17b) contains all the
possible minimum trigger values (Igr, Vgr) for different temperatures, that will
result in turn-on. The gate requirements (Igr, Vgr) have a negative temperature
coefficient as indicated in figure 4.17b. To ensure reliable turn-on of all devices,
independent of temperature, the trigger circuit must provide a dc signal (Ig, V5)
outside the shaded area. This area outside the uncertainty area, but within the rating
bounds, is termed the preferred gate drive area.

An increase in anode supporting voltage tends to decrease the gate drive
requirements. But if the gate signal is a pulse of less than about 100ps, the turn-on
(I, V) requirement is increased as the pulse duration is decreased. The gate
current increase is more significant than the voltage requirement increase.
Typically, for a pulse reduced from 100us to 1us, the voltage to current increase
above the original requirement is 2:10 respectively. This increased drive
requirement with reduced pulse time is accounted for by the fact that some of the
initial gate p-region charge recombines. When the free charge reaches a certain
level the device triggers. Thus, to get the required charge into the gate in a
relatively short time compared with the recombination time requires higher current,
and hence higher voltage, than for dc triggering.

4.6.2ii — SCR holding and latching current

If the on-state anode current drops below a minimum level, designated as the
holding current Iy, the thyristor reverts to the forward blocking state. This occurs
because the loop gain of the equivalent circuit pnp-npn transistors falls below unity
and the regenerative hold-on action ceases. The holding current has a negative
temperature coefficient; that is, as the junction temperature falls, the device
holding current requirement increases. The holding current is typically about 2%
of the rated anode current.

A somewhat higher value of anode on-state current than the holding current is
required for the thyristor to latch on initially. If this higher value of anode latching
current I; is not reached, the thyristor will revert to the blocking state as soon as
the gate trigger signal is removed. After latch-on, however, the anode current may
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be reduced to the holding current level, without turn-off occurring. These two static
current properties are shown in the /-V characteristics in figure 3.21. With
inductive anode circuits, it is important to ensure that the anode current has risen to
the latching current level before the gate turn-on signal is removed. Continuous
gate drive avoids this inductive load problem but at the expense of increased
thyristor gate power losses.

4.6.3  Dynamic characteristics

The main thyristor dynamic characteristics are the turn-on and turn-off switching
intervals, which are associated with the anode and gate circuit interaction.

4.6.3i- SCR anode at turn-on
Turn-on comprises a delay time #, and a voltage fall time #;, such that the turn-on
time is #,, = t;+ t5.

The turn-on delay time for a given thyristor decreases as the supporting anode
voltage at turn-on is increased. The delay time is also decreased by increased gate
current magnitude. The gate p-region width dominates the high gate current delay
time characteristics while carrier recombination is the dominant factor at low gate
current levels.

The anode voltage fall time is the time interval between the 90 per cent and 10

per cent anode voltage levels. The associated anode current rise characteristics are
load dependent and the recurrent di/dt limit must not be exceeded.
As introduced in chapter 3.3.1, a thyristor can be brought into conduction by means
of an anode impressed dv/dt, called static dv/dt capability, even though no gate
current is injected. The anode voltage ramp produces a displacement current
according to i = dQ/dt as the central junction scl charges and its width increases.
The resultant displacement current flows across the cathode and anode junctions
causing emission and, if sufficient in magnitude, turn-on occurs. Static dv/dt
capability is an inverse function of device junction temperature and is usually
measured at Tjpay.

4.6.3ii — SCR anode at turn-off
As analysed in chapter 3.3.1, once a thyristor is turned on, it remains latched-on
provided that

e the holding current remains exceeded

e itis forward biased.

If the supply voltage is ac, a thyristor will turn off after the supply voltage has
reversed and the anode current attempts to reverse. The thyristor is thus reverse-
biased and this turn-off process is called line commutation or natural commutation.
If the supply voltage is dc and the load is a series L-C resonant circuit, the anode
current falls to zero when the capacitor is charged. The load current falls below the
holding current level and the SCR turns off. This is termed load commutation.

In thyristor applications involving dc supplies and resistive/inductive loads, a
thyristor once on will remain on. Neither the supply nor the load is capable of
reducing the anode current to below the holding current level, or producing a
reverse bias across the thyristor. Such a thyristor can be turned off only if the
anode current is interrupted or forced below the holding current level. External
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circuitry, called a commutation circuit, is employed to accomplish turn-off, by
reverse-biasing the thyristor and reducing the anode current to near zero. This
external turn-off approach, now obsolete, is called forced commutation. The gate
turn-off thyristor eliminates the need for this external commutation circuitry since
the GTO can be commutated from its gate. A topological variation of the forced
commutated circuitry method is called resonant link commutation.

4.7 The gate turn-off thyristor

In essence, the gate turn-off (GTO) thyristor has similar ratings and characteristics
to those of the conventional converter grade SCR, except those pertaining to turn-
off. Both GTO turn-on and turn-off are initiated from the gate, hence the power-
handling capabilities of the GTO gate are much higher than those of SCR devices.

4.7.1 Turn-on characteristics

Because of the higher p1 gate region concentration, the GTO holding current level
and gate trigger requirements are somewhat larger than those of the conventional
SCR. Higher anode on-state voltages also result.

At low anode current levels, a steep trailing edge at the end of the gate on-pulse
may cause the GTO to unlatch even though the anode current is above the dc
holding current level. For this reason, together with the fact that the cathode
comprises many interdigitated islands, a continuous, dc gate on-drive is preferred.
Continuous gate current prevents any cathode islands from falling out of
conduction should the anode current be reduced to near the holding current level. If
cathode islands should turn off prematurely and the anode current subsequently
rise, the GTO no longer has its full current handling capability and it could
overheat, leading to device destruction.

With very high voltage GTO’s, turn-on is like that of a high voltage npn
transistor which has low gain, limiting the initial rate of rise of anode current, until
the regenerative latching action has occurred. Hence an initial, high current of up
to six times the steady-state gate requirement is effective for a few microseconds.

4.7.2  Turn-off characteristics

Before commencing turn-off, a minimum on-time of tens of microseconds must be
observed so that the principal current may distribute uniformly between the
cathode islands. This is to ensure that all cells conduct, such that turn-off occurs
uniformly in all cells, rather than being confined to a few cells, where the current
to be commutated may be higher than individual cells can survive.
The anode current of a GTO in the on-state is normally turned off via a low voltage,
negative gate current, Ipg. The negative gate current /o, which is just sufficient to
turn-off the on-state current /7 is defined as the minimum turn-off current. Turn-off
amplification (equation 3.21) is defined as
By =1Ly I 1y (4.36)

where f, is related to the internal construction of the GTO.

Figure 4.18 illustrates typical gate and anode turn-off waveforms for the GTO.
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Application of reverse gate current causes the anode current to reduce after a delay
period f,. This delay time is decreased as the reverse gate current digp/dt increases;
that is, as Iy increases and ¢, decreases. Increased anode on-state current or
junction temperature increases the delay time.

The reverse gate current prevents cathode injection and the anode current
rapidly falls to the storage current level, 7,,;. The subsequently slow current fall
time, t,;, is due to charges stored in regions other than the gate and cathode that
are not influenced by the reverse gate current and must decrease as a result of
natural recombination. Anode n" shorts are used to accelerate the recombination
process, reducing both storage current and storage time, but at the expense of
reverse blocking ability and on-state voltage. Avalanche of the cathode junction
(typically -20V) is acceptable on turn-off for a specified time. Reverse gate bias
should be maintained in the off-state in order to prevent any cathode injection.

Figure 4.18. Schematic representation of GTO thyristor turn-off waveforms.
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After turn-off some dispersed charges still exist. A minimum off-time of the
order of tens of microseconds is needed for these charges to recombine naturally.
This time increases with increased blocking voltage rating. If a turn-on were to be
initiated before this recombination is complete, the area of un-combined charge
will turn-on first, resulting in a high di/dt in a confined area, which may cause a hot
spot and possibly destruction.

During the storage and fall time, power loss Pry occurs as illustrated in figure
4.18 and is given by

P, = TV Lwa W) (437)

where 7=t +1t,,.

The actual anode voltage turn-off waveform is dependent on the load circuit.
Care is needed in preventing excessive loss at turn-off, which can lead to device
destruction. One technique of minimising turn-off loss is to increase the rate at
which the reverse gate current is applied. Unfortunately, in reducing the turn-off
time, the turn-off current gain f, is decreased, from typically 25 to 3. The anode
turn-off voltage V,(?) in figure 4.18 assumes a capacitive turn-off snubber is used.
Such a switching aid circuit is not essential with the GCT, which uses unity reverse
gain at turn-off, as considered in chapter 3.3.5.

4.8 Appendix: Effects on MOSFET switching of negative gate drive

The effects of negative gate voltage on MOSFET turn-on and turn-off delays which
was analysed in section 4.4.2 are given by

V(@) = V-V )l -e " r, W) (4.38)
‘ tn Yo~ Va 0 (4.39)

o — 1,0, (n ——— S N
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V() = V-V, ) e vy, ) (4.40)
' RC, ¢ Ve Ve () (441
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Cooling of Power Switching
Semiconductor Devices

Semiconductor power losses are dissipated in the form of heat, which must be
transferred away from the switching junction. The reliability and life expectancy of any
power semiconductor are directly related to the maximum device junction temperature
experienced. It is therefore essential that the thermal design determines accurately the
maximum junction temperature from the device power dissipation.
Heat can be transferred by any of, or a combination of, three mechanisms, viz.,
convection, conduction, and radiation.
Electromagnetic thermal radiation is given by
P =ceA(T' ~T) .1

where g is the Stefen-Boltzmann constant (5.67x10™ W/m?K*)

¢ is a surface property, termed emissivity, see table 5.4

A is the area involved in the heat transfer

T is absolute temperature

The one dimensional model for general molecular heat transfer is given by

P =-24 O a9 (W) (5.2)

ol ot
where P, is the rate of heat transfer (that is, the power dissipated)
OT=T,-T, or AT, is the temperature difference between regions of heat transfer
A is thermal conductivity, see Table 5.2
y is density of the heatsink material
c is specific heat capacity, 4T=W/mc
¢ is distance (thickness).

Assuming steady-state heat dissipation conditions, then §7'/5¢ =0 in equation (5.2).
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Conduction through a solid is given by
A4

P,=22AT W) (5.3)
Convection heat transfer through fluid or air, under steady-state conditions, is given by

P, = hAAT (W) (5.4)
The heat transfer coefficient 4 (=4 /() depends on the heat transfer mechanism used
and various factors involved in that particular mechanism.
For natural vertical convection in free air the losses for a plane surface may be
approximated by the following empirical formula

P, =1354 4}A[T< (W) (5.5)

where ¢ is the vertical height in the direction of the air flow.
Two case occur for forced air flow, and the empirical losses are
for laminar flow

P, =394 AT\]% W) (5.6)
for turbulent flow
P,=6.04 AT\{% W) (5.7)

where v is the velocity of the vertical air flow.
It is generally more convenient to work in terms of thermal resistance which is defined
as the ratio of temperature to power. From equation (5.4), thermal resistance Ryis
AT 1 /
L R YRy (K/W) (5.8)
The average power dissipation P, and maximum junction temperature Tjma, plus the
ambient temperature 7, determine the necessary heat sink, according to equation (5.8)
T..-T
P W) 5.9
0i-a
where Ry, is the total thermal resistance from the junction to the ambient air. The
device user is restricted by the thermal properties from the junction to the case for a
particular package, material, and header mount according to
T.-T
> = /r;; c (W) (5.10)
Ojc
where T, is the case temperature, K and
Ry is the package junction-to-case thermal resistance, K/W.

An analogy between the thermal equations and Ohm’s law is often made to form
models of heat flow. The temperature difference 4T could be thought of as a voltage
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drop AV, thermal resistance R, corresponds to electrical resistance R, and power
dissipation P, is analogous to electrical current I.  [viz., AT=P,Ry = AV=IR]

5.1 Thermal resistances

A general thermal radiation model, or thermal equivalent circuit for a mounted
semiconductor is shown in figure 5.1. The total thermal resistance from the virtual
junction to the open air, Ry, is

+R,.)
+R

Os-a

R, =R, + Rl

’ R, +R

In applications where the average power dissipation is of the order of a watt or so,
power semiconductors can be mounted with little or no heat sinking, whence

R,.,=R, . +R,, (K/W) (5.12)

Oja Vi<

(K/W) (5.11)

e-s

Generally, when employing heat sinking Ry.., is large compared with the other model
components and equation (5.11) can be simplified to

Ry =Ry +R, +R,, (K/W) (5.13)
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Figure 5.1. Semiconductor thermal radiation equivalent circuit.

5.1.1 Contact thermal resistance, Ry,

The case-to-heat-sink thermal resistance Ry.s depends on the package type, interface
flatness, mounting pressure, and whether thermal-conducting grease and/or an
insulating material is used. In general, increased mounting pressure decreases the
interface thermal resistance, and no insulation with thermal grease results in minimum
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Rye. Common electrical insulators are mica, aluminium oxide, and beryllium oxide in
descending order of thermal resistance, for a given thickness and area. Table 5.1 shows
typical contact thermal resistance values for smaller power device packages, with
various insulating and silicone grease conditions.

5.1.2  Heat-sink thermal resistance, Ry;.,
The thermal resistance for a flat square plate heat sink may be approximated by

R.= 2o B¢ (K/W) (5.14)

Osa \/ﬂ s A

Typical values of heatsink thermal conductance 4 in W/K cm at 350 K, are shown in
Table 5.2 and

( is the thickness of the heat sink in mm

A is the area of the heat sink in cm?

Cyis a correction factor for the position and surface emissivity of the heat-sink
orientation according to Table 5.3.

Table 5.1. Typical case-to-heat-sink thermal resistance value for various packages

Package Insulating washer Rec-s (K'W)
Silicone grease
with without
No insulating washer 0.10 1 22? 45
TO-3 Teflon 0.7-0.8 o
X 1.2-1.5
Mica (50 -100 pm) 0.5-0.7
No insulating washer 0.15-0.2 (1)2:2(5)
TO-66 Mica (50 -100 pm) 0.6-0.8 1‘2_1 '4
Mylar (50 -100 ym) 0.6-0.8 o
1.5-2.0
No insulating washer 0.3-0.5
T0-220 Mica (50 -100 pm) 2.0-25 4.0-6.0
No insulating washer 0.1-0.2 0.4-1.0
T0-247 Mica (50 -100 ym) 0507 1215
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Table 5.2.  Thermal conductivity Table 5.3.  Heatsink correction factor
Material A(W/K cm) Surface position
diamond 2 Cy Shiny Blackened
aluminium 2.08 vertical 0.85 0.43
copper 3.85 horizontal 1.0 0.50
brass 1.1
steel 0.46
mica 0.006
beryllium 2.10
oxide ceramic 14 Table 5.4. Emissivity values
Al,05 0.27 Material B
solder (non-lead) 0.44 Matt surface 0.95
silicon grease 0.01 Polished aluminium  0.04
still air 0.0004 Al,0; 0.15

The correction factor Cy illustrates the fact that black surfaces are better heat radiators
and that warm air rises, creating a 'chimney’ effect. Equation (5.14) is valid for one
power-dissipating device, in the centre of the sink, at a static ambient temperature up to
about 45°C, without other radiators in the near vicinity.
In order to decrease thermal resistance, inferred by equation (5.8), finned-type heat
sinks are employed which increase sink surface area. Figure 5.2 illustrates graphs of
thermal performance against length for a typical aluminium finned heat sink. This
figure shows that Ry, decreases with increased sink length. Minimal reduction results
from excessively increasing length as shown in figure 5.2b.
Unless otherwise stated, the heat sink is assumed black and vertically mounted with
negligible thermal resistance from case to sink. In accordance with the data in table 5.3,
a general derating of 10 to 15 per cent for a bright surface and 15 to 20 per cent in the
case of a horizontal mounting position, is usually adopted.
The effective sink thermal resistance can be significantly reduced by forced air
cooling, as indicated in figure 5.3 and equations (5.6) and (5.7). If the air flow is

. laminar, heat loss is proportional to the square root of air velocity;

. turbulent, velocity to the power of 0.8.
Liquid cooling can further reduce effective thermal resistance to as low as 0.1K/W and
may provide a much more compact heat-sink arrangement. Both oil and water are used
as the coolant and the heat-sink arrangement can either be immersed in the fluid, or the
fluid is pumped through the heat sink. The heat can then be dissipated remotely. Water
has the advantage of low viscosity, so can be pumped faster than oil. While oil may be
inflammable, water corrodes thus requiring the use of de-ionised water with an oxide
inhibitor, like antifreeze. Oil emersion has the added advantage of offering possibilities
of increasing the breakdown and corona voltage levels, particularly with devices rated
above a few kilovolts.
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Heat pipes are efficient, passive, thermal devices for extracting and remotely
dissipating heat. A heat pipe is a hollow metal or ceramic tube (for high voltage
isolation), typically less than Imm diameter and a few hundred cm long, closed at each
end and containing a dielectric, non-electrical conducting transfer fluid (refrigerant
such as methanol, Freon or even water) under reduced pressure so as to reduce the fluid
boiling point. The component to be cooled is mounted on the evaporator end (the hot
end), where the heat boils and expands the liquid to the vapour phase. This vapour rises
through the adiabatic tube section to the remote condenser end of the tube (the cold
end), taking the heat within it. The vapour condenses back to the liquid phase, releasing
its latent heat of vaporisation, and creating a pressure gradient which helps draw more
vapour towards the condenser. The temperature difference between the ends may only
be a couple of degrees. The remotely situated condenser end is connected to an external
heatsink or a radiator type grill, for cooling. The condensed working fluid runs back to
the evaporator end due to gravity, or along a wick due to capillary pressure action,
depending on the physical application orientation design for the heat pump. The
typical temperature operating range is -55°C to over 200°C.
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Figure 5.2. Heat-sink typical data:
(a) cross-section view, (b) heat-sink length versus thermal resistance for a matt black
surface finish; (c) temperature rise versus dissipation for an anodised finish and
different lengths,; and (d) as for (c) but with a matt black surface finish.
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The heat power transfer capabilities of a heat pipe are related to its cross-sectional area
A and length £ according to

P=k§ (W) (5.15)

while the temperature difference AT between the hot and cold ends is

pf L, L
AT—kP[Al - J (K) (5.16)

where 4, and A4, are the effective evaporator and condenser areas.

5.2 Modes of power dissipation

For long, >1ms, high duty cycle pulses the peak junction temperature is nearly equal to
the average junction temperature. Fortunately, in many applications a calculation of the
average junction temperature is sufficient and the concept of thermal resistance is
valid.

Other applications, notably switches driving highly reactive loads, may create severe
current-crowding conditions which render the traditional concepts of thermal design
invalid. In these cases, transistor safe operating area or thyristor di/dt limits must be
observed, as applicable.

o8
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Figure 5.3. Variation of forced air cooled heat-sink relative thermal resistance
with surface air flow.
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In yet other applications, intermittent operation in extreme temperature conditions may
cause thermal shock and can introduce deep thermal cycling problems with wafer
mountings in multi-chip large area packages. Large rapid temperature changes in
excess of 80°C, stress the hard solder bonding, causing fatigue and eventual failure
after a finite number of cycles N, approximated by
-~k
AxAT?
where 4 is the die area and AT is the thermal shock temperature change. The constant
k depends on the package, type of hard soldering, etc. Large, multiple die IGBT
packages suffer from thermal shock limitations, relatively low reliability, because of
the sheer large number of die interconnected over a large area in the module.
Floating silicon wafers in disc type packages suffer from differential thermal
expansion.
In a related thermal application, where the power dissipated in the semiconductor
consists of pulses at a low duty cycle, the instantaneous or peak junction temperature,
not average temperature, may be the limiting condition. Figure 5.4 shows by
comparison such a condition, where the operating frequency, not the maximum power
dissipated, is dominant in determining junction temperature. In this case thermal
impedance Zy.. is used instead of thermal resistance Ry;.. such that Zy.. = r(t,) Ry...
where 7(t,) is the normalising factor yielded from the normalised transient thermal
impedance curves for the particular device. Appropriate values for the pulse width ¢,
and duty cycle factor § must be used.
-

(5.17)
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Figure 5.4. Waveforms illustrating that peak junction temperature is a function of
switching frequency:
(a) lower switching frequency with 10 ms pulse and a 20 per cent duty cycle and
(b) high frequency and 1 ms pulse with a duty cycle the same as in (a).
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5.2.1  Pulse response

The concept of thermal impedance is based on rectangular power pulses. Non-
rectangular pulses are converted to equivalent energy, rectangular pulses having the
same peak power, P,, of period #,, as shown in figure 5.5. The resultant rectangular
power pulse will raise the junction temperature higher than any other wave shape with
the same peak and average values, since it concentrates its heating effects into a shorter
period of time, thus minimising cooling during the pulse. Worse case semiconductor
thermal conditions result.

Figure 5.6 shows the thermal impedance curves for a power switching device,
normalised with respect to the steady-state thermal resistance Ry... The curve labelled
'single pulse’ shows the rise of junction temperature per watt of power dissipated as a
function of pulse duration. The thermal impedance for repetitive pulses Z, of duty cycle
J, can be determined from the single pulse value z according to

2(t,,6)=5+(1-6)=(1,) (K/W) (5.18)

The equation (5.10) becomes
T —T T —T
D T W) (5.19)
o Z(t,,0) (t,)R
Note that the peak power value P, is employed, and then only for thermal analysis from
the junction to the case. That is, Zy.. is the only thermal impedance that exists.
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Figure 5.5. Conversion of non-rectangular power pulse (a) into equivalent rectangular
pulse (b).
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5.2.2  Steady-state response

Large cycle-by-cycle temperature fluctuations occur at low frequencies. As frequency
increases, thermal inertia of the junction smoothes out instantancous temperature
fluctuations, as shown in figure 5.4b, and the junction responds more to average, rather
than peak power dissipation. At frequencies above a kilohertz and duty cycles above 20
per cent, cycle-by-cycle temperature fluctuations usually become small, and the peak
junction temperature rise approaches the average power dissipation multiplied by the
steady-state junction-to-case thermal resistance, within a few per cent.
Because of thermal inertia, the heat sink responds only to average power dissipation,
except at low frequencies. The steady-state thermal conditions for the heat sink are
given by
T -T,
2z ik W) (5.20)

e-s Os-a

£

where P, is the average power dissipation, which is the peak power multiplied by the
on-time duty cycle J for rectangular power pulses. The difficulty in applying equation
(5.20) often lies in determining the average power dissipation.
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Figure 5.6. Transient thermal impedance curves; normalised with respect to the
steady state thermal resistance, Rej.c.
5.3 Average power dissipation

Two commonly used empirical methods for determining power dissipation P, are
. graphical integration and
. power superposition.
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5.3.1  Graphical integration

Graphical integration may be formulated by digitally storing a complete cycle of test
device voltage and current under limiting steady-state temperature conditions. Each
voltage and current time-corresponding pair are multiplied together to give
instantaneous values of power loss. Numerical integration techniques are then
employed to give the average power dissipation.

5.3.2  Practical superposition

This technique is based on substituting a smooth dc voltage source for a complex
waveform. A two-pole, two-position switching arrangement is used, which firstly
allows operation of the load with the device under test, until the monitored case
temperature stabilises. Then, by throwing the switch to the test mode position, the
device under test (DUT) is connected to a dc power supply, while the other pole of the
switch supplies the normal power to the load to keep it operating at full power level
conditions. The dc supply is adjusted so that the semiconductor case temperature
remains approximately constant when the switch is thrown to each position for about
10 seconds. The dc source voltage and current values are multiplied together to obtain
the average power dissipated.

5.4 Power losses from manufacturers’ data sheets

The total power dissipation Py is the sum of the switching transition loss Py, the on-
conduction loss P, drive input device loss Pg, and the off-state leakage loss P, .
The average total power loss is given by

= 1] i W) (5:21)

where f; is the switching frequency and v(?) and i(?) are the device instantaneous voltage
and current over one complete cycle of period 1/f;. The usual technique for determining
total power loss is to evaluate and sum together each of the individual average power
loss components.

5.4.1  Switching transition power loss, P,

Figure 5.7 shows typical power device voltage-current switching waveforms. Normally
an exact solution is not required and an approximation based on straight line switching
intervals is usually adequate.

For a resistive load, as derived in chapter 6

P=5VIzf. W) (5.22)
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and for an inductive load, as derived in chapter 6

P =YV izf, W) (6.23)
where 7 is the period of the switching interval (both on and off), and ¥; and 7, are the
maximum voltage and current levels as shown in figure 5.7. Switching losses occur at
both turn-on and turn-off.
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Figure 5.7. Typical voltage and current at turn-off switching transition for:
(a) an inductive load and (b) a resistive load.
Current and voltage are interchanged at turn-on.

5.4.2  Off-state leakage power loss, P,

During the switched-off period, a small, exponentially temperature dependent current
1,, will flow through the switch. The loss due to this leakage current is

F=1V,(1-9) W) (5:24)
where J is the on-time duty cycle of the switch. Normally P, is only a small part of the
total loss so that the error in neglecting P, is not usually significant.

5.4.3  Conduction power loss, P,
The average conduction power loss under a steady-state current condition is given by

P=517, W) (5.25)
although equation (5.21) is valid in the general case when the integration is performed
over the interval corresponding to d.

The conduction loss for the MOSFET is usually expressed in terms of its on-state
resistance (equations (3.14) and (4.12))
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R = 5 Ij(rm.\JRJ\(rmJ

. a 7,-25°C (5.26)
=01, R 25°C)q 1+ — W
o Ratn >{ 100} W)

where « is the temperature coefficient of the on-state resistance, which is positive. A
linear resistance approximation of equation (5.26) is quite accurate above 25°C if «v is
small, such that P, can be approximated by

PRSI R,,, @50 {1+ a(T, -25°0) (W) (527)

5.4.4  Drive input device power loss, P

A portion of the drive power is dissipated in the controlling junction or, in the case of
the MOSFET, in the internal gate resistance. Usually more power is dissipated in the
actual external drive circuit resistance. Drive input loss is normally small and
insignificant compared with other losses, and can usually be ignored.
Two possible exceptions are:
. One notable exception is in the case of the power thyristor, where continuous
gate drive is used to avoid loss of latching or when the holding current is high. The
holding current can be 3% of the anode current thus the gate to cathode junction loss
can be included in the total loss calculation for better accuracy. Thus, for a gate
junction voltage Vg the gate losses are given by
P=51F, (5.28)
The recovery loss of the gate commutated thyristor (GCT) cathode junction can be
included since it is significant because the full anode current is extracted from the
gate, thus is involved in recovery of the cathode junction.
. A second exception is the MOSFET and IGBT at high switching frequencies,
>50kHz, when the loss in the device, associated with providing the gate charge QOr is
given by equation (4.35):

- R,
PR =V O f, o= W) (5.29)

Gin T Lgext
5.5 Heat-sinking design cases

Heat-sink design is essentially the same for all power devices, but the method of
determining power loss varies significantly from device type to device type. The
information given in data sheets, in conjunction with the appropriate equation in table
5.2, allows the designer to calculate power semiconductor thermal rating for a variety
of conditions.

Table 5.4. Power rating equations based on thermal considerations
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5.5.1  Heat-sinking for diodes and thyristors

At low switching frequencies (<100 Hz), switching loss can be ignored. In the case of
rectifying diodes or converter-grade thyristors, 50 to 60 Hz, switching loss can usually
be ignored. Fast-recovery power diodes switching at less than 500Hz can also have
switching losses neglected at low V4 levels.

5.5.1i - Low-frequency switching

At a given current level /7 and on-time duty cycle J, on-state power loss can be read
directly from the manufacturers’ data. Figure 5.8a illustrates loss for square-wave
power pulses, while figure 5.8b illustrates loss in the case of half-wave sinusoidal
current. Figure 5.8b gives energy loss per cycle, which may be converted to power
when multiplied by the sinusoidal pulse frequency.

Thyristor loss due to the current waveform initial rate of rise of current, di/dt, can be
incorporated and its contribution is added into the manufacturers’ conduction loss data
for a given device type.

5.5.1ii - High-frequency switching
At frequencies greater than about 100 Hz, fast-recovery diodes are normally employed
and at about 500Hz, switching losses must be added to the on-state conduction loss.
Diode turn-off loss is usually more significant than turn-on loss. Manufacturers provide
maximum reverse recovery charge, Qg, characteristics as shown in figure 5.9. The
reverse recovery charge is a linear function of temperature and between the given
junction temperatures of 25°C in figure 5.9a and 150°C in figure 5.9b, interpolation of
Qg is used.
The reverse recovery W.s/pulse, Jz, can be approximated by

1, =V,0, ™ (5.30)
where Vy is the reverse voltage applied to the diode just after turn-off. The reverse
recovery average power loss is given by

P=V0uf, W) (531)

The total average power loss is the algebraic sum of the steady-state conduction loss
and the recovery loss.

Example 5.1:  Heat-sink design for a diode

A fast-recovery diode switches 60 A rectangular current pulses at 10 kHz. The off-state
bias is 400 V and the external circuit inductance limits the reverse d//dt to 100 A/us.
If the device junction-to-case thermal resistance is 0.7 K/W, calculate the minimum
heat-sink requirement with a 50 per cent duty cycle, if the maximum ambient
temperature is 40°C.
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Figure 5.8. Diode on-state energy loss at low frequency as a function of forward
current for: (a) squarewave power pulses and (b) sinusoidal power pulses.

Solution

The steady-state loss given from figure 5.8a is about 40 W when using v, = 30 A for
0=0.5.

Minimum heat-sinking requirements occur when 7} is a maximum, that is 150°C from
figure 5.9b. From figure 5.9b, for dl/dt = 100 A/ps and [ = 60 A, the maximum
reverse recovery charge is 1.3 pC. The switching power loss (over estimate) is given by
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P=0V./,
=1.3uCx400Vx10kHz = 5.2W
The total power loss is therefore
P =40+52=452W
Since the frequency and duty cycle are both high, the concept of thermal resistance is
appropriate; that is

T,=T,+F (R +R,,)
Therefore 150°C =40V +452A x(0.7+ R, ,)
whence R, =173 K/W

Figure 5.2b shows that a minimum of 50 mm length of matt black heat sink is required.
This assumes that the case-to-sink thermal resistance is negligible. In order to improve
device reliability and lifetime, operation at Tjn,, is avoided. A derating of 40 to 50°C
significantly reduces junction thermal fatigue and can result in a tenfold improvement
in reliability. To restrict Tjpa to 100°C, Ry..,=0.7 K/W, necessitating 120 mm of the
heat sink as characterised in figure 5.2b. The flatness of the Ry, curve means that the
effectiveness of the heat sink is diminished and a shorter length of a profile offering
lower thermal resistance would be more effective in reducing device thermal fatigue.

L]
Qg On
{uC) (pC)
Ig
120 A
60 A
2 40 A 2+
10A
1k 1k
Ti=25°C 7, =150°C
1 1 L ' 1 L L I — 1 1 1 1 1 1 |
20 50 100 500 1000 20 50 100 500 1000
(Afus) die fdr [Afps) dfe fdt
(a) (b}

Figure 5.9. Reverse recovery charge as a function of forward current and dIz/dt at:
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(a) 25°C and (b) 150°C junction temperature.
5.5.2  Heat-sinking for IGBTs

The IGBT conduction loss is related to the gate voltage and the collector current
magnitude, which specify the on-state voltage. No simple power loss characteristic is
possible, as in figure 5.8 for the diode and thyristor. Fortunately, the power switching
IGBT is used in such a way that its on-state collector-emitter voltage is fairly constant,
whence conduction loss is given by

P=5v.1 W) (5.32)

Example 5.2: Heat-sink design for an IGBT- repetitive operation at a high duty cycle
A power IGBT is used to switch a 20 A, 100 V highly inductive load at 10 kHz. The
transistor maximum on-state duty cycle is 90 per cent and the device has a junction-to-
case thermal resistance of 0.7 K/W. The transistor on-state voltage is maintained at 2 V
and the switch-on and switch-off times are 1 and 2 ps respectively. If the junction
temperature is not to exceed 125°C with a maximum ambient temperature of 35°C,
what is the minimum heat-sink requirement? Assume that the transistor is in a T0247
package, which is mounted directly on the heat sink but with silicone grease used.

Solution
Since both the duty cycle and switching frequency are high, the peak junction
temperature is closely approximated by the average junction temperature. That is, the
concept of thermal resistance is valid.
The on-state power loss is given by
P=6v,1,
=0.9x 2Vx20A =36 W
From equation (5.23), the switching losses for an inductive load are
P = Rmn) + Rmm
15x100 x 20 x (1ps +2ps) x 10 kHz =30 W
Total power losses P, are 36W+30W = 64 W.

From
e = Lo+ B(Rye + Ryl + R,)
125°C = 35°C + 64Wx(0.7+0.1 +R, )
Therefore R,., =0.53 K/W

The case-to-heat-sink thermal resistance value of 0.1 K/W for a T0247 non-insulated
case using silicone thermal grease was obtained from table 5.1. To obtain the minimum
heat-sink thermal resistance of 0.53 K/W, 150 mm of the heat sink with cross-section
shown in figure 5.2a is required. Clearly a sink profile that has a lower thermal
resistance per unit length would be more suitable.
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&»
5.5.3  Heat-sinking for power MOSFETs

Switching losses in MOSFETSs tend to be low at frequencies below 20 kHz and therefore
may be neglected, along with gate and off-state losses. Conduction loss is generally
expressed in terms of the on-state resistance as I°R loss. The first step in the thermal
design is to determine the total power dissipation in the device, which is generally
dominated by the conduction loss. Determination of this loss is not trivial since, while
the power dissipation determines junction temperature, the power dissipation itself is a
function of junction temperature, because the on-state resistance increases with
temperature, as shown in figure 3.13.

Example 5.3:  Heat-sink for a MOSFET - repetitive operation at high peak
current, low duty cycle

Find the thermal resistance of the heat sink needed for a MOSFET conducting a

repetitive 20 A rectangular current waveform. On-time is 10 ps, duty cycle is 0.1 per

cent and the maximum ambient temperature is 40°C. Assume Ryyon) at 150°C and 20 A

is 5 Ohms, and Ry = 1.5 K/W.

Solution

Since the on-state duty cycle and switching frequency are both low, the peak junction

temperature at the end of the on-period will be significantly different from the average

junction temperature. The concept of thermal resistance from junction to case is

therefore invalid; the concept of thermal impedance is used instead.

The power per pulse = P,= FPR=20*x5Q=2x10°W

The case temperature is given by

T/ = 7: + Pp XZﬂJ—c

T +Prt)R

where r(1,) is the transient thermal impedance factor for the junction-to-case. For a 10

us pulse from figure 5.6, 7(2,) = 0.03, assuming 6=0.001~ a single pulse condition, thus
150°C=T +2x10’ x 0.03 x 1.5

that is T. =60°C

bj-c

Because of the heat-sink thermal inertia, the concept of thermal resistance is used for
calculations involving the heatsink. That is

T =T + PR, =T +5PR,,
60°C = 40°C +0.001 x 2x10° x R,
thus R, = 10K/W

e

The heat sink of cross-section shown in figure 5.2a is not suitable in this application,
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and one of a much smaller surface area is applicable. A heatsink may not be necessary
since the package thermal resistance Ry, shown in figure 5.1, may be less than
10K/W, there in satisfying equation (5.12). See problem 5.4.

L]

If the junction operating temperature is unknown but can be assumed greater than
25°C, from equation (5.27), the total power loss can be expressed as

P =P+ 1} R, ., (25°C) {1+ a (T, - 25°C)} W) (5.33)

d(ems)” Vs (on)

where P, represents all losses other than the conduction loss, and is assumed
temperature independent The temperature coefficient o for Ryyen(25°C) is positive,
typically 1 per cent/K as indicated in figure 3.13. The usual thermal equality holds, that
is

T=T +R, P ) (5.34)

j a i La
Combining equations (5.33) and (5.34) by eliminating 7; yields
P+I R, (25°C){1+a(T,-25°C)}

d(ms)

P = - W 5.35
‘ 1=} Ry (25°C) R Wy 639

di

Oj-a
The denominator yields an asymptotic maximum drain current of

1
Ly =———— (A) (5.36)
" R (@5°C) a R,
at which current thermal runaway would result. In practice, insufficient gate voltage is
available and the device would leave the constant-resistance region and enter the

constant-current region, where the above analysis is invalid.

Example 5.4: Heat-sink design for a MOSFET -repetitive operation at high duty cycle
A power MOSFET switches 5 A rms at 10 kHz with a maximum on-state duty cycle of
90 per cent. The junction-to-case thermal resistance is 0.7 K/W, the maximum ambient
temperature 35°C, and on-state resistance at 25°C is 1 Ohm. If the heat-sink
arrangement yields an effective case-to-ambient thermal resistance of 1.3 K/W and
«=0.01 /K, what is the junction operating temperature?

Solution

Since the switching frequency and duty cycle are both relatively high, the thermal
resistance concept based on average junction power dissipation is valid.

Assuming zero losses other than conduction losses, then P, = 0. Equations (5.33) and
(5.34) rearranged to eliminate P, yielding
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T 4R, 15 Ry (25°0){1-25a
I = Lt RoLion R @O - 250} W) 537
/ 1=aR,, I} Ry (25°C)

0j-a ™ d(ems) " ds on)

Assuming typical o= 0.01/K and Ryj..= Rgj-ct Roc-a

_35°C + 2x5° x10x(1-25x001)
! 1-0.01x2x5 x1Q
&»

= 145°C

Example 5.5: Two thermal el tsac h
A dc chopper has a MOSFET switch that dissipates 40W and a load freewheel diode
that dissipates 24W. Each power device is mounted on a common heatsink. The
MOSFET has a junction-to-case thermal resistance of 0.7K/W and a case-to-heatsink
thermal resistance of 0.5K/W. The diode has a junction-to-case thermal resistance of
0.8K/W and a case-to-heatsink thermal resistance of 0.6K/W.

i. Determine the maximum heatsink thermal resistance that maintains both junction
temperatures below 90°C in a 30°C ambient.

ii. Semiconductor lifetime approximately doubles for every 10°C decrease in junction
temperature. If the heatsink in the previous case is fan cooled, estimate the lifetime
improvement if the heatsink thermal impedance is halved with fan cooling.

iii. If the load current is constant (25A) and the switch and diode on-state voltages are
the same, determine the chopper on-time duty cycle and device instantaneous losses
assuming no switching losses (only on-state losses).

Toiode Trransistor
Solution
i. Applying Kirchhoff’s voltage law to each loop of the 24w aow
equivalent thermal circuit shown gives: Ropjc Rerjc
T, ~T, = 20W x(0.8K/W +0.6K/W) = 28°C 0.8KIW 0.7KIW
T, —T, =40W x(0.7K/W +0.5K/W) = 48°C Repc.nsc Rerchs
. ] . 0.6KIW 0.5K/W
Since both semiconductor devices are mounted on the
same heatsink, 7}, is the same in each case, the MOSFET
virtual junction will operate 20°C hotter than the diode Ronsae
junction. Therefore the MOSFET junction temperature
should not exceed 90°C, that is g:’v';’ T,
90°C—T, =40W x(0.7K/W +0.5K/W) = 48°C =30°C

giving a heat sink surface temperature of 90°C - 48°C = 42°C and a diode junction
temperature of 42°C + 28°C = 70°C. The heatsink thermal resistance requirement is

T, T, = 42°C=30°C = R,,_, x (40W +24W)
_42°C-30°C _12°C/
Boe = B0W+24W = Joaw T 01KV
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ii. Assume device losses are not affected by temperature and the heatsink thermal
resistance is decrease to ¥2x0.19=0.095K/W, then
T, T, =T, —30°C = 0.095K/W x (40W +24W)

T, =0.095K/W x(40W +24W)+30°C = 36.1°C

hs
The device junction temperatures are given by
T,, —36.1°C = 20W x(0.8K/W + 0.6K/W) thatis T, =64.1°C

T, —36.1°C = 40W x (0.7K/W +0.5K/W) thatis T, =84.1°C

The junction temperature of each device has decreased by about 6°C, so although the
lifetime will have increased, lifetime improvement is not doubled. Device package
thermal properties are more dominant than the heatsink in determining junction
temperatures.

iii. If the on-state duty cycle is J and the instantaneous device losses are P (and the
same since on-state voltage is the same for both devices and the current is constant
hence the same when each device is conducting) then

mosfet OP =40W

diode (1-5)P=24W
Summing these two equations gives an instantaneous loss of P = 64W, whence a switch
on-state duty cycle of 0 = %, that is the switch conducts for 62}2% of the cycle period.
The diode on-state voltage is therefore 64W/30A= 2.13V and the MOSFET on-state
resistance is 64W/30A% = 71mQ.

L]

Example 5.6: Six thermal elements in a common package
A three phase full-wave diode rectifier package consists of six diode die within a single
module. The junction-to-case thermal resistance of each die is 0.24K/W. The module is
mounted on a heatsink with a module-to-heatsink contact thermal resistance of 0.2K/W
and a heatsink-to-ambient thermal resistance of 0.1K/W. The maximum ambient
temperature is 30°C and high inductive load current is constant at 100A. If the diode
on-state voltage is 1V, determine

i. the diode junction temperature

ii. current to double the rectifier lifetime (decrease junction temperature by 10°C

iii. the heatsink to double the rectifier lifetime (at 100A).

Solution

i. During rectification two diodes always conduct therefore total module conduction
losses are
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P, =2x1 xV, =2x100Ax1V=200W
The figure shows how the six thermal paths can be reduced to the simplified equivalent
thermal model on the right.

T.

0.2K/W
Ths

0.1K/W
T. 30°C

Applying Kirchhoff’s voltage law
T, =T, =P, x(fR, +R,

—hs

+R,,.)
T,-30°C =200W x(%x0.24K/W +0.2K/W +0.1K/W) = T =98°C

ii. If the current is to reduce so as to decrease the diode junction temperature by 10°C
then
T -T,=P, x(%Rﬂ/ (+R,, +R, )
88°C—30°C=P, x (%x0.24K/W +0.2K/W +0.1K/'W) = P, =170.6W
Assuming the diode on-state voltage drop is independent of current, that is remains 1V

then
B, =2x1,xV,,

170.6W =2x1 xIV = I =853A
iii. When the junction temperature is reduced by 10°C to 88°C by decreasing the
heatsink thermal resistance, and the constant load current is maintained at 100A

T, =T, =P, x(ViRy + R, +R,.,)

88°C —30°C = 200W x (0.04K/W + 02K/W + R, ,) = R, ,=05K/W
*
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Problems

5.1. A thyristor bridge switches at 1 kHz and the total energy losses per thyristor
are 0.01 Joule per cycle. The thyristors have isolated studs and a thermal resistance of 2
K/W. The heat sink has a thermal resistance of 1.8 K/W. Calculate the maximum
number of thyristors that can be mounted on one heat sink if the thyristor junction
temperature is not to exceed 125°C in an ambient of 40°C. What is the heat sink
temperature?

[3 devices, T,= 94°C] Frasing

L

T
R
Figure 5.10
5.2. A transistorised switch consists of two IGBTs and two 1 Ohm current-sharing

resistors, as shown in figure 5.10, mounted on a common heat-sink. Each transistor has
a thermal resistance Ry, of 2 K/W, while each resistor has a thermal resistance Rgr.ps
of 1 K/W. The maximum switching frequency is 1 kHz and the maximum duty cycle is
99.99 per cent. The heat-sink thermal resistance R, is 1 K/W. The energy losses per
transistor are 5 mJ/A per cycle. If the ambient temperature is 30°C, maximum
allowable junction temperature is 150°C, and the maximum allowable resistor internal
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temperature is 100°C, calculate the switch maximum current rating based on thermal
considerations. What are the operating temperatures of the various components,
assuming ideal current sharing?

[6.88 A, T, = 100°C, T}, = 88°C, T; = 122.5°C]

5.3. Figure 5.11a shows the circuit diagram for a power current sink which utilises
a 40V source. Both the IGBTs T and wire wound resistors R are mounted on a common
heat-sink, of thermal resistance Rgps, = 1 K/W. The transistor has a thermal resistance
of 2 K/W from the junction to the heat-sink, and 10 K/W from the junction to air via
the transistor casing exposed to the air. The resistor has a mounting thermal resistance
from the insulated wire to the heat-sink of 1 K/W and 10 K/W from the wire to the air
via its casing exposed to the air. The maximum transistor junction temperature is 423
K, the maximum resistor wire temperature is 358 K and the ambient air temperature is
303 K.

Vit nmo
T <5
2
£ 50
3
10| |# &
1 | | | 1
25 50 75 100 125 150
7 T1°C)
ta) Figure 5.11 (5]

Based on thermal considerations, what is the maximum current rating of the current
sink and under such conditions, what is the heat-sink temperature?

What power rating would you suggest for the 1 Ohm current measurement resistor?
Are there any difficulties in operating the transistor in the linear region in this
application if it is in a 120 W dissipation package which is derated according to figure
5.11b?

[1.36 A, 69°C,>2 W]

5.4. A power IGBT switches a 600 V, 25 A inductive load at 100 kHz with a 50 per
cent on-time duty cycle. Turn-on and turn-off both occur in 100 ns and the collector
on-state voltage is to be 2 V.

Calculate the total power losses, P,, of the switch.

The switch has a thermal resistance Ry = 0.05 K/W, and the water-cooled heatsink
provides a thermal resistance Rgns.w = 0.05 K/W. Calculate the operating junction
temperature if the water for cooling is maintained at 35°C.
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The 25 A steady state load current is stepped to 200 A. Calculate the surge power
dissipation P;, at 200 A, assuming transistor switching and on-state characteristics
remain unchanged.

The junction temperature for a power surge during steady-state operation is given by
case (d) in table 5.2.

With the aid of figure 5.6, determine the junction temperature at the end of a 0.1s, 200
A pulse. How long is it before the junction temperature reaches T = 125°C, with a
collector current of 200 A? (Assume Ry =0).

[175 W, 52.5°C, 1400 W, 112.6°C, 0.5 s]

55 Rework example 5.4, finding the case temperature when the switching losses
equal the on-state loss.

cooling
fins

Tamb

evaporation

condensation

Figure 5.12. Heat pipe.




Load, Switch, and Commutation
Considerations

Power switching devices are employed for controlling inductive, resistive or capacitive
loads. Inductive loads include transformers, solenoids, and relays. High-current in-rush
occurs with loads such as incandescent lamps, pulse-forming networks, snubbers, and
motors. Incandescent lamps are essentially resistive, but the cold resistive in-rush
current during turn-on is 12 to 18 times the steady-state current. This turn-on surge
presents special switch-on problems. Capacitive loads, such as fluorescent lighting,
also present high-current in-rush at turn-on.
The interaction of the load circuit on the switch arrangement and its commutation
depends on three inter-related factors.
e The type of load, usually inductive.
e Switching mechanism classification, how the load effects switching
commutation, namely hard switching, resonant, etc.
e The switch characteristics required to fulfil the supply and load I-V
requirements, such as a bidirectional current switch, an asymmetrical
sustaining voltage switch, etc.

Each of the three factors and their interdependence with the switching mechanisms
are considered separately.
6.1 Load types
The two principal load types of general interest in power electronics are
e the resistive load and

e the inductive load.

Turn-on and turn-off voltage and current switching waveforms, hence losses in a
switch, depend on the type of load.
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6.1.1  The resistive load

A purely resistive load is rarely encountered in power switching applications. Figure
6.1 shows a simple resistive load being switched by a common emitter-connected
IGBT transistor, which could equally be another appropriate semiconductor switch, for
example, a MOSFET. When the gate is driven by the voltage waveform shown in figure
6.2a, the resultant collector voltage and current waveforms are as shown in figures 6.2b
and 6.2c. These figures show that at turn-on, as the collector current increases, the
voltage across the load increases proportionally, as the collector voltage v, decreases at
the same rate. That is, at turn-on,v_(¢)=V, —i ()R,, while at turn-off the inverse
process occurs. Figure 6.2d shows transistor instantaneous power loss during turn-on
and turn-off, which in each case has a peak value of %Vl,, when the collector voltage
and current reach half their respective maximum values. The energy loss W during
switching is given by

W= J.vw(t) i(t)dt 0 6.1

where the integration is performed over the switching transition period.

Ve

Vee
VQ

Figure 6.1. A typical IGBT transistor switching circuit incorporating a resistive load.

Figure 6.3 shows the safe operating area (SOA) characteristics for an IGBT, on
logarithmic axes. Illustrated are the collector switch-on and switch-off trajectories,
which are virtually coincident. In the off-state, point A on figure 6.2b, the transistor
supports the supply rail voltage V; while in the fully on-state, point C on figure 6.2b,
the collector current 7, is V5 /R;, neglecting the low on-state voltage of the transistor.
During switching the collector voltage and current traverse the -V switching trajectory
between the steady-state operating conditions V /R, and V, as shown in figure 6.3.
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Losses
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Figure 6.2. Transistor switching waveforms for a resistive load:
(a) on-off gate drive voltage,; (b) collector-to-emitter voltage; (c) collector and load
current waveform,; and (d) instantaneous collector-emitter losses.

It is important that this trajectory does not exceed the shown SOA bounds set by the
device voltage and current limits, and that the SOA region be traversed rapidly. For
slow transitions, greater than a few microseconds, power dissipation considerations
become the limiting design factor, which is a thermal limitation.
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In order to perform the required thermal design calculations it is necessary to be
able to specify device-switching losses. To simplify analysis, the switching waveforms
shown in figure 6.2 are linearised as shown in figure 6.4. As indicated on these
waveforms, the collector voltage at turn-on is given by v _(f)=V (1-¢/t,)while the
collector current is i (1)=1,t/t, , where I =V /R, . Combining v.(?) and i.(t) by
eliminating time 7, gives

i =V.(1-v,IV)IR, (62)
As shown in figure 6.3, this describes the linear turn-on transition of slope -1/R; from
the on-state voltage with ¥ /R, collector current, shown as C, to the off-state at A
where no current flows and the collector supports the supply V;. Note figure 6.3 uses
logarithmic axes, so the transition trajectory does not appear as a straight line.

Using equation (6.1), the switch-on loss for a resistive load is given by
t

=] va-r
o (63)
1 1V
=glVt, or e )

L
where I, =V, /R, and t,, is the period of the switch-on interval, as shown in figure 6.4.

e
LN 1 S0A
lemax 77777777777777’7777‘|
(o3 B I
\ Switching trajectony [
LA . ON Lok I:-1 _ e |
S RN W I
|
I
OFF |
A
v(t
()] Vi Vees

Figure 6.3. Transistor I-V characteristics showing safe operating area and the
switching trajectory with a resistive load, on logarithmic axes.
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Similarly, using the time dependant collector voltage and current equations shown on
figure 6.4a, the turn-off switching loss is given by

F_ [ L _ L
W=, VL=

- (6.4)
or %?t"" ()

L

where , is the turn-off period as shown in figure 6.4.

=31V

m” stofr

The average power loss due to switching, which is required for the thermal design
outlined in chapter 5, is obtained by multiplying energy loss W by the switching
frequency f;. That is, the turn-on switching loss is given by

P =LV f (W) 6.5)

) (6.6)

(a)

Vilm 14
‘-
-P =Vl [1 _t.,_n,}m‘“‘

P= Vol {1 — 8t )t o

Won = Vil 150 /6 Wy = Vil ton/6

(b)
Figure 6.4. Linear approximations of switching intervals for a purely resistive load:

(a) collector voltage and current linear waveforms and
(b) corresponding energy and power losses.
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Because of IGBT current tailing and voltage overshoot at turn-off, the practical
switching losses will be larger than those given by the linear approximating methods
outlined.

Example 6.1:  Resistive load switching losses

An IGBT switches a 10 ohms resistive load across a 100V dc supply. If the switch on-
state duty cycle is 25%, (0=Y4), calculate the average load voltage and current.
Calculate the switch losses if the switch on time is #,,=1us, switch off time is #,;=2ps,
and the on-state voltage is 2V.

Solution
‘When the switch is on, the current in the resistor is ;=V,/R = 100V/10Q = 10A.
The average load voltage is
V=6V,
=0.25x100V =25V
The average load current is
1, =V,/R=25V/10Q =2.5A
The total switch losses Py are made up of three components.
Pr= on-state loss + loss at switch-on + loss at switch-off
P = oxv, xI, + Vit f + Vi, f.

=0.25x2VX10A + £x100Vx10Ax1psx 10kHz + +x100Vx10Ax2ps x 10kHz
= 5w + 2w + Lw
3 3

= 10W
Since the off-state leakage current and gate power losses are not specified, it is
assumed these are insignificant. Technically the load current should be calculated
based on 98V across the load since the switch supports 2V. Also the switching loss
calculations should use a voltage of 98V, rather than 100V and a load current of 9.8A
rather that 10A. The percentage error is small, and becomes insignificant at higher
voltages.

L]
Example 6.2:  Transistor switching loss for li) electrical transitions
Assume the transistor collector current at turn-off falls according to
i =%I (1 + cosxt/T)) for 0 <t < T, (6.7)

i. For aresistive load, R;, calculate transistor loss at turn-off.

ii. Show that the switching trajectory across the SOA is as for the linear current
fall case, as given by equation (6.2) and shown in figure 6.3.

iii. Calculate the peak power dissipation and the time when it occurs.
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Solution

i.  The collector voltage for a resistive load, on a dc supply V5, is given by
v () =V, =i (DR,
=V, =% (1+coszt/T))R,

and since V, =1 R,
v (t)="2V (1-cosxt/T,)
The turn-off energy loss is given by
w, =" pwa=["i v @)
=, pwdi={ iy, o

:J‘:"/z[m (I+coszt/T))x'2V. (1-coszt/T)) dt

=8l LT
ii. Combining v.(?) and i.(?) so as to eliminate the time variable, yields

4
R

i =

v,
(1*7)

L s

which is the same straight line expression as in equation (6.2) and shown in figure
6.3, for the linear transition case.
iii. Instantaneous power dissipation is given by

V. v,
s (1= Ye
R,( V\)

P = Vl(‘il = vu‘

Peak powerf’ occurs when dP/dv,, = 0, that is, when v, = 2V, whence on substitution
into the power expression P, yields

P=ViV}/R, =ViVI, at t='%I,
*

Turn-on loss can be similarly analysed to yield virtually identical expressions, as is
required in problem 6.4.
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6.1.2  The inductive load

The voltage spikes generated by inductive loads at turn-off may have high energy
content, and the power generated may cause excessive device temperature, voltage
stressing, and device failure.

At turn-off, the switch decreases the inductive load current from /,, to zero at a high
di/dt and the resultant voltage spike is given by

di
=L W)

where L is the load inductance. The spike energy to be absorbed by the switch is given
by
W =YLI. )

o - TV;

aror
Oror

oror
Opgr

ret (d)

Figure 6.5. Four methods of limiting inductive load turn-off voltage spike and of

absorbing the associated energy: (a) freewheel clamping diode; (b) Zener diode
clamp; (c) R-C snubber circuit; and (d) capacitor soft clamp.
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Both the voltage spike and its associated energy may be well outside the
capabilities of the switching device. The peak voltage induced must be limited to a
value below the breakdown rating of the device. Four commonly employed voltage
limiting techniques are shown in figure 6.5.

The freewheel diode Dy in figure 6.5a is used to clamp the maximum device voltage
to the supply rail voltage. The stored load energy is dissipated after turn-off as a result
of the current that flows in the diode and load. The low impedance of the diode causes
the current to decay slowly, since the inductor stored energy can only dissipate slowly
in the freewheeling loop resistive components. A shorter current decay time can be
achieved if series loop resistance R is added, as shown in figure 6.5a. Now the peak
off-state voltage experienced by the switch is increased from V; in the case of the diode,
to Vs + I,R because of the initial voltage drop across the optionally added resistor. This
extra voltage drop, /,,R, decreases exponentially to zero. The resistor in figure 6.5a can
be replaced by a Zener diode, thereby clamping the switch voltage to ¥, + V7 The load
now freewheels at a fixed voltage V7 thereby improving the rate of current decay,
which is now constant. The inductive load current will fall linearly to zero in a time
given by

t =1LV, (s)

An alternative Zener diode clamping circuit, as shown in figure 6.5b, can be
employed in low power applications. The Zener breakdown voltage V. is selected
between the rail voltage ¥, and the switch breakdown Vollage(l{ <V. < V,m) . At turn-
off, the Zener diode clamps the switch voltage to a safe level V7 and absorbs the stored
inductive load energy. The higher the clamping voltage level, the faster the energy is
dissipated. The inductive load current decays linearly to zero in a time given by

(= LI IV~ V) ®) )
The two different Zener diode approaches perform the same switch clamping function
in the same current decay time, if the voltage experienced by the switch is the same,
but with different Zener diode losses. The desirable feature in the case of the Zener
diode in parallel to the switch as in figure 6.5b, is that the protection component is
directly across the element to be voltage protected. When placed in parallel with the
load as in figure 6.5a, the switch is indirectly voltage protected, relying on the supply
decoupling being a low inductance path. A reverse blocking diode Dy is needed.
The parallel switch approach in figure 6.5b has a number of disadvantages

e The Zener diode voltage rating must be in excess of the supply rail, V5, while

any Zener value can be used when the Zener diode is in parallel with the load.

e At higher voltages, >280V, Zener diodes will have to be series connected,

thus the advantage of clamping with just one component is diminished.

e Assuming no resistance in the load, the energy dissipated with the two Zener

diode approaches differs. When in parallel with the load, the load energy
VLI is dissipated while in the second case, load and supply energy are
dissipated in the clamping Zener diode. The extra supply energy, in addition
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to "ALI? , dissipated in the Zener diode, is YALI’ V./(V. =V.). This is derived

by recognising that, assuming a purely inductive load, the supply V delivers a

current /,, which linearly falls to zero over the period given by equation (6.8).
The R-C snubbing circuit shown in figure 6.5¢ is commonly used in power conversion
circuits to limit spikes caused by transformer leakage inductance, diode recovery, and
interconnection wire inductance. The stored load energy is resonated to the snubber
capacitor at switch turn-off. The reset resistor R (non-inductive) must overdamp the L-
C-R oscillation by absorbing the transferred energy. The resistor also limits the snubber
capacitor charging current to Vy/R at switch turn-on. For a purely inductive load, the
snubber resistor power losses are given by the sum of the turn-off and turn-on losses,
that is

P=(LI+YCV?) f (W)

Figure 6.5d shows a capacitive voltage clamp used to soft clamp the switch voltage
overshoot caused by the inductive energy stored in the load. The capacitor retains a
charge of at least V. At switch turn-off, when the switch voltage reaches the capacitor
(supply V) voltage level, the inductive stored load energy is transferred to the capacitor
and concurrently, the capacitor discharges the energy in excess of V; into the supply.
When the capacitor is over charging, energy is taken from both the load inductance and
the supply. When the capacitor discharges through the resistor back into the supply,
the earlier energy taken from the supply is returned. The net effect is that only the
energy LI’ is dissipated in the resistor. A low inductance reset resistor is not

necessary. This capacitive soft voltage clamp is analysed further in chapter 8.2.

Example 6.3:  Zener diode, switch voltage clamping
A reed relay coil of 1 mH inductance is switched at 20 kHz with a 20 per cent on-time
duty cycle, across a 100 V dc rail. The energy stored in the coil at turn-off is dissipated
ina 25V Zener diode connected as shown in figure 6.5a.

i Sketch the coil current and voltage, and the switch voltage waveforms.

ii. What is the average coil voltage?

iii. What Zener diode voltage is required for the circuit in figure 6.5b so as to
produce the same coil current waveform as in figure 6.5a using a 25 V Zener
diode?

iv. For each circuit calculate the power requirement of the Zener diode and the

average power delivered from the 100 V supply.

v. Calculate the minimum resistance that replaces the Zener diode in figure 6.5a
if the coil is to be switched on with almost zero current. Draw the coil current
and switch voltage waveform, showing the switch peak voltage at turn-off.

vi. Discuss the relative features of each voltage clamping approach.

Solution
The three voltage clamping circuits being considered are shown in figure 6.6a.
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Figure 6.6a. Three inductive Ioad_c/amping circuits.

i. With a 20kHz switching frequency, the coil current rises and falls every 50us, with
an on-state duty cycle representing 10us for the current to increase in the coil and
40ps for the current reset decay to reach zero.

From V=Ldi/dt, in steady-state, with zero coil resistance and initial current, the peak
coil current is 7 = V; /L = 100Vx10us/ImH = 1A. Thus the coil current rises
linearly from zero to 1A in 10 ps. During reset, the coil current waveform depends
on the reset circuit. For Zener diode (constant voltage) reset, the current falls
linearly, with a resistor it decays with an L/R exponential time constant, as shown in
figure 6.6b for each case.

The various circuit voltage and current waveforms are shown in figure 6.6b, where
Idata derived from the rest of this cxamplclhas been incorporated.

" P

Z
J 10 50 t(ps) 50 t(us)
switch A switch
/vouzge 175V - voltage
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'
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[ Coil voltage c
oil voltage
+— equalareas /I/ oqual areas
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25V 1 e m e m = ——— 4 A ’
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Figure 6.6b. Coil voltage and current waveforms.

ii. From V=Ldi/dt, for a steady-state continuous waveform, J V,(t)dt =0, thus
1/ij(t)dt =V =0, as shown on the coil voltage waveform.

iii. The parallel Zener diode requirement is V7, = 125V = V+V7 = 100V+25V.
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iv. Zener diode V; in the reset circuit:

The energy Y5LI’is transferred from the coil to the Zener diode when the switch
is turned off. The power dissipated in the Zener diode at 20kHz is therefore
VLI f, =%x1mHx1A*x20kHz = 10 W. The total power drawn from the
supply is the power stored by the coil during the 10ps on-time, 10W.

Zener diode V5, in the reset circuit:

When the coil releases its stored energy (10W) into the Zener, current is also
drawn from the supply. The total average power delivered by the supply over
the 50ps period is given by V.1, =Y%x100V*x1A=50W . This comprises 4LI’
(10W) from the supply into the coil when the switch is on for 10 ps, and the
remainder (40W) into the Zener diode (plus the coil energy, 10W), when the
switch is off for 40 ps.

v. When a resistor is used in the reset circuit, the current decays exponentially from
1A to OA. The resistance determines the peak switch voltage. The resistance
does not affect the amount of energy dissipated, only the period over which the
coil energy is released, dissipated as heat. Assume the coil current to be near
zero after three L/R time constants, that is 3L/R=40us. For L = ImH, this gives
R = 75Q, with a power dissipation rating of 10W from part iv. Use an 82Q
(preferred value), 15W metal oxide resistor for low inductance.

. A Zener diode approach gives a fixed over-voltage on the switch, independent
of current or stored energy. When clamping is in parallel with the switch, only
one clamping element is needed, but its power requirement is significantly
higher than when the clamp is in parallel to the load. Any resistive element
must have low inductance. This is restrictive given the power levels involved,
and may result in only wire wound elements being viable.

L)

Vv

By far the most common technique used to limit inductive switch-off voltage spikes

in power circuits involves the use of a freewheel diode without R, as shown in figure
6.5a and 6.7a. Typical switching waveforms for an inductive load clamped by a
freewheel diode are shown in figure 6.7.

e At turn-off, the switching device conducts the full load current as the
collector voltage rises to the supply rail. When the collector voltage reaches
the supply rail level the freewheel diode becomes forward-biased and begins
to conduct. The switch current then falls to zero. The freewheel diode
conducts the load current.

e At switch turn-on, assuming the diode is still freewheeling load current, the
switch current increases, displacing freewheeling diode current, while the load
is clamped to the rail voltage by the conducting freewheel diode. When the
switch conducts the full load current and the freewheel diode has recovered,
the switch voltage falls to the low on-state level.
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Figure 6.7. Inductive load switching waveforms:
(a) the circuit including the freewheel diode Dy; (b) on-off gate drive voltage; (c)
collector-to-emitter voltage; (d) collector and freewheel diode current; and
(e) switch instantaneous power losses.
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It will be seen in figure 6.7 that during both turn-on and turn-off the switch must
support instantaneously a maximum voltage, V;, and full load current, /,, condition.
These severe electrical conditions are shown on the SOA characteristics in figure 6.8.
In switching on from the operating point A to C, a maximum voltage and current
condition occurs at point D. Because of freewheel diode current reverse recovery
effects at turn-on, an SOA trajectory point B is reached. At turn-off, due to stray
inductance, voltage over shoot occurs and the point E is reached. By comparison with
figure 6.2, it is seen that power losses during the switching intervals are higher for an
inductive load than a resistive load.

. S0 diode
= recovery
LA | fomax o = e . e s e s . s e e s s e e _.l
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I Voltage
on-state ty | overshoot
Im € o E
D
tn A
3y |
|
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AN 1
Rus(on) ti on |
limit |
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Switching ttaiectory‘____-- I
|
off-state = la W)

T

Ve Vees Vee
Figure 6.8. I-V characteristics for an IGBT showing its safe operating area and
switching trajectory for an inductive load.

Switching losses can be calculated by using linear approximations to the switching
transitions. It can be assumed that a silicon carbide Schottky freewheel diode is
employed so as to allow reverse recovery effects to be neglected. Figure 6.9 shows the
linearised switching waveforms for an inductive load, where maximum voltage ¥, and
current ,, occur simultaneously during both turn-on and turn-off. The equations for the
collector voltage and current at turn-on and turn-off are shown in figure 6.9.

The turn-on switching interval loss is given by the time integral over the current
rise period plus the voltage fall period,

w, = K/ﬂ%dz N4 (l—%)lm dt

on

(6.9)
=%Vt )
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Figure 6.9. Linear approximations of transistor switching intervals for an inductive
load: (a) Kirchhoff’s current law I, = ips + ic; (b) Kirchhoff’s voltage law Vs = vpr+ Vee;
(c) collector voltage and current waveforms with switching parameters defined; and
(d) corresponding switching losses.

where #,,= t,; + t;, as shown in figure 6.9. The current rise time at turn-on is termed #,;,
while the switch voltage fall time at turn-on is termed #.
Similarly, the turn-off loss is given by

N IL Lode+ [V,

AN 0

stm Lo

a-Lyar
4 (6.10)
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where t,;= t., + 5 as shown in figure 6.9. The switch voltage rise time at turn-off is
termed ., while its current fall time is termed .

Comparison of switching losses for a resistive load, equations (6.3) and (6.4), and
an inductive load, equations (6.9) and (6.10), shows that inductive switching losses are
three times those for the resistive load case. The peak power experienced by the switch
during switching of an inductive load, Vi/,, is four times greater than that experienced
with a resistive load, %V./l,. As for the resistive load switching circuit, actual switch
losses with an inductive load are higher than those predicted by equations (6.9) and
(6.10). The effects of current tailing, voltage over-shoot, and freewheel diode reverse
recovery can produce losses of the same order as those predicted for theoretical
switching by equations (6.3), (6.4), (6.9), and (6.10).

Example 6.4:  Inductive load switching losses

A MOSFET switches a 10A 100V highly inductive load.

Calculate the worse case switch losses if the switch on time is 7,,= 1ps, switch off time
is t,5= 2ps, and the MOSFET channel on-state resistance is 0.2Q.

Calculate the maximum instantaneous power dissipation in the switch, and when it
oceurs.

Solution

Maximum switch losses occur when the duty cycle approaches one (6—1) such the
both turn-on and turn-off still occur.

The total switch losses Prare made up of three components

Pr= on-state loss + loss at switch-on + loss at switch-off

P =6xI; xR, + Wi, f. + Vi, f,
=1x10°x0.2Q + ¥5x100Vx10Ax 1 us x 10kHz + %4x100V*x10Ax2ps x 10kHz
= 20W + 5W + oW
=25W

Since the off-state leakage current and gate power losses are not specified, it is
assumed these are insignificant. The switching loss calculations should use a voltage of
98V, rather than 100V, since (10Ax0.2Q) 2V is dropped across the channel resistance
of the MOSFET. The percentage error is small, and becomes insignificant at higher
voltages.

Maximum switch loss occurs half-way through the switching period, when the current
is 10A and the drain voltage is 50V. That is, the maximum instantaneous loss is
10AX50V=500W, (YaxI xVy).

L)
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6.1.3  Diode reverse recovery with an inductive load

When a diode conducts the pn region accumulates charge. When the diode turns off
and the current falls to zero, the junction retains charge that must recovery before diode
reverse voltage can be supported. Negative diode current flows. This phenomenon was
considered in chapter 4.2.2 and is shown in figure 6.10. The maximum collector
current at turn-on is increased above the load current level 7, by the reverse recovery
current /,,. The diode begins to support reverse voltage once the peak reverse recovery
current is reached. As a consequence the turn-on losses are increased as shown in
figure 6.10c.

The circuit current at peak recovery has a discontinuous derivative, and as a
consequence, high circuit voltages are induced across circuit stray inductance due to v
= Ldi/dt. High-frequency voltage ringing occurs as the stored energy in the stray
inductance is dissipated and reverse voltages far in excess of V are experienced by the
recovering diode.

Im = ipr+ ic

(@

—~—lop —> Ve | Po

(C]

Figure 6.10. Linear approximations of transistor switching turn-on interval for an
inductive load showing freewheel diode reverse recovery effects on the right:
(a) Kirchhoff’s current law In, = ipr+ ic; (b) Kirchhoff’s voltage law Vs = vpr + Vee; and
(d) corresponding switching losses.
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6.2 Switch characteristics

Having considered the switching of inductive and resistive loads, the following are the
electrical and thermal characteristics desirable of commutable switching devices:

off-state:

e Low, temperature independent leakage current in the off-state, to minimise
off-state power loss.

e High forward and reverse voltage blocking ratings to reduce the need for
series connection, which would otherwise complication control and protection
circuitry requirements. Series connection increase the on-state voltage, hence
on-state loss. When a diode is used in antiparallel across the switch to allow
reverse principal current flow, the switch does not require a significant reverse
voltage blocking rating.

e High static off-state avalanche capability to absorb transient overvoltage
stresses

e High static and re-applied dv/dt capability to withstand high applied off-state
voltages without avalanche or false turn-on

on-state:

e Low on-state conducting voltage or low on-state resistance, in order to
minimise on-state conduction power loss: with a slight positive temperature
co-efficient to allow reliable parallel device connection.

e High on-state current density so as to avoid need for and problems associated
with parallel device current sharing and differential thermal coefficients.

switching:

e Low control power to switch between states.

e Short, temperature independent, turn-on and turn-off times to result in low
switching losses which will allow high frequency switching.

e High initial di/dt at turn-on to allow rapid low loss build-up of turn-on
principal current.

e High surge current capability to withstand transient over current fault
condition, resulting in better fault tolerance and nuisance tripping ride
through.

e Large switching safe operating area, being able to simultaneously support
rated voltage and rated current, without the need for snubber circuits across
the switch.

thermal:
e  Low thermal resistance and impedance for efficient heat removal.
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6.3 Switching classification

There are four principal /-V switching conditions during the commutation of a switch
current, viz.

Hard switching

Soft switching

Resonant switching and

Naturally-commutated switching.

These four possibilities are classified in terms of the switching time t; and the
commutation time t,, where t, < t,. Figure 6.11 shows the four cases and specifies the
switching and commutation times for each.

e Switching time t, is the time for a switch to change from fully on (v=0, i=I;) to
fully off (v=V, i=0), such that no further change occurs in the switch voltage
or current due to the change of state.

o Commutation time t, is associated with the external circuitry and is defined as
the time the switch takes to reach zero current at turn-oft or to reach zero volts
at turn-on. Alternatively, commutation time is the period of power loss at
turn-on or turn-off, due to the switch changing states.

Generally, the switch loss magnitude for a given set of electrical and thermal operating
conditions, decrease when progressing from severe hard switching through to virtually
lossless naturally-commutated switching.

6.3.1  Hard switching

The turn-on and turn-off switching waveforms in figure 6.11a show that hard switching
is characterised by #,=#,. The resistive and inductive switching considered in sections
6.1.1 and 6.1.2 are examples of hard switching. In figure 6.4 for a resistive load, the
switching periods ¢,, and t,; correspond to the period of switch losses during each state
transition. In figure 6.9 for the inductive load, the ¢, periods correspond to the power
loss periods at switching (#.,+1; and #5+,,).

6.3.2  Soft switching

Figure 6.11b shows typical soft-switching waveforms for turn-on and turn-off. The
switching losses are complete before the switch has reached its final steady-state
condition. That is, #>7, such that the periods # and #, both start at the same time.

At turn-on, the switch voltage reaches zero before the switch current reaches the
steady-state full-load value /;,. Once the switch voltage reaches zero, the rising
current no longer results in a power loss. This /-7 characteristic at turn-on is a form
of zero current switching, ZCS.

The inverse occurs at turn-off. The switch current reaches zero before the switch
voltage has settled at the supply voltage level V. This is a form of zero voltage
switching, ZVS.
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Figure 6.11. Switch voltage (v.), current (i), and power loss (Wo, and W) of four
switching classifications: (a) hard switching; (b) soft switching; (c) resonant

switching; and (d) naturally-commutated switching.
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Soft-switching results when auxiliary circuits, called snubber circuits, are used, as will
be considered in chapters eight and nine.

6.3.3  Resonant switching

Resonant-switching waveforms at turn-on and turn-off are shown in figure 6.11c, with
switching periods #, shown. Resonant switching occurs if the switching period is
associated with either the switch voltage or current being zero, due to external load
circuit conditions. That is £>1,.

Switching of the voltage when the switch current is zero, usually at turn-on, is called
zero current resonant switching, ZCRS, while commutating the current while the switch
voltage is zero, usually at turn-off, is called zero voltage resonant switching, ZVRS.
Because the exact instant of zero may vary, being load circuit dependant, some control
restriction is inevitable. Zero voltage or current switching can be readily attained with
ac mains converter circuits since switching can be synchronised with supply zero
voltage crossing, or zero current when the load current reverses due to the supply
voltage reversal.

6.3.4  Naturally-commutated switching

Figure 6.11d shows switching when the voltage and current are both zero, called
naturally-commutated switching. This was a commonly used technique for force turn-
off of thyristors before the advent of the GTO thyristor. Current from an auxiliary
commutation circuit displaces the device principal current and reverse biases the
device, at turn-off. The method was not used at turn-on. Commutated turn-on and
turn-off occurs in inverter circuits where the switch has an anti-parallel connected
diode. When the diode conducts and the switch is on but not conducting, if the load
power factor causes the current to reverse, then the main switch automatically starts
conducting with the switch voltage at zero because the diode was previously
conducting, clamping the switch voltage slightly negative.

Naturally-commutated switching occurs for ac mains zero crossing switching, with a
purely resistive load such that the load ¥ and [ are in phase. Switching losses are
virtually zero.

6.4 Switch configurations

Most semiconductor switches are unipolar, that is, allow current and/or voltage to be
supported in one direction. The MOSFET allows uncontrolled reverse current flow,
hence can not support reverse voltage because of its parasitic body diode. Some
structures, like the RCT considered in chapter 3.3.3, integrate an anti-parallel diode
with a thyristor. Generally, such integrated approaches sacrifice some electrical
characteristics. Many applications require a bi-directional current and/or bi-directional
supporting voltage switches, so the basic switches can be configured as shown in figure
6.12, to give the necessary I-V characteristics. The net effect of the bi-directional
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voltage arrangements is good dynamic electrical characteristics but poor static
characteristics. Specifically, the switching performance is as for the principal switch
but the on-state loss is that of two series connected devices. In the case of the
bidirectional blocking thyristor, the on-state voltage is increased slightly because an n-
buffer can not used in its fabrication. The bi-direction conducting thyristor discussed
in chapter 3.3.4 attempts to minimise the sacrificed on-state voltage limitation.

1 Principal Current
Vv unidirectional bidirectional
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> triac
§ .
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5 ¥
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¥ can be arranged so that emitters are at the same potential

Figure 6.12. Switch configurations for uni-directional and bi-directional I-V
characteristics.
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Problems

6.1. During turn-on and turn-off of a power transistor the current-voltage
relationships are as shown in figure 6.13. Calculate the energy loss during both turn-on
and turn-off periods and the mean power loss if the transistor is being switched at a
frequency of 10 kHz. What is the maximum instantaneous power dissipated?
[1.66 m], 16.6 mJ, 183 W, 5kW]

4,

©

100 A

50 A

100 200 v Vee
Figure 6.13.
6.2. The equivalent circuit in figure 2.4a involving parameters E, and R, can be

extended to model a thyristor by replacing the ideal diode by an ideal thyristor. Derive
general expressions for the thyristor mean power loss P, and rms current i, with a
constant load current /, and switch on-time duty cycle d.
If E,=1V and R,= 0.01 Ohms, for /, = 50 A and a 25 per cent on-time duty cycle,
calculate the thyristor:
i. On-state voltage, Vr

ii. Mean power, Py

il. rms current, .
[See example 2.1: 1.5V, 18.75 W, 25 A]
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6.3. If the collector voltage at turn-on falls according to
v, =%V (1 + cosxt/T) for 0 < ¢ < T,
i. For a resistive load, R;, calculate transistor loss at turn-off.
ii. Show that the switching trajectory across the SOA is as for the linear current

fall case.
iii. Calculate the peak power dissipation and when it occurs.

6.4. A transistor is used to switch an inductive load with a current of /,,.
At transistor turn-off, the collector voltage rises to the supply rail V; according to
Vee = V2V (1 - cos nt/T,,) fort<T,,
then the collector current falls according to
i.= %1L,(1 + cos mt/T,) for t < T,
Using the same integration form as in equation (6.10), show that the turn-off loss is
P=Y%Vl,T,where T,=T,,+ T,.
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The thyristor, being a multiple bipolar junction device, is essentially a current-
controlled device. As illustrated in figure 7.1a, a current must be supplied between the
gate and cathode terminals to produce anode current flow, provided the anode is
forward biased. The magnitude of gate drive current determines the delay time and the
anode current rise time. In gate commutated thyristors, a negative gate current must be
produced, the magnitude determining the turn-off delay time and anode current fall
time.

The power MOSFET and IGBT are voltage controlled devices and are fundamentally
different to bipolar devices. With the n-channel enhancement-mode power MOSFET
and IGBT, a positive voltage must be applied between the gate and source terminals to
produce a drain current, if the drain is positively biased with respect to the source, as
shown in figure 7.Ib. Generally the MOSFET and IGBT are easier to drive than the
bipolar thyristor, and only a few basic considerations are required for MOSFET and
IGBT gate circuit implementation.

Gate current

produces Ia Gate voltage
anode current produces . la
drain current
J n-channel
T MOSFET
Current Voltage
source source L
lal ()

Figure 7.1. Transistor and thyristor drive requirements:
(a) current drive for the bipolar junction thyristor and (b) voltage drive for the
MOSFET and IGBT.
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7.1 Application of the power MOSFET and IGBT

The MOSFET gate is isolated electrically from the source by a layer of silicon dioxide.
Theoretically no current flows into the gate when a dc voltage is applied to it. In
practice, gate current is required to charge device capacitances and a small leakage
current of the order of nano-amps does flow in order to maintain the gate voltage.

When no voltage is applied between the gate and source terminals, the drain-to-
source impedance is very high and only a small leakage current of less than a milli-amp
flows in the drain, until the applied voltage exceeds the drain-to-source avalanche
voltage, Vpss.

When a positive gate voltage is applied, an electric field is produced which
modulates the drain-to-source resistance. When a gate voltage exceeds the threshold
voltage level the channel resistance reduces to a low resistance and drain current flows.
The maximum drain current depends on the gate voltage magnitude, assuming that the
impedance of the external drain circuit is not current-limiting.

Turnoff - reducing the drain current to the leakage level - is achieved by reducing
the gate voltage to below the gate threshold voltage level. The drain switching speeds
are essentially determined by that speed at which the gate voltage can reach a level
above the threshold voltage (for turn-on) or below the threshold voltage (for turn-off).
Although the gate-to-source capacitance is an important parameter, the gate-to-drain
capacitance is more significant because of the Miller effect, as considered in section
4.4.2. During switching the dynamic gate-to-drain capacitance can be effectively much
larger than the gate-to-source capacitance. The Miller capacitance typically requires
more charge for switching than the gate-to-source capacitance.

7.1.1  Gate drive circuits

The n-channel enhancement-mode power MOSFET (or IGBT) with a low threshold
voltage interfaces easily with logic level integrated circuits. This allows low-power
digital logic circuits to control directly high-power levels. Figure 7.2 shows a series of
ttl and cmos circuits driving power MOSFETSs, each circuit offering different levels of
switching speed and performance.

‘When driving a MOSFET directly from a cmos gate output, as shown in figure 7.2a,
only modest rise and fall times can be expected because of the limited source and sink
current available from a cmos gate. Figure 7.3a illustrates the output configuration of a
typical cmos output stage, which consists of a series-connected p and n-channel
MOSFET with the gates connected together. The cmos totem pole output stage is driven
by a common signal, hence the name complementary mos - cmos - and when the input
is high the n-channel device is on and the p-channel off, while when the input is low,
the p-channel turns on and the n-channel turns off. However, cmos has a limited
current output capability as shown in the source-to-sink output characteristics in figure
7.3b and c. The cmos gate output has to drive as a load the power MOSFET capacitive
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gate. In this configuration, the turn-on current is supplied from the p-channel fet, which
has the poorer characteristics of the cmos pair. The turn-off current is sunk by the n-
channel fet. Table 7.1 shows cmos typical current source and sink capabilities,
switching speeds, and output impedance. It will be seen that the best performance, by
far, is achieved from the 4049 and 4050 buffers.

(FAY

L

2NZ222 o
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dv/dt=15kV/ps
t>0.1ps
i.=t2A e

3 15V-30V
o

(L1 i
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Figure 7.2. Gate drive circuits for the MOSFET and IGBT:
(a) driven from cmos; (b) driven from cmos and an emitter follower;
(c) driven from ttl with pull-up resistor which increases sourcing capability;
(d) driven from open collector ttl with an external current source;
(e) driven from a high-current cmos clock driver; (f) opto-isolated driver circuit;
(g) drive circuits for a totem pole connected p and n-channel MOSFET leg;
(h) driven from a pulse transformer; and (i) fibre optic translation stage.

If shorter delays and faster drain rise and fall times are required there are several ways
to obtain them. The simplest is to parallel a number of identical cmos inputs and
outputs as shown dotted in figure 7.2a. The additional current capability, with the six
parallel connected gates of the 4049, will significantly improve MOSFET switching
performance.

In figure 7.2b the gate drive current is the output current of the cmos gate multiplied by
the gain S of the bipolar transistors. No bipolar saturation times are incurred since the
transistors are operating as emitter followers, which cannot saturate. The operating
frequency is no longer restricted by the cmos output current limitations.

MOSFETs can also be driven directly from ttl gates. Table 7.2 shows ttl typical current
source and sink capabilities and switching speeds. Low supply voltage, typically 5V,
and high internal sourcing impedance characteristics, restrict MOSFET switch-on speed
and gate voltage level. The ttl sink capability is significantly higher than source
capability, hence a pull-up resistor as shown in figure 7.2c enables the sinking
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capability to be exploited at turn-on, as well as at turn off. A limitation of using ttl for
driving MOSFETs is that the gate voltage is restricted to less than 5V, hence if the drain
current is not to be restricted, low gate threshold voltage trench gate MOSFETs and
IGBTs are used. An open collector ttl drive technique as shown in figure 7.2d
overcomes the gate voltage limitation as well as improving the current source limit.

Vs

g s

p-channel
Vv
d +Viga
_\_/_ " A
v,
0 " d 0

g n-channel

t ]
1 (a)
Vg (VD
-15 —10 -5 ]

- T T T T T T T T T

0 5 10 15 v,
Was (V)
(b) (c)

Figure 7.3. CMOS inverter output: (a) output cmos totem pole;
(b) p-channel drain sourcing; and (b) n-channel drain sinking, both at 25°C.
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Table 7.1 Driving mosfets from emos (buffered)
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Table 7.2 Driving mosfets from TTL
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Very fast switching speeds are attained with the capacitive driver shown in figure 7.2e.
Such drivers can both source and sink typically 1.5 A in tens of nanoseconds. An
isolated gate-to-source drive version is shown in figure 7.2f, where a floating 15 V rail
is used and the gate control signal is optically transmitted with high dv/dt capability.
The driver incorporates high current output, with modest propagation delays.
Drive circuits for p-channel MOSFETs may be complicated by the reference signal
voltage level, as shown in the series n and p-channel totem pole in figure 7.2g. This
figure illustrates how the p-channel drive may be derived by means of a level shifter.
s The emitter follower, pnp transistor used for turn-on must have a breakdown voltage
rating in excess of the totem pole rail voltage. Above 300 V the pnp transistor can be
replaced by a diode as shown in figure 7.2d, or a low current high voltage MOSFET.
Restricted charging of the translation MOSFET output capacitance can lead to increased
delay times. The resistor divider, R/-R2, ensures that the p-channel gate voltage limit is
not exceeded. In order to increase gate drive capability R2 can be decreased provided a
15 V Zener is used across the p-channel MOSFET gate to source. The low-voltage npn
transistor in the p-channel driver stage is used for fast turn-off, shorting the p-channel
source to its gate.
A simple method of driving an n-channel MOSFET, with its source not referenced to
ground, is shown in figure 7.2h. Electrical (galvanic) isolation is achieved by means of
a pulse transformer. The internal parasitic diode in Q1 provides the path for the n-
channel MOSFET gate to charge. When the pulse transformer saturates, Q1 blocks any
discharge of the gate until turn-off, when a negative transformer pulse turns on QI,
thereby discharging the n-channel gate charge.
An alternative translation method using a fibre optic stage is shown in figure 7.2i. The
temperature-independent, high threshold characteristics of 74AC technology is used for
a simple detector comparator. A Schmitt input (hysteresis) gate improves noise
immunity. Translation from ttl levels can be achieved with Zener diode bias circuits.
From the circuits in figure 7.2 it is seen that there are two basic types of gate drives.

e Low-side

e High-side
Essentially a low-side driver is one where the control signal and the power device gate
are at almost the same potential. The lower switches in bridge legs usually use a low-
side driver, while the upper switches require high-side drivers which translate the
control signal to a different potential. The gate drive circuits 7.2a to 7.2e are basic
low-side gate drive circuits. The high-side drivers in figures 7.2f to 7.2i translate the
control signal to the gate level.
Although the gate drive circuits in figures 7.2a to 7.2i translate the control signal to the
device gate, these circuits do not address two important gate drive issues.

e The derivation of the gate drive supply, particularly for floating gate drives as

encountered in inverters.
e The derivation of negative gate bias at turn-off for better immunity to false
turn-on due to noise and induced Miller charging effects.
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7.1.1i - Negative gate drive

The gate drive circuits shown in figure 7.2 only clamp the gate to near zero volts
during the off period.

The lower bridge leg switch in figure 7.4 uses £15V gate voltage. The complementary
buffers drive the gate-source of the shown device in an H-bridge configuration. The
buffers require an isolated 15V dc supply. Practically a negative gate bias of -5V is
sufficient for noise immunity while any voltage in excess of this unnecessarily
increases turn-on delay and increases gate power requirements. Manufacturers are
continually improving power device properties and characteristics. Gate threshold
voltage levels are constantly being decreased, and coupled with the fact that the
threshold voltage decreases with temperature, negative voltage gate drive is necessary
for high noise immunity to prevent false turn-on with high power devices.

1
D, v, 1
+15V = 1
1
wrtOVD Y |
1
/ ,
bootstrap il el
circiut T : . r 3
off U
[ Von +——
output
charge-pump — 5 | C,, floating <
circiut supply
mr—

Figure 7.4. Typical IGBT bridge leg showing +15V gate drive on the leg lower switch
and charge pump plus boot strap gate supply circuits for the leg upper switch.

7.1.1ii - Floating power supplies
There are three basic methods for deriving floating power supplies for gate drives.
e A low inter-winding capacitance, high-frequency transformer
e A capacitive coupled charge pump
e A diode bootstrap
The upper bridge leg switch T, in figure 7.4 uses both a diode bootstrap via Dy and
capacitor charge pumping via C,,, in order to derive gate power.

153 Driving transistors and thyristors

1 - capacitive coupled charge pump
By switching T, at high frequency the low capacitance capacitor C,, is successively
charged through D, and discharged through D,,. Discharge through D, involves
charging C,,, the gate voltage supply capacitor. The shown charge and discharge
paths both rely on either the upper switch T, or diode D, being in a conducting state.
2 - diode bootstrap
When the lower switch T¢ or diode D, conduct, diode Dy allows the upper gate
supply capacitor Cy, to charge from a 15V supply which is referenced to the OV rail.
When the upper switch or diode conduct, the bootstrap diode is reverse bias and
supports V. Start-up is a problem since the gate of the upper switch T, is in a high
impedance state while its supply is being charged after the lower switch is turned on.
For this reason, the boot strap is usually used in conjunction with a capacitor charge
pump.
The only foolproof method to ensure gate power at all times, particularly at start-up
and during prolong on-state periods, is to use a high-frequency transformer approach.

7.1.2  Gate drive design

The effective gate to source capacitance, C;, can be calculated from

C. 260,157, .0
The initial slope of the charge in figure 7.5a, 740 pF, is due to the gate source
capacitance charging below the gate threshold level. The next section between Q,; and
0, in figure 7.5¢ is due to the Miller effect. The horizontal charge portion is due to the
very high drain-source depletion field capacitance as the drain falls below the gate
voltage level.
The drain switching times, similar to those derived in 4.4.2, can be calculated from the
charge transfer characteristics in figure 7.5, using the following equations.

(i)  From figure 7.5¢

_Qip gt s
lw = 3R I (V,, § ”) () (7.2)
- v, -V,
t = %o - O R, In (E—F) (s) (7.3)
ng - V;, VLL - ng
(ii)  From figure 7.5d
Qs - 9 Ve
oy = ’/27VR n 7 (s) (74)
- |4
t = uR n —2 (s) (7.5)
Vo = W Va

where R, is the gate equivalent resistance and Vy;= V.
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Figure 7.5. Typical MOSFET charge transfer characteristics at:
(a) turn-on; (b) turn-off; (c) turn-on showing switching parameters,; and

(d) turn-off showing switching parameters.

The energy required for switching is given by

W07,

(7.6)
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which will be dependent on the drain current and voltage. The gate drive power
requirements are given by

P=0. V. W) .7
Obviously the faster the switching speed requirement, the higher and faster the gate
drive current delivery necessary.
If only 15 mA is available for gate drive then, based on figure 7.5, switching occurs in
about 1 ps. This level of performance could be expected with circuit 7.2a, and longer
switching for the circuit in figure 7.2¢c. By employing the gate drive in figure 7.2c, the
gate voltage is limited to 5 V, hence the MOSFET represented by figure 7.5 could not
be switched.
The circuits in figures 7.2b and 7.2d are capable of delivering about 100 mA, which
yields switching speeds of the order of 150 ns, with only 50 mW of drive power
dissipation at 100 kHz. The drive circuit in figure 7.2¢ is capable of delivering + 1.5 A.
Hence the device characterised by figure 7.5 can be switched in only 10 ns.
Switching times deteriorate slightly if reverse gate-to-source biasing is used for higher
noise immunity in the off-state. Analysis of the increase in turn-on delay as a result of
the use of negative gate drive is presented in Appendix 4.1.

Example 7.1:  MOSFET input capacitance and switching times

A MOSFET switching a resistive load has the following circuit parameters:
R, =47Q, R, =100Q

V=10V, ¥, =400V

@
Based on the charge transfer characteristics in figure 7.5, calculate the gate input
capacitance and switching times for MOSFET turn-on and turn-off.

Solution
The charge transfer characteristics shown in figure 7.5 are valid for 100 Q resistive
load and a 0-10 V gate voltage. A 400 V drain switching characteristic is shown.
At turn-on, from figure 7.5a and using equations (7.2) and (7.3)
(i) G = Cy = Qg1/Vy1 =4.4nC/6V = 740 pF
tion = 740 pF x 47Q ¢n (10V/10V-6V) = 31.9 ns

(i) Ciw =(Qg2- Qei)/(Vg2- Vgr) = 5.6 nC/1.5V = 3.7 nF
t, =3.70F x47Q n 5.6/2.5 = 141.3 ns

At turn-off, from figure 7.5b and using equations (7.4) and (7.5)
(1) Ci = (Qgs- 0e2)/(Vgy - Vg2) =7.50C/2.5V =3 nF
tyo =3 nF x 47Q ¢n 10V/7.5V = 40 ns

(i) Ci =(Qg2= Qet)/(Ver- Vi) = 7.5 nC/0.9V = 8.3 nF
=833 nF x47Q (n7.5/6.6 = 50 ns




Power electronics 156

An underestimate of the fall time results if figure 7.5a is used for all calculations (C;, =

3.7 nF and #=39.1 ns).
&

7.2 Application of the Thyristor

The basic gate requirements to trigger a thyristor into the conduction state are that the
current supplied to the gate is

e of adequate amplitude and sufficiently short rise time
e of sufficient duration.

The gate conditions are subject to the anode being forward-biased with respect to the
cathode. Figure 7.6 illustrates a typical thyristor gate current waveform for turn-on.

] b} -
0 Sps < t

Figure 7.6. Ideal thyristor gate current waveform for turn-on.

The initial high and rapid current quickly turns on the device so as to increase the
anode initial di/dt capability. After a few microseconds the gate current can be
decreased to a value in excess of the minimum gate requirement. After the thyristor has
latched on, the gate drive may be removed in order to reduce gate power consumption,
namely the losses. In some inductive load applications, where the load current lags, a
continuous train of gate pulses is usually applied to ensure turn-on.

Gate drives can be divided broadly into two types, either electrically isolated or non-
isolated. To obtain electrical isolation usually involves the use of a pulse-transformer
or an opto-coupler but above a few kilovolts fibre-optic techniques are applicable.
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Figure 7.7. Integrated circuit compatible triac gate drive circuits:

(a) high level ttl activation;(b) low level ttl activation using an interfacing pnp
transistor; (c) negative gate drive interface with high tt/ output for triac activation;(d)
negative gate drive interface with low ttl level for triac turn-on;

(e) a triac opto-coupler isolated gate drive used to gate-drive a higher power triac and
(f) a pulse transformer drive isolated gate drive for a thyristor.
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7.2.1  Thyristor gate drive circuits

Only low-power thyristors with amplifying gates can be triggered directly from ttl or
cmos. Usually a power interface stage is employed to convert ttl current sink and
source levels of a few milliamps up to the required gate power levels.

Figure 7.7a and b shows two power interface circuits for triggering a triac. The triac
could equally be another thyristor device. An important safety default feature of both
these circuits is that no active device exists between the gate and MI. During the off-
state the gate is clamped by the resistor R, to a voltage well below the minimum
voltage level for turn-on.

Bidirectional gate current can bring the triac into conduction. Figure 7.7¢ and d show
how negative gate turn-on current can be derived.

If electrical isolation between the control circuitry and the thyristor circuit is required, a
simple triac opto-coupler can be employed as shown in figure 7.7e. The photo-triac is
optically turned on which allows bidirectional main triac gate current to flow, the
magnitude of which is controlled by the resistor R,. If the main device is an scr, an
opto-coupled scr can be used for isolation and uni-direction gate triggering current.
When suitable voltage rails are not available or isolation is required, a pulse
transformer drive circuit can be employed as shown in figure 7.7f. The diode/Zener
diode series combination across the pulse transformer primary provides a path for
primary magnetising current decay at turn-off and prevents saturation. The resistor R
limits the secondary current into the scr gate. This resistor can be placed in the pulse
transformer primary or secondary by transforming the resistance in the turns ratio
squared. If R is in the primary circuit and transformer saturation inadvertently occurs,
the resistor R limits the current and protects the switching transistor Ts. The trans-
former secondary resistor R, is employed to decrease the gate to cathode impedance,
thereby improving dv/dt capability, while the gate diode D, prevents possible reverse
gate voltage breakdown after T; is turned off and the output voltage reverses during
core reset. The transformer duty cycle must satisfy 7,5V, > t,, V;, neglecting R.

7.2.2  Thyristor gate drive design

In order to design a gate interface circuit, both the logic and thyristor gate requirements
must be specified.

Consider interfacing a typical ttl-compatible microprocessor peripheral which offers
the following specification

1, =03mA @ V,, =24V
1, =1.8mA @ V,, =04V
V. =5V
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+ Ve

Figure 7.8. Interfacing a microprocessor to a power thyristor.

These specifications are inadequate for turning on a power thyristor or an optical
interfacing device. If the power thyristor gate, worst case requirements are

I, =75mA,V, =3V @ -65°C
then a power interfacing circuit is necessary. Figure 7.8 shows an interfacing circuit
utilising a p-channel MOSFET with the following characteristics

C,, =400 pf
v, =3.0V
R, =10 ohms
1,=0.5A

The resistor R, limits the MOSFET C,, capacitance-charging current and also specifies
the MOSFET turn-on time. If the charging current is to be limited to 1.8 mA when V, =
0.4V, then

R

Ve - Vo)1, (ohms)

= (5V-0.4V)/1.8mA = 2.7 kilohms

A smaller resistance could be used but this would not preserve the microprocessor low-
voltage output level integrity if it were being used as input to ttl logic. The MOSFET
will not turn on until Cy, has charged to 3 V or, with a 5 V rail, approximately one R-C
time constant. That is

1

luw = RC, ()
=2.7 kilohms x 400 pF = 1ps
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The MOSFET must provide the thyristor gate current and the current through resistor R;
when the gate is at 3 V.
The maximum value of resistor R, is when R;= o0 and is given by

_ I/u 'Vor - [cr X Rd»um»
’ 1(rl
_5V-3V-75mAx 10Q 16.6 ohms
75 mA

Use R, =10 ohms.
The resistor R; provides a low cathode-to-cathode impedance in the off-state, thus
improving scr noise immunity. When Vgr =3 V

v, -V,
L= (a)
Ry TR,
- VIV 0 mA
10Q+10Q
of which 75 mA must flow into the gate, while 25 mA can flow through R;. That is
Ry = Vy /U, - 1)  (ohms)

=3V/25mA = 120 ohms

After turn-on the gate voltage will be about 1 V, hence the MOSFET current will be 200
mA. Assuming 100 per cent on-state duty cycle, the °R power loss in the MOSFET and
resistor R, will each be 0.4 W. A 1 W power dissipation 10 ohm resistor should be
used for R,.

Example 7.2: A light dimmer

A diac with a breakdown voltage of +£30 V is used in a light dimming circuit as shown
in figure 7.9. If R is variable from 1 kQ to 22 kQ and C = 47 nF, what are the
maximum and minimum firing delays? What is the controllable output power range
with a 10Q load resistor?

LOAD

triac

240V
BOHZ’L

Y
T4

Figure 7.9. Light dimmer.
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Solution
The capacitor voltage v, is given by
v =219 4000
R - jlaC
= _ x240£0°
1 + joCR

i. For R=1kQ
v, =237.36 L-8.4°
that is, v, = 335.8 sin (w? - 8.4°)
The diac conducts when v, = 30V, that is
minimum delay = wr = 8.4° +sin” (30V/335.8V) = 13.5°

ii. For R =22 kQ
v.=70.6 L-72.8°
that is, v. = 99.8.8 sin (w? — 72.8°)
The diac conducts when v, = 30V, that is
minimum delay = wr = 72.8° + sin™ (30V/99.8V) = 92°

From equation (12.14), the output power for a resistive load is given by

/A Vi’ _ 2a-sin2a
= o= (1o ey (W)
Minimum power at & = 92° (1.6 rad) is P, = &x{l —w} =2862W
°7 100 w
Maximum power at o=13%° (0.24rad) is P, = 240° x{lfw} =5536W
10Q 7

L]
7.3 Drive design for GTO thyristors

The gate turn-off thyristor is not only turned on from the gate but, as its name implies,
is turned off from its gate with negative gate current. Basic GTO thyristor gate current
requirements are very similar to those for the power bipolar transistor (now virtually
obsolete) when reverse base current is used for fast turn-off.

Figure 7.10 shows a gate drive circuit for a GTO thyristor which is similar to that
historically used for power bipolar junction transistor base drives. The inductor L, in
figure 7.10, is the key turn-off component since it controls the di/dt of the reverse gate
current. The smaller the value of L, the larger is the reverse di/dt and the shorter the
turn-off time. But with a shorter turn-off time the turn-off gain decreases, eventually to
unity. That is, if the GTO thyristor is switched off rapidly, the reverse gate current must
be of the same magnitude as the anode current to be extinguished. A slowly applied




Power electronics 162

reverse gate current di/dt can produce a turn-off gain of over 20 but at the expense of
increased turn-off switching losses. For the GTO thyristor L is finite to get a turn-off
gain of more than one, while to achieve unity gain turn-off for the GCT, L is minimised.
The GTO thyristor cathode-to-gate breakdown voltage rating Vggy specifies the
maximum negative rail voltage level. A level of 15-20V is common, and for supply rail
simplicity a £ 15 V rail may be selected.
Resistor R, limits the base current of T,. If an open collector ttl driver is employed, the
current through R, is given by
I, =V, 7VM, Vo =V )/ R, (A)
+ v_‘

Wee

Vee
Figure 7.10. Gate drive circuit and anode snubber circuits for a GTO thyristor.

For open collector 74 ttl series, /o, =40 mA when V, -0.5 V and therefore R, can be
specified. The resistor R; speeds up turn-off of T, It is as large as possible to ensure
that minimal base current is diverted from T,. Diodes Dy, and D, form a Baker’s clamp,
preventing T, from saturating thereby minimising its turn-off delay time.
The two driver transistor T, and T, should

e have high gains

e be fast switching

® have collector voltage ratings in excess of V. + Vgg.
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The GTO thyristor gate turn-on current is determined by resistor R, which is specified
by

R,=—“—“h %  (Ohms)

The power rating of R,, is given by

P, =00~V Vedls (W)
where ¢ is the maximum on-state duty cycle. The capacitor C,, in parallel with R,
provides a short current boost at turn-on, thereby speeding up turn-on, increasing turn-
on initial di/dt capability, and reducing turn-on losses.
The series resistors R, and R, bias the bases of the totem pole level shift driver and, for
an on-condition, the potential of point X in figure 7.10 is given by

Vo=V + Ve )

X beT,,

The total current flow through R; is made up of the transistor T, base current and that
current flowing through R, that is

1, N Ve+V,
B, R,

I =

n A)
from which
Ro= W, -V, (ohms)
The power rating of R; is
P, =50/, -V, W)

For fast turn-off, if the reverse gate current at turn-off is to be of the same magnitude as
the maximum anode current, then R, must allow sufficient base current to drive T,
That is

VitV

tOLIpB,

Once the gate-to-cathode junction of the GTO has recovered, the reverse gate current
falls to the leakage level. The power rating of R, can be low at lower switching
frequencies.

The small inductor L in the turn-off circuit is of the order of microhenrys and it limits
the rate of rise of reverse gate current, while R,y damps any inductor current oscillation.
The turn-on and turn-off BJT circuits can be replaced by a suitable n-channel MOSFET
circuit in high power GTO and GCT applications. In high power IGCT applications,
MOSFET and rail decoupling electrolytic capacitors are extensively parallel connected.
Typically 21 capacitors and 42 MOSFETs are parallel connected to provide a low
impedance path for anode current extraction from the GCT gate. The gate inductance
(including the GCT internal package inductance) is minimised, whence L is zero.

(ohms)
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Table 7.3 Gate drive isolation technique summary

164

Technique data transfer power transfer comments
Transformer direct s_lgnal direct magnetic duty cycle I|m|teq .
coupling transfer corona breakdown limit
slow, with .
optocoupler capacitive effects n/a voltage and dv/dt limit
y . fast, virtually no best signal transmission
fibre optics voltage limit n/a at MV and HV
charge couple n/a requires switching | induced effects between
- — ground level and gate
bootstrap n/a requires switching level, LV application

Reading list

International Rectifier, HEXFET Data Book,
HDB-5, 1987.

Peter, J. M., The Power Transistor in its Environment,
Thomson-CSF, Sescosem, 1978.

Siliconix Inc., Mospower Design Catalog,
January 1983.

Graffiam, D. R. et al., SCR Manual,
General Electric Company, 6th Edition, 1979.

Problems
7.1. Calculate suitable resistor values for the triac gate drive circuit in figure 7.7a,
assuming a minimum gate current requirement of 50 mA and the gain of Q1 is 50 at 50
mA.
7.2. Repeat problem 7.1 for the circuits in figures

e 77b

e 77c

e 7.7d.




Protecting Diodes, Transistors,
and Thyristors

All power switching devices attain better switching performance if some form of
switching aid circuit, called snubber, is employed. Snubber activation may be either
passive or active which involves extra power switches. Only passive snubbers, which
are based on passive electrical components, are considered in this chapter, while active
snubbers are considered in Chapter 9. Fundamentally, the MOSFET and IGBT do not
require switching aid circuits, but circuit imperfections, such as stray inductance and
diode recovery, can necessitate the need for some form of switch snubber protection.
Protection in the form of switching aid circuits performs two main functions:

e Divert switching losses from the switch thereby allowing a lower operating
temperature, or higher electrical operating conditions for a given junction
temperature.

e Prevent transient electrical stressing that may exceed -V ratings thereby
causing device failure.

Every switching device can benefit from switching protection circuits, but extra circuit
component costs and physical constraints may dictate otherwise.

The diode suffers from reverse recovery current and voltage snap which induces high
but short duration circuit voltages. These voltage transients may cause interference to
the associated circuit and to nearby equipment. A simple series R-C circuit connected
in parallel to the stressed device is often used to help suppress the voltage oscillation at
diode turn-off. Such a suppression circuit can be used on simple mains rectifying
circuits when rectification causes conducted and radiated interference.

Although the MOSFET and IGBT can usually be reliably and safely operated without
external protection circuitry, stringent application emission restrictions may dictate the
use of snubbers. In specific applications, the IGBT is extensively current derated as its
operating frequency increases. In order to attain better device current utilization, at
higher frequencies, various forms of switching aid circuits can be used to divert
switching losses from the stressed switch.

Generally, all thyristor devices benefit from a turn-on switching aid circuit, which is
based on a series connected inductor that is active at thyristor turn-on. Such an
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inductive turn-on snubber is obligatory for the high-power GTO thyristor and GCT. In
order to fully utilise the GTO thyristor, it is usually used in conjunction with a parallel-
connected capacitive turn-off snubber, which decreases device stressing during the
turn-off transient. Triacs and rectifying grade SCRs and diodes tend to use a simple R-
C snubber connected in parallel to the switch to reduce interference. The design
procedure of the R-C snubber for a diode is different to that for the R-C snubber design
for a thyristor device, because the protection objectives and initial conditions are
different. In the case of a thyristor or rectifying diode, the objective is to control both
the voltage rise at turn-off and recovery overshoot effects. For the fast recovery diode
or any high-speed switch, the principal objectives are to control the voltage overshoot
magnitude at diode snap recovery or at turn-off respectively, which are both
exacerbated because of stray circuit inductance carrying current.

8.1 The R-C snubber

The series R-C snubber is the simplest switching aid circuit and is connected in parallel
to the device being aided. It is characterized by having low series inductance and a
high transient current rating. These requirements necessitate carbon type resistors for
low inductance, below a few watts, and metal film resistors at higher powers. The high
current and low inductance requirements are also provided by using metallised,
polypropylene capacitors with high dv/dt ratings of typically hundreds of V/ps.
Theoretically a purely capacitive snubber would achieve the required protection
objectives, but series resistance is added to decrease the current magnitude when the
capacitor is discharging and to damp any oscillation by dissipating the oscillatory
energy generated at turn-off when an over-voltage tends to occur.

10%

f’.fy' Overshoot
1.0 0.1
o 0.2 05 1.0
ko4 L
(a} b} x= ]7" e

Figure 8.1. MOSFET drain to source R-C snubber protection:
(a) MOSFET circuit showing stray inductance, Ls, and R-C protection circuit and
(b) R-C snubber optimal design curves.
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8.1.1  R-C switching aid circuit for the MOSFET and the diode

In figure 8.1a, at switch turn-off stray inductance L, unclamped by the load freewheel
diode, Dy, produces an over voltage ¥ on the MOSFET or IGBT. The energy associated
with the inductor can be absorbed in the shown drain to source R-C circuit, thereby
containing the voltage overshoot to a safe level. Such an R-C snubber circuit is used
extensively in thyristor circuits, 8.1.2, for dv/dt protection, but in such cases the initial
current in the stray inductance is assumed zero. Here the initial inductor current is
equal to the maximum load current magnitude, /.. The design curves in figure 8.1b
allow selection of R and C values based on the maximum voltage overshoot ¥ and an
initial current factor y, defined in figure 8.1b. The C and R values are given by

C=1L/xVy (F) 8.1

R =2V (9)) 8.2)
If the R-C circuit time constant, 7=RC, is significantly less than the MOSFET voltage
rise and fall times, ¢, and f, at reset, a portion of the capacitor energy »2CV’, is
dissipated in the switch, as well as in R. The switch appears as a variable resistor in
series with the R-C snubber. Under these conditions (#; and #,, > RC) the resistor power
loss is approximately by

B =P, + Py
=L P, +——(P, + B, (W) (83)
T+, @ T+t « e ’
where P, = %CV'f and P, = %LIf

otherwise (#; and ¢, < RC) the resistor losses are the energy to charge and discharge the
snubber capacitor, plus the energy stored in the stray inductance, that is 2Pc+Pyy.

Note the total losses are independent of snubber resistance. The snubber resistor
determines the time over which the energy is dissipated.

When the R-C snubber is employed across a fast recovery diode, the peak reverse
recovery current is used for ; in the design procedure.

Example 8.1:  R-C snubber design for MOSFETs

A MOSFET switches a 40 A inductive load on a 200 V dc rail, at 10 kHz. The
unclamped drain circuit inductance is 20 nH and the MOSFET voltage rise and fall
times are both 100 ns. Design a suitable R-C snubber if the MOSFET voltage overshoot
is to be restricted to 240 V (that is, 40V overshoot, viz. 20%).

Solution
From figure 8.1b, for 20 per cent voltage overshoot

£=1.02, =052
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Using equations (8.1) and (8.2) for evaluating C and R respectively,

C =L (1,/27y =20nH[ —A__| _3pp
0.52%200V
R=2:v2/1 =2x1.02x PNV _ 550
40A

Use C=3.3 nF, 450V dc, metallised polypropylene capacitor and R=5.6 Q.

Since the RC time constant, 18.5ns, is short compared with the MOSFET voltage
transient times, 100ns, the resistor power rating is given by equation (8.3).

P, = Y%CV:f ='%x3.3nF x200°x10kHz=2.64W

co
P, = WLIf =Yx20nH x40’ x 10kHz =0.16W

Lo

= 185 oeaw + 85 (2.64W +0.16W) = 0.85W

100+18.5 100+18.5
Use a 5.6 Q, 1 W carbon composition resistor for low self inductance, with a working
voltage of at least 250V dc. Parallel connection of two AW, carbon composition
resistors may be necessary since resistance values below 10Q are uncommon.
The MOSFET switching losses are increased by 2, + F,, —0.85W=4.95W .

»

3

8.1.2  R-C snubber circuit for a converter grade thyristor and a triac

The snubber circuit for a low switching frequency thyristor is an anode-to-cathode
parallel connected R-C series circuit for off-state voltage transient suppression. Series
inductance may be necessary (forming a turn-on snubber) to control anode di/dt at turn-
on. This inductive snubber is essential for the GTO thyristor and the GCT, and will be
considered in section 8.3.3.

Off-state dv/dt suppression snubber

Thyristors, other than the GTO thyristor, normally employ a simple R-C snubber circuit
as shown in figure 8.2. The purpose of the R-C snubber circuit is not primarily to
reduce turn-off switching loss but rather to prevent false triggering from applied or
reapplied anode dv/dt, when the switch is in the off-state.

Any thyristor rate of rise of forward-voltage anode dv/dt produces a central junction
charging current which may cause the thyristor to inadvertently turn on. The critical
dv/dt is defined as the minimum value of dv/dt which will cause switching from the
off-state to the on-state. In applications as shown in figure 8.2, an occasional false
turn-on is generally not harmful to the triac or the load, since the device and the load
only have to survive the surge associated with a half-a-cycle of the ac mains supply.

In other applications, such as reversible converters, a false dv/dt turn-on may prove
catastrophic. A correctly designed snubber circuit is therefore essential to control the
rate of rise of anode voltage.
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The action of this R-C snubber circuit relies on the presence of inductance in the main
current path. Zero inductor current is the initial condition, since the device is in the off-
state when experiencing the anode positive dv/dt. The inductance may be stray, from
transformer leakage or a supply, or deliberately introduced. Analysis is based on the
response of the R-C portion of an L-C-R circuit with a step input voltage and zero
initial inductor current. Figure 8.3 shows an L-C-R circuit with a step input voltage and
the typical resultant voltage across the SCR or R-C components. The circuit resistor R
damps (by dissipating power) any oscillation and limits the capacitor discharge current
through the SCR at subsequent device turn-on from the gate.

Figure 8.2. Thyristor (triac) ac circuit with an R-C snubber circuit.

L
YT

_."leLl"'-"

|
[
ile) |
¢ |
! R | SCR Py
. © %

Figure 8.3. R-C snubber equivalent circuit showing the second-order output response
e, to a step input voltage es.

Based on the snubber circuit analysis presented in the appendix in section 8.5 at the end
of this chapter, the maximum dv/df, S, which is usually specified for a given device,
seen by the SCR for a step input of magnitude e,, is given by
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S=eR/L  (VIs) (8.4)
for a damping factor of & > .. That is, after rearranging, the snubber resistance is given
by

R = L8/e,  (ohms) (8.5)
while the snubber capacitance is given by
4&%
C=—- F 8.6
2% (F) (8.6)
and the peak snubber current is approximated by
jo& 26 (A)  for &< L. (8.7)

R J1-&
Figure 8.4 shows the variation of the various normalised design factors, with damping
factor £.

0.4 1 I 1| 1 1

o 0.2 0.4 06 08 1.0

Damping factor § = g \/(f‘j

Figure 8.4. Variation of snubber peak voltage, e,, maximum de./dt, S ; and peak
current, I,; with L-C-R damping factor &.




171 Protecting diodes, transistors, and thyristors

Example 8.2:  R-C snubber design for a converter grade thyristor
Design an R-C snubber for the SCRs in a cycloconverter circuit where the SCRs
experience an induced dv/dt due to a complementary SCR turning on, given

e peak switching voltage, e, =200 V

e operating frequency, f; = 1 kHz

e dv/dt limit, S =200 V/ps.

Assume

e stray circuit L= 10 pH

e 22 per cent voltage overshoot across the SCR

e an L-C-R snubber is appropriate.

Solution
From equation (8.5) the snubber resistance is given by
R = L&/e,
_ 10pH*200V/ps _ 100
200V

At turn-on the additional anode current from the snubber capacitor will be 200V/10Q =

20A, which decays exponentially to zero, with a 1.8us (10Qx180nF) RC time constant.

Figure 8.4 shows the R-C snubber circuit overshoot magnitude, 20/ e for a range of

damping factors & The normal range of damping factors is between 0.5 and 1. Thus

from figure 8.4, allowing 22 per cent overshoot, implies ¢ = 0.65. From equation (8.6)
C*4§2€\ 4 % (0.65)° x 200V

RS 10Q x 200 x 10°
= 180 nF (preferred value) rated at 244 V peak.

From equation (8.7) the peak snubber current during the applied dv/dt is

joe %
R J1-&
_ 200V 2x0.65

10Q 1-0.65 A
The 10 ohm snubber resistor losses are given by
Py =Cef,
=180x107x244’x1x10° = 11W
The resistor carries current to both charge (maximum 34A) and discharge (initially
20A) the capacitor. The necessary 10Q, 11W resistor must have lower inductance,
hence two 22 Q, 7W, 500V dc working voltage, metal oxide film resistors can be
parallel connected to achieve the necessary ratings.
L]
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Variations of the basic snubber circuit are shown in figure 8.5. These circuits use extra
components in an attempt to control SCR initial di/dt arising from snubber discharge
through R, at turn-on.

An R-C snubber can be used across a diode in order to control voltage overshoot at
diode snap-off during reverse recovery, as a result of stray circuit inductance, as
considered in 8.1.1.

The R-C snubber can provide decoupling and transient overvoltage protection on both
ac and dc supply rails, although other forms of R-C snubber circuit may be more
applicable, specifically the soft voltage clamp.

. OFF
_________ ~
’ )]
TN |
FON Y |
| I |
* I 2A
! E
|
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| |
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| . i‘/
{al (b}

Figure 8.5. Variations of the basic thyristor R-C snubber:
(a) Rs<<R,and (b) transistor-type R-C-D snubber, Rs = 0.

8.2 The soft voltage clamp

A primary function of the basic R-C snubber is to suppress voltage overshoot levels.
The R-C snubber commences its clamping action from zero volts even though the
objective is to clamp the switch voltage to the supply voltage level, V5. Any clamping
action below V; involves the unnecessary transfer of energy. The soft voltage clamp
reduces energy involvement since it commences clamping action once the switch
voltage has reached the supply voltage V,, and the voltage overshoot commences.
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The basic R-C-D soft voltage clamp is shown in figure 8.6a, with resistor R parasitic
inductance, Lg, and stray or deliberately introduced unclamped inductance L, shown.
The voltage clamp functions at switch turn-off once the switch voltage exceeds V. The
capacitor voltage does not fall below the supply rail voltage V. Due to the stored
energy in L, the capacitor C charges above the rail voltage and R limits current
magnitudes as the excess capacitor charge discharges through R in to V. All the
energy stored in L, LI, is dissipated in R. The inductor current i, and capacitor
voltage V. waveforms are shown in figure 8.6b.

At switch turn-on, the diode D blocks, preventing discharge of C which remains
charged to V.

L
oy t
L t
I
——
+ t
Ve
" : (5%
0 e fe
[E1] L]

Figure 8.6. Soft voltage clamp:
(a) circuit diagram and (b) turn-on inductor current, I,, and capacitor voltage, V., at
switch turn-off.

The energy drawn from the supply V; as the capacitor overcharges, is returned to the
supply as the capacitor discharges through R into the supply. The net effect is that only
the energy in L, *sLI’ , is dissipated in R.
Analysis is simplified if the resistor inductance Ly is assumed zero. The inductor
current decreases from /,, to 0 according to

i,(wf) =1, Ye ™ cos(wt — @) (A) (8.8)

a = %RC (s) w,= 1/\LC (rad/s)
o = \Jo,-a’ (radls) ¢= tan'%, (rad)

The inductor current reaches zero, termed the current reset time, #,, in time

where
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t, = (i + P)lo (s) 8.9)
which must be shorter than the switch minimum off-time, ;,,,,A The capacitor charges
from V; according to

Vo(ot) =V, + Ly e sin ot ) (8.10)
oC
The maximum capacitor voltage, hence maximum switch voltage, occurs for large R
Vo=V 1% ) ®.11)

Once the current in L has reduced to zero the capacitor discharges to V; exponentially,
with a time constant RC.
The practical R-C circuit, which includes the stray inductance Lz, must be over-

damped, that is
R>2 /% Q) (8.12)

The capacitor voltage reset time ¢,, is the time for the capacitor to discharge to within 5
per cent of Vj, as shown in figure 8.6b.

The stray inductance Ly increases the peak capacitor voltage and increases the voltage
reset time. Design of the voltage clamp, including the effects of Ly, is possible with the
aid of figure 8.7. Design is based on specifying the maximum voltage overshoot, 7,
and minimizing the voltage reset time, #,,, which limits the upper switching frequency,
fo where f, <1/t, suchthatf, >1, .

Example 8.3:  Soft voltage clamp design
A 5 pH inductor turn-on snubber is used to control diode reverse recovery current and
switch turn-on loss, as shown in figure 8.6a. The maximum collector current is 25 A,
while the minimum off-time is 5 ps and the maximum operating frequency is 50 kHz.
i.  Assuming an independent L-C resonant transfer from L to C and a subsequent
R-C discharge cycle, calculate soft voltage clamp R and C requirements.
ii. Use figure 8.7 to determine the voltage clamp requirements if the discharge
(reset) resistor inductance Ly is
(a) 0
(b) 1.0pH.
In each case, the maximum switch overshoot is to be restricted to 50 V.

Solution

i.  Assuming all the inductor energy is transferred to the clamp capacitor, before any
discharge through R occurs, then from equation (8.11), for a 50 V capacitor voltage

rise
— L
50=1,\4.

that is, C = 5 pH/(50V/25A)>= 1.25 uF (use 1.2 puF).
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5% settling on voltage o

- 20

1 1 Ll |
01 05 07

t(=VE

Figure 8.7. Voltage clamp capacitor normalised peak over-voltage, ch , versus
damping factor, &, for different resistor normalised inductances, L', and voltage and

current normalised settling times, ¢, , t, =V, I{I NL/C}, t, =t /@, t,=t,/®,.

From equation (8.9), for R = 0, the energy transfer time (from L to C) is

t, = l/zir«/ﬁ =1, 5uH*1.25pF = 4ps
which is less than the switch minimum off-time of 5 ps.
If the maximum operating frequency is 50 kHz, the capacitor must discharge in 20 - 4
=16 us. Assuming five RC time constants for capacitor discharge

5xRC =16ps

R=16ps/(5x1.2uF) =2%Q  (use 2.4Q)
The resistor power rating is

P, =L f. = Vsx5puHx25'x50kHz = 78W
Obviously with a 2.4 Q discharge resistor and 50V overshoot, discharge current would
flow as the capacitor charges above the voltage rail. A smaller value of C could be
used. A more accurate estimate of C and R values is possible, as follows.
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ii. (a) Lzg=0,L'=0
From figure 8.7, for the minimum voltage reset time
V. =046, 1, =290, 1434, and &£=0.70

@

From ¥, =V, /1,4,

0.46 = 50v/25A M/ gives € = 027
v
From §:%R\/7, R:%iJ%:TM 5”%27ﬂF=3.2Q

(Use 3.3 Q, 78 W)
The reset times are given by

t, =1,NLC =434 x1.16 =5ps  (<20us)

t, =t NLC =2.9x1.16=3.4ps (<5ps)
It is seen that smaller capacitance (1.2 pF vs 0.27 uF) can be employed if simultaneous
L-C transfer and R-C discharge are accounted for. The stray inductance of the resistor
discharge path has been neglected. Any inductance decreases the effectiveness of the
R-C discharge. Larger C than 0.27 pF and R < 3.3Q are needed, as is now shown.
ii. (b) Lg=1pH, L' =Ly/L =0.2
In figure 8.7, for a minimum voltage reset time, & = 0.7, ¥, = 0.54 when the L'=0.2
curve is used. The normalised reset times are unchanged, that is 7, = 2.9 and ¢, = 4.34.
Using the same procedure as in part b(i)

0.54 = 50V/25A 5“% gives C = 0.37yF (use 0.39yF)

[ 1 SuH
1 L W
R= Ag /C =5707 A” F 2.6Q (use 2.7Q2, 78W)

Since resistor inductance has been accounted for, parallel connection of four 10Q, 25W
wire-wound aluminium clad resistors can be used.

t, =4.34x1.4=6us (<20ps)

t,=2.90x1.4=4ps (< 5ps)
Note that circuit supply voltage V; is not a necessary design parameter, other than to
specify the capacitor absolute dc voltage rating.

8.3 Switching-aid circuits

Optimal gate drive electrical conditions minimize collector (or drain or anode)
switching times, thus minimizing switch electrical stresses and power losses. Proper
gate drive techniques greatly enhance the switching robustness and reliability of a
power switching device. Switching-aid circuits, commonly called snubber circuits, can
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be employed to further reduce device switching stresses and losses. Optimal gate drive
conditions minimise the amount of snubbering needed.
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Figure 8.8. Idealised collector switching waveforms for an inductive load.

During both the switch-on and the switch-off intervals, for an inductive load as
considered in chapter 6.2, an instant exists when the switch simultaneously supports the
supply voltage ¥ and conducts the full load current ,,, as shown in figure 8.8. The gate
drive conditions cannot alter this peak power loss but can vary the duration of the
switching periods (#,, and t,5). From chapter 6, the switching losses, W, dissipated as
heat in the switch, are given by

for turn-on W, =%VIrt J) (8.13)

on st mbon

for turn-off W, =VV 1.t ) (8.14)

s m”off

In order to reduce switching losses, two snubber circuits can be employed on a power

switching device, one operational during switch turn-on, the other effective during

turn-off. In the case of the turn-off snubber, energy is diverted from the switch turning

off into a parallel capacitor as shown in figure 8.9a. The turn-on snubber utilises an

inductor in series with the collector as shown in figure 8.9b in order to control the rate

of rise of anode current during the collector voltage fall time. For both snubbers, the /-

V' SOA trajectory is modified to be within that area shown in figure 6.8.

= An inductive turn-on snubber is essential for the GTO thyristor and the GCT in order
to control the initial di/dt current to safe levels at switch turn-on. In large area
thyristor devices, the inductor controlled current increase at turn-on allows sufficient
time for the silicon active area to spread uniformly so as to conduct safely the
prospective load current. Special thyristor gate structures such as the amplifying gate,
as shown in figure 3.23, allow initial anode di/dt values of up to 1000 A/us. Use of a
turn-on snubber with the MOSFET and the IGBT is limited but may be used because
of freewheel diode imposed limitations rather than an intrinsic need by the switch.

= The capacitive turn-off snubber is used extensively on the GTO thyristor. The R-D-
C circuit is necessary to ensure that GTO turn-off occurs at a low anode-to-cathode
voltage, preventing excessive power loss at the central GTO junction during reverse
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recovery. Larger area GTOs employ 1 to 8 pF in an R-D-C turn-off snubber and at
high voltages and frequencies the associated losses, 4CV;f., tend to be high. To
reduce this loss, GTOs with an increased SOA, namely GCTs, for use without a turn-
off snubber are available. These devices under utilise their voltage and current
density capabilities as compared with when a turn-off snubber is used.
While the switching performance of IGBTs and MOSFETs can be enhanced by using the
turn-off snubber, it is not a prerequisite for safe, reliable switch operation.

V.
LOAD Dr
Vy L
| | LN
T c
OFF
tal b

Figure 8.9. Basic switching-aid circuits comprising:
(a) a capacitor for current shunting at switch turn-off and
(b) an inductor for limiting the rate of rise of principal current at turn-on.

8.3.1  The turn-off snubber circuit - ing a linear current fall

Figure 8.10 shows a complete turn-off snubber circuit comprising a capacitor-diode
plus resistor combination across the anode-to-cathode/collector-to-emitter terminals of
the switching device. At switch turn-off, load current is diverted into the snubber
capacitor C via the diode D, while the switch principal current decreases. The
anode/collector voltage is clamped to the capacitor voltage, which is initially zero. The
larger the capacitor, the slower the anode/collector voltage rises for a given load
current and, most importantly, turn-off occurs without a condition of simultaneous
supply voltage and maximum load current (V,,/,). Figure 8.11 shows the
anode/collector turn-off waveforms for different magnitudes of snubber capacitance.
The GTO/IGBT tail current has been neglected, thus the switching device is analysed
without any tail current. For clarity the terminology to be henceforth used, refers to an
IGBT, viz., collector, emitter, and gate.
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Vs

Figure 8.10. Practical capacitive turn-off snubber showing capacitor charging and
discharging paths during device switching.

Figure 8.11a shows turn-off waveforms for a switch without a snubber, where it has
been assumed that the collector voltage rise time is short compared with the collector
current fall time, which is given byi (1) =1,(1-¢/t,). For low capacitance values, the
snubber capacitor (whence collector) may charge to the rail voltage before the collector
current has fallen to zero, as seen in figure 8.11b. For larger capacitance, the collector
current reaches zero before the capacitor (whence collector) has charged to the rail
voltage level, as shown in figure 8.11c.
For analysis, the collector voltage rise time for an unaided switch is assumed zero. The
device switch-off energy losses without a snubber, as shown in figure 8.11a, are given
by

W=V 1t (L] (8.15)

m" fi

With a snubber circuit, switch losses are decreased as shown in figure 8.11d, but
snubber (resistor) losses are incurred. After turn-off the capacitor is charged to the rail
voltage. This stored energy,*sC V., is subsequently dissipated as heat in the snubber
circuit resistor at subsequent switch turn-on, when an R-C discharge occurs. If the
snubber RC time constant is significantly shorter than the switch voltage fall time at
turn-on, the capacitor energy dissipated in the resistor is less than *CV* and switch
losses are increased as considered in 8.1.1. A range of capacitance values exists where
the total losses - snubber plus switch - are less than those losses incurred if the same
device is switched unaided, when losses as given by equation (8.14) result. Two
distinct snubber design cases exist, as indicated by figures 8.11b and 8.11c.

If the snubber capacitor charges fully before the collector current has reached zero then
the switch losses are given by
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W, =WV 1t (1-%k+%k)  (J) (8.16)
for k < 1, where k = 1/t;; as defined in figures 8.11b and 8.12.
Alternatively, with larger capacitance, if the snubber capacitor does not charge fully to
V until after the collector current reaches zero, that is k£ > 1, then the switch losses are
given by

Wo=wVit, %(2,{71) ) (8.17)

for k> 1 as defined in figures 8.11c and 8.12. Initially the capacitor voltage increase is
quadratic, then when the collector current reaches the load current level, the capacitor
voltage increase becomes linear.

(E]] !

v,
. o> “
(b} Ye " increasing C
Ja

lch
increasing C

—
T

increasing C

(d)

Figure 8.11. Switch turn-off waveforms:
(a) unaided turn-off; (b) turn off with small snubber capacitance; (c) turn-off with
large snubber capacitance; (d) and reset power losses.
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These losses, normalised with respect to the unaided switch losses given by equation
(8.15), are plotted in figure 8.12. The switch and capacitor components contributing to
the total losses are also shown. A number of important points arise concerning turn-off
snubbers and snubber losses.
(a) Because of current tailing, voltage overshoot, and the assumption that the
voltage rise time ¢, is insignificantly short, practical unaided switch losses,
equation (8.14), are approximately twice those indicated by equation (8.15).
(b) As the snubber capacitance increases, that is, & increases, the switch loss is
progressively reduced but at the expense of increased snubber associated loss.
(c) If k < 1.41 the total losses are less than those for an unaided switch. In the
practical case k <2.70 would yield the same condition.

Energy loss
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Figure 8.12. Loss components for a switch at turn-off when employing a capacitance-
type snubber and assuming the collector current falls according to ie=Im(I=t/1f).
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(d) A minimum total loss (switch plus capacitor) condition exists. When & = 2/3
the total losses are only 5/9 those of an unaided switch. The snubber capacitance for
this condition is given by
c 2L ) (8.18)
9V,
(e) Losses are usually minimised at the maximum loss condition, that is maxi-
mum load current /,,. At lower currents, the capacitor charging time is increased.
(f) Snubbers not only reduce total losses, but because the loss is distributed
between the switch and resistor, more effective heat dispersion can be achieved.
(g) High switch current occurs at turn-on and incorporates the load current 7, the
snubber capacitor exponential discharge V%(l—e”‘” , and any freewheel diode
reverse recovery current.
The capacitor energy CV.is removed at turn-on and is exponentially dissipated
mainly in the snubber circuit resistor. The power rating of this resistor is dependent on
the maximum switching frequency and is given by
P, =%CVf, W) (8.19)
Two factors specify the snubber circuit resistance value.
e The snubber circuit RC time constant period must ensure that after turn-on the
capacitor discharges before the next turn-off is required. If £, is the minimum
switch on-time, then ;,,,,:SR\C\, is sufficient to ensure the correct snubber

circuit initial conditions, namely, zero capacitor volts.
fe i

1 us SO8
k=0
I (1 — k)
v
T
A { 2 Vil(2k — 1) Vi v Vee
—_— 1 —-—
k’t?k—ll“- fm ] OFF

Figure 8.13. The collector I-V trajectory at turn-off with a switching-aid circuit.
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e The resistor initial current at capacitor discharge is V/R,. This component is

added to the load current at switch turn-on, hence adding to the turn-on
stresses. The maximum collector current rating must not be exceeded. In order
to reduce the initial discharge current, a low valued inductor can be added in
series with the resistor, (or a wire-wound resistor used), thus producing an
overdamped L-C-R discharge current oscillation at turn-on.

As a result of utilising a turn-off snubber the collector trajectory across the SOA is
modified as shown in figure 8.13. It is seen that the undesired unaided condition of
simultaneous supply voltage V; and load current 7, is avoided. Typical trajectory
conditions for a turn-off snubbered device are shown for three situations, depending on
the relative magnitudes of #; and 7. A brief mathematical derivation describing the turn-
off switching-aid circuit action is presented in the appendix in section 8.6 at the end of
this chapter.
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Figure 8.14. Loss components for a switch at switch-off when employing a
capacitance-type snubber and assuming a collector fall current according to
ic = %In{1 + cos(nt/T)}.

Normalised switching loss components at turn-off with a cosinusoidal current fall of half period T

Table 8.1.

T=z1

k=1T<1

X VI, TR

loss

Power Electronics

<] - e
l | |
HJ o~ = =
Bl
el &
‘@
1
e
=
=
E - ~
—_—F| .
| 8" =
gL 7 ¥
+ el = \ = =
= @ ~ =
! ) ! |
- -2 — -~
5 — + —
8
=2
IS
+
.
.
= =
= 2
2 2
= @
o
2 &

+ W,

-
t

w

Wiot

184




185 Protecting diodes, transistors, and thyristors

8.3.2  The turn-off snubber circuit - ing a cosii idal current fall
As an alternative to a linear current fall at turn-off, it may be more realistic to assume
that the current falls cosinusoidally according to

i(ty="%1 (1+cosmt/T) (A) (8.20)

for 0 <t <T, as shown in figure 8.14.
As with a linear current fall, two cases exist.
(i) 1< T (k<1),thatis the snubber capacitor charges to V; in time 7, before the
switch current reaches zero, at time 7.
(i) ©>T (k> 1), that is the snubber capacitor charges to the supply V; after the
switch current has fallen to zero.
These two cases are shown in figure 8.14 where £ is defined as 7 /7. Using a similar
analysis as presented in the appendix (section 8.6), expressions can be derived for
switch and snubber resistor losses. These and the total losses for each case are
summarised in table 8.1.
Figure 8.14 shows that a minimum total loss occurs, namely
W,,=041xnV 1T at k=0.62

total

when C, :0.16% (F) (8.21)
For t; < 0.857, a cosinusoidal fall current predicts lower total losses than a linear fall
current, with losses shown in figure 8.12.

Example 8.4:  Turn-off snubber design
A 600V, 100A machine field winding is switched at 10kHz. The switch operates with

an on-state duty cycle ranging between 5% and 95% (5% < & < 95%) and has a turn-off
linear current fall time of 100ns, that is, 7.(f) =100x(1—#/100ns) .

i Estimate the turn-off losses in the switch.

ii. Design a capacitive turn-off snubber using the dimensionally correct
identity i=Cdv/dt. What is the capacitor voltage when the current reaches
zero.

iii. Design a capacitive turn-off snubber such that the switch voltage reaches
600V as its conducting current reaches zero.
In each case calculate the percentage decrease in switch turn-off power dissipation.
Solution
i. The switch un-aided turn-off losses are given by equation (8.14). The turn-off time is
greater than the current fall time (since the voltage rise time #, has been neglected),
thus the turn-off switching losses will be greater than
W, =%V It = "%x600Vx100Ax100ns=3m]

m'off

=W, x f,=3mJ x 10kHz = 30W
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ii. Use of the equation i=Cdv/dt results in a switch voltage that reaches the rail voltage
after the collector current has fallen to zero. From k =Y%+CV /1 t,in figure 8.12, k=3/2
satisfies the dimensionally correct capacitor charging equation. Substitution into
i=Cdv/dt gives the necessary snubber capacitance

600V

100ns

thatis C =16%nF

Use an 18nF, 1000V dc, metallised polypropylene, high dv/dt capacitor.
The snubber capacitor discharges at switch turn-on, and must discharge during the
minimum on-time. That is

100A=C

fw=5CR
5% of 1/10kHz = 5x Rx18nF

thatis R =55.5Q Use 56Q2
The discharge resistor power rating is independent of resistance and is given by
P =%CV .

=% x18nF x600V* x10kHz = 32.4W  Use 50W.

The resistor can be wire-wound, the internal inductance of which reduces the initial
peak current when the capacitor discharges at switch turn-on. The maximum discharge
current in to the switch during reset, which is added to the 100A load current, is

L, =V./R=600V/56Q=10.7A

s60
which decays exponential to zero in five time constants, Spus. The peak switch current
(neglecting freewheel diode recovery) is 100A+10.7A=110.7A, at turn-on.
At switch turn-off, when the switch current reduces to zero, the snubber capacitor has
charged to a voltage less than the 600V rail voltage, specifically
L.
v, = Ejl‘””dt

10025
1

= A x _r dt =277V (300V with 16 % nF)
18nF 4 100ns

The switch turn-off losses are reduced from 30W to

o o . N
Po=f [ ivade =f | 1,[1-——] x v, [ ] ar
w1 [ f‘l [ IOOnSJ v"[lOOns]

0

=1 100A(1-#] ><277V[;j di=23W
] 100ns 100

ns

The total turn-off losses (switch plus snubber resistor) are 2.3W+32.4W=34.7W, which
is more than the 30W for the unaided switch. Since the voltage rise time has been
neglected in calculating the un-aided losses, 34.7W would be expected to be less than
the practical un-aided switch losses. The switch losses have been reduced by 92:%.
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iii. As the current in the switch falls linearly to zero, the capacitor current increases
linearly to 100A (k = 1), such that the load current remains constant, 100A. The
capacitor voltage increases in a quadratic function according to

Ve (1) :]E i, dt

600V 600V
ic=100(1-ttr) | |

i=100(1-t/tr)

100A 100A
277V
TS ve=277(t)? 2D
P~ Pl TN
t t
icap ican

0 ty 1.5t;

Example 8.4. part (b) Example 8.4. part (c)

The capacitor charges quadratically to 600V in 100ns, as its current increases linearly
from zero to 100A, that is

100ns

600V == [ 100 !
C 0

100ns

dt

thatis C =8 )nF
Use a 10nF, 1000V dc, metallised polypropylene, high dv/dt capacitor.
The necessary reset resistance to discharge the 10nF capacitor in Sps is
Sus =5x R x10nF
that is R = 100Q
The power dissipated in the reset resistor is
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Fooa = ‘/ZCV\Ef\
=Y x10nF x 600V* x10kHz = 18W

Use a 100Q, 25W, wire-wound, 600V dc withstand voltage, metal clad resistor.
The resistance determines the current magnitude and the period over which the
capacitor energy is dissipated. The resistance does not determine the amount of energy
dissipated. ~ The capacitor exponentially discharges with an initial current of
600V/100Q = 6A, which adds to the 100A load current at switch turn-on. The peak
switch current is therefore 100A+6A = 106A, at turn-on.
The energy dissipated in the switch at turn-off is reduced from 30W when un-aided to

1008 1008 2
. t t

P.=f|ivdt = I|1- xV. dt

o=t [ =1 | (o0 ) ()

0
2
t
dt=5W
100ns

100ns.
=/ [ IOOA[l- ! j><600V
) 100ns

The total losses (switch plus snubber resistor) with a turn-off snubber are SW+18W
=23W, which is less than the 30W for the unaided switch. The switch losses have been
decreased by 83'5%.
Note that the losses predicted by the equations in figure 8.12 amount to SW+15W
=20W. The discrepancy is due to the fact that the preferred value of 10nF (rather that
the calculated 8%4nF, k =1.2) has been used for the resistor loss calculation.

&

8.3.3 The turn-on snubber circuit - with non-saturable (air-core) inductance

A turn-on snubber comprises an inductor-diode combination in the collector circuit as
shown in figure 8.15. At turn-on the inductor controls the rate of rise of collector
current and supports a portion of the supply voltage while the collector voltage falls. At
switch turn-off the energy stored in the inductor, 4L 1:, is transferred by current
through the diode and dissipated in the diode D; and in the resistance of the inductor.
Figure 8.16 shows collector turn-on waveforms with and without a turn-on snubber
circuit. The turn-on losses associated with an unaided switch, figure 8.16a, neglecting
the current rise time, are given by

W ="VIt ) (8.22)

g
where it is assumed that the collector current rise time is zero and that the collector
voltage falls linearly, according to v (1) =V,(1-t/t,) .

When an inductive turn-on snubber circuit is employed, collector waveforms as in
figure 8.16b or 8.16¢ result. For low inductance the collector current reaches its
maximum value /, before the collector voltage has reached zero. As shown in figure
8.16b, the collector current increases quadratically i.(2)=I,(t/z)’ and the total turn-on
losses (switch plus snubber resistor) are given by




189 Protecting diodes, transistors, and thyristors

W=V Lt (K -4k+1) [0) (8.23)

for k < 1, where k = v/t;, as defined in figure 8.16. These losses include both switch
losses and stored inductor energy subsequently dissipated. For higher snubber
inductance, the collector voltage reaches zero before the collector current reaches the
load current level. Initially the inductor current increases quadratically i,,q(t):in(t/tj\){
then when the collector voltage has reached zero, the current increases linearly. The
total losses are given by

W=y, (e 'k”%i%) o (8.24)

Note that these equations are similar to those for the turn-off snubber, except that the
current fall time is replace by the voltage fall time. The normalised loss components
for the capacitive snubber in figure 8.12 are valid for the inductive turn-on snubber.
Minimum total turn-on losses of 5/9 those of the un-aided case, occur at & = % when

2Vt
=57 (H) (8.25)

Vv,

LOAD

:

Figure 8.15. Turn-on switching—al?d circuit incorporating series inductance, Ls.

At switch turn-off, the snubber inductance stored energy is dissipated as heat in the
snubber freewheeling diode path. The maximum power loss magnitude is dependent on
the operating frequency and is given by

P, =WLIf (W) (8.26)

This power is dissipated in both the inductor winding resistance and freewheeling
diode D;. The resistance in this loop is usually low and therefore a long L/R dissipating
time constant may result. The time constant is designed such that f(,/; = 5L /R where
;,,ﬁ is the minimum device off-time. The time constant can be reduced either by adding
series resistance or a Zener diode as shown in figure 8.17.
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{a)

Ve

[0 Y R
increasing Ls

Figure 8.16. Switch voltage and current collector waveforms at turn-on:
(a) without a snubber; (b) and (c) with an inductive snubber; and (d) switch power
losses.
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A disadvantage of adding series resistance R as in figure 8.17a is that the switch
collector voltage at turn-off is increased from V to ¥V + I,R. The resistor must also
have low self-inductance in order to allow the collector current to rapidly transfer from
the switch to the resistor/diode reset circuit. The advantage of using a Zener diode as in
figure 8.17b is that the maximum overvoltage is fixed, independent of the load current
magnitude. For a given overvoltage, the Zener diode absorbs the inductor-stored
energy quicker than would a resistor (see example 6.3 and problem 8.9). The
advantages of using resistive dissipation are lower costs and more robust heat
dissipation properties.

Nd)

Figure 8.17. Four turn-on snubber modifications for increasing the rate of release of
inductor Lsstored energy: (a) using a power resistor; (b) using a power Zener diode;
(c) parallel switch Zener diode, V> > V; and (d) using a soft voltage clamp.
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Figure 8.18. The collector I-V trajectory at turn-on with a switching-aid circuit.

Alternatively the Zener diode can be placed across the switch as shown in figure 8.17c.
The power dissipated is increased because of the energy drawn from the supply,
through the inductor, during reset. At higher power, the soft voltage clamp shown in
figure 8.17d, and considered in section 8.2, can be used. At switch turn-off, the energy
stored in L,, along with energy from the supply, is transferred and stored in a clamp
capacitor. Simultaneously energy is dissipated in R and returned to the supply as the
capacitor voltage rises. The advantage of this circuit is that the capacitor affords
protection directly across the switch, but with lower loss than a Zener diode as in figure
8.17c. The energy loss equation for each circuit is also shown in figure 8.17. Figure
8.18 shows how a switch turn-on snubber circuit modifies the SOA trajectory during
switch-on, avoiding a condition of simultaneous maximum voltage ¥ and current /.

Example 8.5:  Turn-on air-core inductor snubber design
A 600V, 100A machine field winding is switched at 10kHz. The switch operates with
an on-state duty cycle between 5% and 95% (5% < & < 95%) and has a turn-on voltage
fall time of 100ns, that is, v,(¢) = 600V(1—#/100ns) .
i Estimate the turn-on losses of the switch.
ii. Design an inductive turn-on snubber using the dimensionally correct
identity v=Ldi/dt. What is the current magnitude in the turn-on inductor
when the switch voltage reaches zero.
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iii. Design an inductive turn-on snubber such that the switch current reaches
100A as its supported voltage reaches zero.
In each snubber case, using first a resistor and second a Zener diode for inductor reset,
calculate the percentage decrease in switch power dissipation at turn-on.

Solution
i. The switch un-aided turn-on losses are given by equation (8.13). The turn-on time is
greater than the voltage fall time (since the current rise time #, has been neglected),
thus the turn-on switching losses will be greater than

W, =VVIt, = %x600Vx100Ax100ns=3mJ

P, =W, xf =3ml]x 10kHz =30W
ii. Use of the equation v=Ldi/dt results in a switch current that reaches the load current
magnitude after the collector voltage has fallen to zero. From & =2+ L1 /Vt in figure
8.18, k=3/2 satisfies the dimensionally correct inductor equation. Substitution into
v=Ldi/dt gives the necessary snubber inductance
600V = £ 120A
100ns
thatis L =600 nH
The snubber inductor releases its stored energy at switch turn-off, and must discharge
during the switch minimum off-time, ;,,// . That is

ty =5L/R
5% of 1/10kHz = 5x0.6uH /R
that is R = 0.6 Q

Use the preferred value 0.68Q, which reduces the L/R time constant.
The discharge resistor power rating is independent of resistance and is given by
P o ="%LI S

0.68Q mJ s

=% x600nH x100A° x10kHz = 30W
The resistor in the circuit in figure 8.17a must have low inductance to minimise voltage
overshoot at switch turn-off. Parallel connection of metal oxide resistors may be
necessary to fulfil both resistance and power rating requirements. The maximum switch
over-voltage at turn-off, (assuming zero resistor inductance), at the commencement of
core reset, which is added to the supply voltage, 600V, is

Vo =1,R =100A x0.68Q = 68V

which decays exponential to zero volts in five time constants, Sus. The maximum
switch voltage is 600V+68V=668V, at turn-off. The reset resistor should be rated at
0.68Q, 30W, metal film, 750V dc working voltage.
A Zener diode, as in figure 8.17b, of ¥, = L1/t =0.6uHx100A/5us = 12V, will
reset the inductor in the same time as 5 L/R time constants. The switch voltage is
clamped to 612V during the 5us inductor reset time at turn-off.
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At turn-on when the switch voltage reduces to zero, the snubber inductor current
(hence switch current) is less than the load current, 100A, specifically

R
I, = z_[ dedt
| .
= J 600V x [71 dt = 50A
600nH < 100ns

The switch turn-on losses are reduced from 30W to

100ns 100ns 2
t t
P, = ivdt = V|1- Xiy| ——— | dt
S| e

0

100ns. 2
=1 6OOV[1- ! ] xsoA[#) dt=25W
4 100ns 100ns

The total turn-on losses (switch plus snubber resistor) are 2.5W + 30W = 32.5W, which
is more than the 30W for the unaided switch. Since the current rise time 7, has been
neglected in calculating the 30W un-aided turn-on losses, it would be expected that
32.5W would be less than the practical un-aided case. The switch losses are decreased
by 92%:%, from 30W down to 2.5W.

iii. As the voltage across the switch falls linearly to zero from 600V, the series inductor
voltage increases linearly to 600V (k=1), such that the voltage sum of each component
amounts to 600V. The inductor current increases in a quadratic function according to

. 1
i, (0= 7 J v, At

The inductor current increases quadratically to 100A in 100ns, as its voltage increases
linearly from zero to 600V, that is

l 100ns
2 t
100A = ! 600V Yo

that is L = 300nH
The necessary reset resistance to reduce the 300nH inductor current to zero in 5us is

for =5us =5x0.3uH/R
thatis R = 0.3Q
Use the preferred value 0.33Q in order to reduce the time constant.
The power dissipated in the 0.33Q reset resistor is
Fya= '/2L[”1'f‘
=1%x300nH x100A° x10kHz = 15W

The resistance determines the voltage magnitude and the period over which the
inductor energy is dissipated, not the amount of inductor energy to be dissipated. The
inductor peak reset voltage is 100Ax0.33Q=33V, which is added to the supply voltage
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of 600V, giving 633V across the switch at turn-off. That is, use an 0.33Q, 15W metal
film, 750V dc working voltage resistor.

A Zener diode, as in figure 8.17b, of V. = LI, /t., =0.3uHx100A/5ps = 6V (use
6.8V), will reset the inductor in the same time as 5 L/R time constants. The switch
voltage is clamped to 606.8V during the #,; = Sus inductor reset time at turn-off.

The energy dissipated in the switch at turn-on is reduced from 30W to

2
)x lm [ ! )
° ° 100ns

100ns 2
=1 600V(l- ! jxlOOA( ! j dt =5W
5 100ns 100ns

The total turn-on snubber losses (switch plus snubber resistor) are SW+15W=20W,
which is less than the 30W for the unaided switch. The switch losses, with an
inductive turn-on snubber, are decreased by 83'4%, from 30W to 5W.

100ns 100ns.
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Example 8.5. part (b) Example 8.5. part (c)
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8.3.4  The turn-on snubber circuit - with saturable ferrite inductance

The purpose of a turn-on snubber circuit is to allow the switch collector voltage to fall
to zero while the collector current is low. Device turn-on losses are thus reduced,
particularly for inductive loads, where during switching the locus point (¥}, 7,,) occurs.
This turn-on loss reduction effect can be achieved with a saturable inductor in the
circuit shown in figure 8.19a, rather than using a non-saturable (air core) inductor as
previously considered in section 8.3.3. The saturable inductor in the snubber circuit is
designed to saturate after the collector voltage has fallen to zero, at point Y in figure
8.19. Before saturation the saturable inductor presents high reactance and only a low
magnetising current flows. From Faraday’s equation, assuming the collector voltage
fall to be linear, V/ (l —t/t, ) , the saturable inductor ¢; must satisfy

v,:N@:N a8 (8.27)
dt dt
Rearranging, using an inductor voltage v,(t) =V, —v (t) =V, t/t, , and integrating gives
1% 15t
B =— \v()dt=— |V.—dt 8.28
= o NA{\” (828)
which yields the following identity
2NA B
V.= : ) (8.29)

»
where N is the number of turns,
A is the core area, and
By is the core ferro-magnetic material saturation flux density.
The inductor magnetising current /), should be much less than the load current
magnitude 7, [,y <<I,,, and the magnetising current at saturation is given by
I,=HL,/IN (A) (8.30)
where L, is the core effective flux path length and H, is the magnetic flux intensity at
the onset of saturation. Before core saturation the inductance is given by
L=N®/I=N*/R=puAN*/L, (H) (8.31)
‘When the core saturates the inductance falls to that of an air core inductor (¢,=1) of the
same turns and dimensions, that is, the incremental inductance is
L, =mAN*/L, (H) (8.32)
The energy stored in the inductor core is related to the B-H area shown in figure 8.19¢
and magnetic volume, and is approximated by
W, =%2BH AL, ='ALI, ) (8.33)
The collector turn-on waveforms are shown in figure 8.19b, while the corresponding B-
H curve in figure 8.19b that little device turn-on electrical stressing occurs.and SOA
trajectories are illustrated in figure 8.19 parts ¢ and d. It will be seen
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Figure 8.19. Switch turn-on characteristics when a saturable inductor is used
in the turn-on snubber: (a) circuit diagram; (b) collector voltage and current
waveforms; (c) magnetic core B-H curve trajectory; and (d) safe operating area I-V
turn-on trajectory.

Example 8.6:  Turn-on ferrite-core inductor snubber design
A 600V, 100A machine field winding is switched at 10kHz. The switch operates with
an on-state duty cycle between 5% and 95% (5% < & < 95%) and has a turn-on voltage
fall time of #,=100ns, that is, v,(¢) = 600V (1—#/100ns) .
i Design a saturable inductor turn-on snubber that saturates as the collector
voltage reaches zero, using a ferrite core with the following parameters.
. A=04sqcm
. L=4cm
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e B=04T
e H,=100At/m
ii. Calculate the switch losses at turn-on when using the saturable reactor.
‘What is the percentage reduction in switch turn-on losses?
ii. If an air cored inductor is used to give the same switch turn-on loss, what
are the losses at reset?

Solution
From example 8.5, the unaided switch turn-on loss is 30W.
i.  From equation (8.29) the number of turns is
N=YVt,/AB
=Y%x600Vx0.1ps/0.4x107 x0.4T ~ 2 turns
The magnetising current /), at saturation, that is, when the collector voltages reaches
zero, is given by equation (8.30)
I, =H, Lu/r /N
=100At/mx0.04/2 =2A
Since [<<l,, (2A<<100A), this core with 2 turns produces satisfactory turn-on
snubber action, resulting in greatly reduced switch losses at turn-on.
From equation (8.31) the inductance before saturation is
L=NAB /I,
=2x0.4x10"x0.4T/2A =16pH
The incremental inductance after saturation, from equation (8.32), is given by
L,= NZA.uo /Le/l
=2"x0.4x10"x47x107/0.04 = 50nH
From equation (8.33) the energy stored in the core and released as heat in the reset
resistor is
W, =Ll (=%BH,L,A)
=Y x16uH x2” =32uJ
P =W, x f. =32u) x10kHz = 0.32W

The time £, for core reset via the resistor in five L/R time constants, is dominated by
the 16uH section (the pre-saturation section) of the B-H curve, thus
{, = 5us=5x16pH/R

thatis R = 16Q2
Use a 15Q, IW, carbon composition resistor, for low inductance.
This resistance results in a switch voltage increase above 600V of 15Qx100A=1500V
at turn-off. This high-voltage may be impractical in terms of the switch and resistor
voltage ratings.
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Alternatively, the Zener diode clamps shown in figures 8.17 b or ¢, may be suitable to
dissipate the 0.32W of stored magnetic energy. The Zener voltage is determined by
assuming that a fixed Zener voltage results in a linear decrease in current from 2A to
zero in Sps. That is

ind

W, = VZ']ui dt (='%LI})
>

32u) =% xV, x2A x5us

thatis V, = 6.4V
Use a 6.8V, IW Zener diode.
Series connected Zener diodes in parallel with the switch would need to dissipate 30W.
The energy associated with saturation is small and is released in an insignificant time
compared to the Spus minimum off-time. The advantage of the Zener diode clamping
approach, as opposed to using a resistor, is that the maximum switch voltage is
clamped to 606.8V, even during the short, low energy period when the inductor current
falls from 100A to 2A.
ii.  The switch turn-on losses with the saturable reactor are given by

100ns 100ns 2
t t
P = ivdt = V| 1-——|xI dt
L=t [ivdi =1 | [ 1()Onsj M(mmj

100ns 2
=1 600V(1- ! ]sz(L] dr=0.1W
! 100ns 100ns

The switch losses at turn-on have been reduced from 30W to 0.1W, a 99%% decrease
in losses. The total losses (switch plus Zener diode) are 0.1W+0.32W=0.42W, which is
significantly less than the 30W in the un-aided case.

0.4T

0 100At/m 5000At/m 0 5us
2A 100A
Example 8.6
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iii. If an air core inductor of 16uH were to replace the saturable reactor, the stored
energy released would give losses
W =LI.
=% x16uH x100° = 80mJ
P =W x f. =80mJ x10kHz=800W
Clearly the use of an air cored inductor rather than a saturable reactor, to achieve the

same switch loss of 0.1W at turn-on, is impractical.
L)

8.3.5  The unified snubber circuit

Figure 8.20 shows a switching circuit which incorporates both a turn-on and turn-off
snubber circuit. Both C; and L; are dimensioned by the analysis outlined in sections
8.3.1 and 8.3.3, respectively. The power rating of the dissipating resistor R incorporates
a contribution from both the turn-on inductor L, and turn-off capacitor C, according to
P, ="%(LL+CV?)f, (W) (8.349)

Calculated resistance values to satisfy minimum off and on time reset according to
tw>5RC and f,ys >5L /R, may result in irreconcilable resistance requirements. The
snubber capacitor discharges at turn-on via an L-C-R circuit rather than the usual R-C
circuit, hence reducing the turn-on current stressing of the switch.

An important by-product from using a turn-on snubber circuit is that the inductor
controls the reverse recovery process of the load freewheeling diode at switch turn-on.

vy

L-R
discharge

reset currents

R-L-C
\ discharge

Figure 8.20. Unified snubber incorporating both a turn-on and a turn-off circuit
which share the one dissipation reset resistor.
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8.4 Snubbers for bridge legs

Figure 8.21 shows three typical switch bridge leg configurations used in inverters as
shown in figures 14.1 and 14.3. The inductive turn-on snubber L and capacitive turn-
off snubber C; are incorporated into the bridge legs as shown in each circuit in figure
8.21.

The combinational snubber circuit in figure 8.21a can be used to minimise the number
of snubber components. The turn-on snubber inductance L, reset resistor R, and
snubber capacitor Cy., are common to any number of bridge legs. The major dis-
advantage of this circuit is that turn-off snubber action associated with the lower switch
is indirect, relying on low inductance decoupling through C; and Ci..

With an inductive load, unwanted turn-off snubber action occurs during the switch
modulation sequence as shown in figures 8.21b and 8.21¢c. When the upper switch T, is
turned off as in figure 8.21b the load current 7, is diverted to the freewheel diode Dy.
While D¢ conducts the capacitor C, discharges to zero through the resistor R, as shown,
dissipating energy CJV’. When the switch T, is turned on, the load current is
provided via the switch T, and the snubber capacitor C, is charged through the series
turn-on snubber inductance, as shown in figure 8.21c. A lightly damped L-C oscillation
occurs and C; is over charged. Advantageously, the recovery voltage of the freewheel
diode Dy is controlled by the capacitor voltage rise.

The unwanted snubber action across the non-power conducting switch can be avoided
in some applications by using a series blocking diode as shown in figure 8.21d. The
diode D, prevents C from discharging into the load as occurs with the lower switch in
figure 8.21b. A blocking diode can be used to effectively disable the internal parasitic
diode of the MOSFET. Adversely, the blocking diode increases the on-state losses.

In reactive load applications, bridge legs are operated with one switch on, with only a
short underlap when both switches are off. Thus although the snubber capacitor cannot
discharge into the load in figure 8.21d, it always discharges through the switch T,
regardless of load current flow through the switch.

In IGBT and MOSFET applications, the conventional R-C-D turn-off snubber is not
usually required. But because of diode recovery limitations, a turn-on snubber may be
necessary. In low frequency applications, a single turn-on snubber inductor can be used
in the dc link as shown in figure 8.22a. Snubber circuit design is based on the turn-on
snubber presented in 8.3.3. The circuit in figure 8.22b is based on the conventional
turn-on snubber being incorporated within the bridge leg. Figures 8.22¢ and d show
turn-on snubbers which use the soft voltage clamp, presented in 8.2, to reset the
snubber inductor current to zero at turn-off.

In each circuit at switch turn-off, #;, the energy '2LI] stored in the turn-on snubber
inductor is dissipated in the resistor of the discharge circuit. The energy '4LI’ in L,
due to diode recovery, is dissipated in the resistor at time ¢, in circuits (a), (b) and (c).
In figure 8.22d the energy in excess of that associated with the load,sLI?, due to
diode recovery, is dissipated in the switch and its parallel connected diode. At time 7,
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W =Ll +—< L] | (8.35)

T VgtV mtm

is dissipated in the two semiconductor components. Since the energy is released into a
low voltage v., + vy, the reset time 7, - ¢, is large.

Coupling of the inductors in figures 8.22c and d does not result in any net energy
savings.

(e}

Figure 8.21. Bridge leg configurations: (a) Undeland leg snubber circuit; (b) leg with
turn-on snubber and turn-off snubber Cs discharge path shown; (c) L-C oscillation at
switch-on; and (d) blocking circuit to prevent snubber capacitor discharge when D¢
conducts.
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le)

Figure 8.22. Turn-on snubbers for bridge legs:

(d}

(a) single inductor in dc link; (b) unified L-R-D snubber; (c) soft voltage clamp; and

(d) soft voltage clamp with load clamped.
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8.5 Appendix: Turn-off R-C snubber circuit analysis

When a step input voltage is applied to the L-C-R circuit in figure 8.3, a ramped
voltage appears across the R-C part of the circuit. If this dv/dt is too large, a thyristor in
the off-state will turn on as a result of the induced central junction displacement
current, which causes injection from the outer junctions.
The differential equations describing circuit current operation are
(D* + 25D + @))I =0 (8.36)
and
(zD + 1)I = CDe, (8.37)
where D = differential operator = d /dt
and &= damping ratio = %RNC/L
o= natural frequency = INLC
o = oscillation frequency = @ N1-¢&?

Solution of equations (8.36) and (8.37), for /,= 0, leads to
(a) The snubber current

1) = e% % e sin ot (A) (8.38)

(b) The rate of change of snubber current

dl ¢ & .
- A s [cos wt —%? sin a)tj (A/s) (8.39)

(c) Snubber R-C voltage

o= e [1 S cos ot - %? sin a)t] ) (8.40)

(d) The rate of change of R-C voltage

%:a)ﬂe\ P [25 cos wt +172%_52 sin cot) (V/s) (8.41)

The maximum value expressions for each equation can be found by differentiation
(a) Maximum snubber current

(cosE )
I =% 2 e‘\ /5] (A) (8.42)

when cos wt =¢

(b) The maximum snubber di/dt is given by
i, _e —e,

dt L

(A/5) (8.43)
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(c) Maximum R-C voltage
J-geosle |
e=e |14el V=i ) (8.44)

when cos wt =28 - 1

(d) Maximum slew rate, % = S
t

for&< Vs
-geos1g3-422) }
S = eme = (V/s) (8.45)
when cos w=¢(3-48)
for &>V
S =2few, (= eR/L) (Vis) (8.46)
when ¢t =0

Equations (8.42) to (8.46), after normalisation are shown plotted in figure 8.4 as a
function of the snubber circuit damping factor £ The power dissipated in the resistor is
approximately Ce’f. .

8.6 Appendix: Turn-off R-C-D switching aid circuit analysis

Switch turn-off losses for an unaided switch, assuming the collector voltage rise time is
negligible compared with the collector current fall time, are
W="YVIt, (8.47)

If 7 is the time in figure 8.11 for the snubber capacitor C; to charge to the supply V,
and #; is the switch collector current fall time, assumed linear such that i.(2) = 1,.(1-t/t;),
then two capacitor charging conditions can exist

e <1

o Tl

Let k = v/t; and electrical energy W :J "vidt
0

Casel:7<t;, k<1

Figure 8.11b shows ideal collector voltage and current waveforms during aided turn-off
for the condition 7 < #;. If, assuming constant maximum load current, 7,, the collector
current falls linearly, then the load deficit, 7,#/; charges the capacitor C,, whose
voltage therefore increases quadratically. The collector voltage v, and current i. are
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given by
t
i=10-—
010 L0=1,0-5)
Y 0<r<r and t, ], 0<i<i, (8.48)
v.(0=, [ij V(0=
T
The final capacitor charge is given by
0=CV = ‘[ (1 —i (t))dt =4l t k* ©) (8.49)

The energy stored by the capacitor, W,, and lost in the switch, W, are given by
W=%hCV:  (=%QV,)
=WV 1, x%k* (U]

stmth

W= [V, odes [ V1,000 )dr
0 0

(8.50)

(8.51)
=WVt (1-%k+ k) 0

nip
Case2:7>1;, k>

Figure 8.11c shows the ideal collector voltage and current switch-off waveforms for
the case when k > 1. When the collector current falls to zero the snubber capacitor has
charged to a voltage, vy, where

1 (o,
v, = FL idt
) (8.52)

:Cix%lmtn 8%

The collector voltage v, and current i, are given by

L0=1,0-5) i(H)=0

fi

v.(0)=V, [iJ
tﬁ

The final capacitor charge is given by
o=cy =["u, i@+ 1,d
(k=1) ©)
The energy stored by the capacitor #7,, and lost in the switch W, are given by

, 0<¢<¢, and (V.=v)t kv, =V |, t,<t<7 (8.53)

1
— +
1, k-1 k-1

v.(0) =

(8.54)
=1t

m’fi
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W.=%nCV: (=%0V)

=V 11, x(k—"%) )
i ) (8.55)
w, =L v, (=t/1,)t/t,) dt
=/l 1, )
Using equations (8.52) and (8.54) to eliminate v, yields
1
W =%VIt x———— J 8.56
e 0 (8.56)
The total circuit losses W, are
W =W, +W.
W, =Vt x(1-%k+%K), k<1 (I) (8.57)
K —k+4%
Wy =V 1t SRR )

" (k=)

The equations (8.50), (8.51), and (8.55) to (8.57) have been plotted, normalised, in
figure 8.12.
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Problems

8.1. The figure 8.23 shows GTO thyristor turn-off anode -V characteristics.
Calculate

i turn-off power loss at 1 kHz. What percentage of the total loss does the tail
current account for?

il. losses when a capacitive turn-off snubber is used and the anode voltage rises
quadratically to 600V in 0.5us. What percentage of the total losses does the
tail current account for? What is the necessary capacitance?

iii. losses when a capacitive turn-off snubber is used and the anode voltage rises
quadratically to 600V in 2ps. What percentage of the total losses does the tail
current account for? What is the necessary capacitance?

[10.5 W]
lar = 100 A Vax = 600 V

"

o—lra=10A

] 0.5 2.0 (us) t

Figure 8.23. Problem 8.1, GTO thyristor tail current characteristics.

8.2. Prove that the minimum total losses (switch plus snubber resistor), associated
with a switch which utilises a capacitive turn-off switching-aid circuit, occur if the
snubber capacitor is fully charged when the collector current has fallen to ¥ its original
value. Derive an expression for this optimal snubber capacitance.

c =yl &
\-797\ ()

8.3. Derive an expression for the optimal turn-on switching-aid circuit inductance,
assuming the collector current rise time in the unaided circuit is very short compared
with the collector voltage fall time.
Vi
L=p=t ()
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8.4. A ferrite toroid has B-H characteristics as shown in figure 8.24 and a cross-
sectional area, 4, of 10 mm?” and effective length, L.z of 50 mm.

2 (Teslad

Shope B
By =025 =

H AT m)

Figure 8.24. Problem 8.4, B-H characteristics.

A number of such toroid cores are to be stacked to form a core for a saturable inductor
turn-on snubber in a switching circuit. The circuit supply voltage is /" and the switch
voltage fall time at turn-on is #5. Assume #; is independent of supply voltage and falls
linearly from V'to 0 V.
i. Using Faraday’s Law, show that if the ferrite inductor is to saturate just as the
switch collector voltage falls to zero at turn-on, then the number of turns N for n cores
is given by
Vi,

2B, An
ii. Derive an expression for the inductance before saturation.
iii. It is required that the maximum magnetising current before saturation does not
exceed 1 A. If only 10 turns can be accommodated through the core window, what is
the minimum number of cores required if /=200 V and #; = 1 ps?
iv. How many cores are required if the supply V is increased to the peak voltage
of the three-phase rectified 415 V ac mains, and the load power requirements are the
same as in part (c)?

V. Calculate the percentage change in the non-saturated inductance between parts
iii and iv.
vi. What are the advantages of saturable inductance over linear non-saturable

inductance in turn-on snubber applications? What happens to the inductance and stored
energy after saturation?
[£=N*/R, n =5, n=4,1:9]
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8.5. Prove, for an inductive turn-on snubber, where the voltage fall is assumed
linear with time, that

k= 2LL, for k>1

st

k:%+'/z for k<1
s fy

where k = /7 (see figures 8.16 and 8.18).

8.6. Derive the expressions in table 8.1 for a turn-off snubber assuming a
cosinusoidal current fall. Prove equation (8.21), the optimal capacitance value.

8.7 Show that when designing a capacitive turn-off snubber using the
dimensionally correct equation i = Cdv/dt, as in example 8.4b, the capacitor charges to
14V, when the switch current reaches zero.

8.8 Show that when designing an inductive turn-on snubber using the
dimensionally correct equation v = Ldi/dt, as in example 8.5b, the inductor current
reaches Y2l,, when the switch voltage reaches zero.

8.9 Reset of inductive turn-on snubber energy '2L I can be effected through a
resistor, R, as in figure 8.17a or through a Zener diode, D,, as in figure 8.17b.

Show that for the same reset voltage, namely V.=I,R, in each case, Zener diode reset is
n times faster the resistor reset when 7R C. < £, .




Switching-aid Circuits
with Energy Recovery

Turn-on and turn-off snubber circuits for the IGBT transistor and the GTO thyristor
have been considered in chapter 7. These snubber circuits modify the device I-V
switching trajectory and in so doing reduce the device transient losses. Snubber
circuit action involves temporary energy stored in either an inductor or capacitor.
In resetting these passive components it is usual to dissipate the stored energy in a
resistor as heat. At high frequencies these losses may become a limiting factor
because of the difficulties associated with equipment cooling. Instead of
dissipating the switching-aid circuit stored energy, it may be viable to recover the
energy either back into the supply or into the load. Two classifications of energy
recovery circuits exist, either passive or active. A passive recovery circuit involves
only passive components such as L and C while active recovery techniques involve
switching devices, as in a switched-mode power supply.

9.1 Energy recovery for turn-on snubber circuits

Figure 9.1 shows the conventional turn-on snubber circuit for a simple IGBT
transistor switching circuit. Equally the switch may be a GTO thyristor or a GCT,
for which an inductive turn-on snubber is mandatory.

At switch turn-on the snubber inductance controls the rate of rise of current as the
collector voltage falls to zero. The switch turns on without the stressful condition
of simultaneous maximum voltage and current being experienced. At turn-off the
inductor current is diverted through the diode and resistor network and the stored
inductor energy /LI is dissipated in the resistance of the L-R-D circuit as heat.
The power loss is determined by the switching frequency and is given by %LI’f;.
Full design and operational aspects have been considered in section 8.3.3.
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Figure 9.1. Conventional inductive turn-on snubber principal currents at:
(a) turn-on and (b) turn-off.

9.1.1  Passive recovery

Figure 9.2 shows a simple passive technique for recovering the turn-on snubber
stored energy back into the supply. The inductor is bifilar-wound with a catch
winding. The primary winding is designed to give the required inductance based on
core dimensions, properties, and number of turns. At switch turn-off the current in
the coupled inductor primary is diverted to the secondary so as to maintain core
flux. The windings are arranged so that the transferred current flows back into the
supply via a diode which prevents reverse current flow.

The operating principles of this turn-on snubber recovery scheme are simple but a
number of important circuit characteristics are exhibited. Let the coupled inductor
have a primary-to-secondary turns ratio of 1:N. At turn-off the catch winding
conducts and is thereby clamped to the supply rail V. The primary winding
therefore has an induced voltage specified by the turns ratio. That is

v, =%, % ©.1)
The switch collector voltage at turn-off is increased by this component, to
Vo=(1+4), ) ©2)

The turns ratio N should be large so as to minimise the switch voltage rating.
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Figure 9.2. Turn-on snubber with snubber energy recovery via a catch winding:
(a) circuit diagram; (b) circuit waveforms; and (c) multilevel recovery.
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At turn-on the inductor supports the full rail voltage and, by transformer action, the
induced secondary voltage is NV, The reverse-blocking voltage seen by the
secondary blocking diode is

V.=(1+N)7, (\%) 9.3)

Thus by decreasing the switch voltage requirement with large N, the blocking
diode reverse voltage rating is increased, and vice versa when N is decreased.
One further design compromise involving the turns ratio is necessary. The higher
the effective pull-down voltage, the quicker the stored energy is returned to the
supply. The secondary voltage during the recovery is fixed at V; hence from v= L
di/dt the current will decrease linearly from /,,/N to zero in time #;,. By equating the
magnetically stored energy with the energy pumped back to the rail

VLI =V, Iﬁ t, ) 9.4)

phm

the core reset time, that is the time for the core energy to be returned to the supply,
is given by
I
t,=L, 7N (s) 9.5)

Thus the lower the turns ratio N, the shorter the core reset time and the higher the
upper switching frequency limit. This analysis assumes that the collector current
fall time is short compared with the core reset time.

Primary leakage inductance results in a small portion of the core stored energy
remaining at turn-off. This energy, in the form of primary current, can usually be
absorbed by the turn-off snubber circuit across the switch.

Figure 11.2c shows a recovery arrangement with multiple secondary windings, for
a multilevel inverter. The reflected voltage, (l+N/n) V., on to the switch is
significantly reduced as the number of secondary windings, n, increases. Auto
balancing and regulation of the capacitor voltages is achieved since only the lowest
charged capacitor has energy transferred to it.

9.1.2  Active recovery

Figure 9.3 shows an inductive turn-on snubber energy recovery scheme which
utilises a switched-mode power supply (smps) based on the boost converter in
15.4, as shown in figure 9.4a.

At switch turn-off the energy stored in the snubber inductor L, is transferred to the
storage capacitor C via the blocking diode, Dy. The smps is then used to convert
the relatively low capacitor voltage into a higher voltage suitable for feeding
energy back into a supply. The capacitor charging rate is dependent on load current
magnitude. The smps can be controlled so as to maintain the capacitor voltage
constant, thereby fixing the maximum switch collector off-state voltage, or varied
with current so as to maintain a constant snubber inductor reset time. One smps
and storage capacitor can be utilised by a number of switching circuits, each with a
blocking diode as indicated in figure 9.3. The diode and switch are rated at V,+V,.
If the load and turn-on snubber are re-arranged to be in the cathode circuit, then the
smps in figure 9.4b can be used to recover the snubber energy from capacitor C,.




215 Switching aid circuits with energy recovery

(a)
Figure 9.4. Underlying energy recovery circuits for when energy in C, is stored:
(a) above Vs and (b) below 0V.

9.2 Energy recovery for turn-off snubber circuits

Figure 9.5 shows the conventional turn-off snubber circuit used with both the GTO
thyristor and the IGBT transistor. At turn-off, collector current is diverted into the
snubber capacitor C via D. The switch turns off clamped to the capacitor voltage
which increases quadratically from zero. At the subsequent switch turn-on the
energy stored in C, 2CVis dissipated as heat, mainly in the resistor R. A full
functional description and design procedure for the turn-off snubber circuit is to be
found in section 8.3.1.
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At high voltages and switching frequencies, with slow switching devices, snubber
losses (ACV’f.) may be too high to be dissipated easily. An alternative is to
recover this energy, using either passive or active recovery techniques.

4V

(a) [(+]
Figure 9.5. Conventional capacitive turn-off snubber showing currents at:
(a) turn-off and (b) IGBT transistor turn-on.

9.2.1  Passive recovery

Figure 9.6 illustrates a passive, lossless, turn-off snubber energy recovery scheme
which dumps the snubber energy, %CV?f., into the load. The turn-off protection
is that of the conventional capacitive snubber circuit. At turn-off the snubber
capacitor C charges to the voltage rail ¥ as shown in figure 9.7a.

At subsequent switch turn-on, the load current diverts from the freewheeling diode
to the switch. Simultaneously the snubber capacitor resonates its charge to
capacitor C, through the path shown in figure 9.7b.

When the switch next turns off, the snubber capacitor C; charges and the capacitor
C, discharges into the load. When C, is discharged the freewheeling diode
conducts. During turn-off C, and C; act effectively in parallel across the switching
device.

A convenient starting point for the analysis of the recovery scheme is at switch
turn-on when snubber energy is transferred from C;to C,. The active portions of
figure 9.7b are shown in figure 9.8a.
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ov

Figure 9.6. A capacitive turn-off snubber with passive capacitor energy recovery
into the load.

LOAD

Turn-off Turn-off

{e)

Figure 9.7. Energy recovery turn-off snubber showing the energy recovery
stages: (a) conventional snubber action at turn-off; (b) intermediate energy
transfer at subsequent switch turn-on; and (c) transferred energy dumped into
the load at subsequent switch turn-off.
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Analysis of the L-C resonant circuit with the initial conditions shown yields the
following capacitor voltage and current equations. The resonant current is given by

i(wt)= ; sinwt (A) 9.6)

where Z =wL = Z~1 + 1/n  (ohms)
o =N+ 1/n (rad/s)

o, =1/LC, (rad/s)

n=C/C,

Z, =,/L/C, (ohms)
Co

{a) ()

Figure 9.8. Equivalent circuit for the intermediate energy transfer phase of
snubber energy recover, occurring via:
(a) the main switch T and (b) then via the snubber diode Ds.

The snubber capacitor voltage decreases according to

V.=V, {1 —Lcoswt} V) 9.7

I+n
while the transfer capacitor voltage charges according to
n
V., =V T, (1+coser) ) 9.8)

Examination of equation (9.7) shows that if » > 1, the final snubber capacitor
voltage at wt = will be positive. It is required that C; retains no charge, ready for
subsequent switch turn-off; thus n < 1, that is C, > C,. If C, is greater than C;
equation (9.7) predicts C, will retain a negative voltage. Within the practical circuit
of figure 9.6, C, will be clamped to zero volts by diode D conducting and allowing
the stored energy in L to be transferred to C,. The new equivalent circuit for
wt =cos™ (—n) is shown in figure 9.8b. The resonant current is given by

i(ot) = I; sin(a, +¢) (A) 9.9)
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where >0 and ¢ =—tan™' \/==2

n

The final voltage on C, is Jn V. and C;retains no charge. The voltage and current
waveforms for the resonant energy transfer stage are shown in figure 9.9.

Energy dumping from C, into the load and snubber action occur in parallel and
commence when the switch is turned off. As the collector current falls to zero in
time #; a number of serial phases occur. These phases, depicted by capacitor
voltage and current waveforms, are shown in figure 9.10.

Jco
VilZ
Vil=n?)x vz
£}
| -
cos™ ' (—n) wt
Vi
(b}
ve,
A L
l 1 wit
NI FR'A
V,
(c) e
Ifc=
1 | -
1 wl

Figure 9.9. Circuit waveforms during intermediate energy transfer phase of
snubber energy recovery: (a) transfer capacitor Cocurrent; (b) snubber capacitor
voltage; and (c) transfer capacitor voltage.

Phase one

Capacitor C, is charged to «/; V., so until the snubber capacitor C, charges to
17\/; V., C, takes no part. Conventional snubber turn-off action occurs as
iscussed in section 8.3.1. The snubber capacitor voltage increases according to

v, = /C]—t %) (9.10)

Ui
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Figure 9.10. Circuit waveforms at switch turn-off with turn-off snubber energy
recovery when: (a) the snubber C is fully charged before the switch current at

turn-off reaches zero and (b) the switch collector current has fallen to zero before
the snubber capacitor has charged to the rail voltage.

while C, remains charged with a constant voltage of «/;V This first phase is
complete at #, when

V) 9.11)

whence

) 9.12)

and the collector current

I=1, (1 —ly ﬁ) (A) 9.13)




221 Switching aid circuits with energy recovery

Phase two

When C; charges to 1—\/; V., the capacitor C, begins to discharge into the load.

The equivalent circuit is shown in figure 9.11a, where the load current is assumed

constant while the collector current fall is assumed linear. The following conditions
must be satisfied

V.=V +V, V) 9.14)

1, =i, +i +1(~t/t) (A) 9.15)

for0<t<t,—1,

Under these conditions, the snubber capacitor voltage increases according to

u L[([N—I“)t#/ztz/t“]+(1—«/;)V\ V) 9.16)

“Tl+nC,
with a current

i, =L{1,;1“(1fz/zﬂ)} (A) 9.17)
1+n

The transfer dump capacitor C, discharges with a current given by

i =i, /n ©.18)
T— l
A A
- -
'
{a) {b)

Figure 9.11. Turn-off snubber equivalent circuit during energy recovery into the
load when: (a) C, begins to conduct and (b) after the switch has turned off.

Phase three

If the snubber capacitor has not charged to the supply rail voltage before the switch
collector current has reached zero, phase three will occur as shown in figure 9.10b.
The equivalent circuit to be analysed is shown in figure 9.11b. The Kirchhoff
equations describing this phase are similar to equations (9.14) and (9.15) except
that in equation (9.15) the component 7,(1- #/t;) is zero.
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The capacitor C,, charging current is given by

=1, (A) (9.19)
I+n
while the dumping capacitor C, current is
i, =i, /n (A) (9.20)
The snubber capacitor charges linearly, according to
v, = n L, W) 9.21)

=V,
1+n C,

When C; is charged to the rail voltage V,, C, is discharged and the load
freewheeling diode conducts the full load current /,,.
Since the snubber capacitor energy is recovered there is no energy loss penalty for
using a large snubber capacitance and the larger the capacitance, the lower the
switch turn-off switching loss. The energy to be recovered into the load is fixed,
¥%C V7 and at low load current levels the long discharge time of C, may inhibit
proper snubber circuit action. This is generally not critical since switching losses
are small at low load current levels.
4 v,

0y
LOAD

N |
—J
En

SMPS vy

Dimps

1 Lomps

Figure 9.12. Switching circuit for recovering turn-off snubber capacitor energy,
and for providing either a negative voltage rail or transferring to Vs, via an smps.

9.2.2  Active recovery

Active energy recovery methods for the turn-off snubber are simpler than the
technique needed for active recovery of turn-on snubber circuit stored energy. The
energy to be recovered from the turn-off snubber is fixed at %ACJV’and is
independent of load current. In the case of the turn-on snubber, the energy to be
recovered is load current magnitude dependent (al;) which complicates active
recovery.

At turn-on the snubber capacitor stored energy is resonated into a large
intermediate storage capacitor C, as shown in figure 9.12. It is possible to use the
energy in C, as a negative low-voltage rail supply. This passive recovery technique
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suffers from the problem that energy '4CV’ may represent more energy than the
low-voltage supply requires. An smps can convert energy stored in C, to a more
useful voltage level.

It may be noticed that the ‘Cuk’ converter is in fact the snubber energy recovery
circuit in figure 9.12, controlled in a different mode.

9.3 Unified turn-on and turn-off snubber circuit energy recovery
9.3.1  Passive recovery

Conventional turn on and turn off snubber circuits can be incorporated on a
switching device as shown in figure 8.20. The stored energy is dissipated as heat in
the reset resistor. Figure 9.13 shows turn-on and turn-off snubber circuits which
allow energy recovery for both the snubber capacitor and inductor.

The snubber capacitor energy is recovered by the transfer process outlined in
section 9.2.1. Figure 9.13a shows the energy transfer paths at switch turn-off. The
capacitor C, and inductor ¢, transfer their stored energy to the load in parallel, such
that the inductor voltage is clamped to the capacitor voltage V¢,.

4V vy

w1 ot

LOAD

+

)

|

Cy |

\, 0. % i
eE— |
|

D, |

|

(=]
]

Figure 9.13. Switching circuits incorporating unified turn-on and turn-off snubber,
showing recovery path of energy (a) in C,and s and (b) in Cs and ¢s through D..

As C, discharges, the voltage across ¢, decreases to zero, at which time the load
freewheel diode conducts. Any remaining inductor energy is dissipated as
unwanted heat in circuit resistance. Proper selection of ¢, and C; (V2L 12 <VCV?)
can minimise the energy that is lost although all the snubber capacitor energy is
recovered, neglecting diode and stray resistance losses.
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Aspects of the mathematical analysis of this unified recovery circuit are derived in
the answer to the problem set at the end of this chapter.

Figure 9.13b shows a dual snubber energy recovery technique where resonance
energy is transferred back to the supply at switch turn-on, through a coupled
circuit.

Figure 9.14 shows an inverter bridge leg where both switches have turn-on and
turn-off snubbers and passive recovery circuits. The circuit also recovers the
energy associated with freewheel diode reverse recovery. Both the turn-on energy
and turn-off energy are recovered back into the dc supply, V. Although this
decreases the energy transfer efficiency, recovery into the load gives poor
regulation at low load current levels where the capacitor turn-off energy, which is
fixed, may exceed the load requirements. Energy recovery involves a coupled
circuit which can induce high voltage stresses. Such conditions can be readily
avoided if a split capacitor (multilevel) voltage rail is used, as shown in figure 9.2c.

W's

Figure 9.14. Unified, passive snubber energy recovery circuit for inverter bridge
legs.

9.3.2  Active recovery

Figure 9.15 shows two similar turn-on and turn-off snubber, active energy recovery
circuits, which are particularly suitable for bridge leg configurations. In figure
9.15a the turn-on snubber section is similar in operation to that shown in figure 9.3
while the turn-off snubber section is similar in operation to that shown in figure
9.12. A common smps is used for each turn-on and turn-off snubber pair. This
arrangement is particularly useful when the two power switches and associated
freewheel diodes are available in a single isolated package.
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The active recovery circuit in figure 9.15b shows the turn-on snubbers relocated.
The smps inputs are cross-coupled, serving the turn-on snubber of one switch and
the turn-off snubber of the other switch.

The interaction of turn-off snubbers in both circuits can create high L-C resonant
currents as discussed in section 8.4. In each case two smps can serve numerous
bridge legs. The circuit in figure 9.15a is readily reduced for single-ended
operation.

smps

see
figure 9.5

smps

.

Figure 9.15. Unified, active snubber energy recovery circuits:
(a) multiple single-ended circuit and (b) cross-coupled high frequency circuit.
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Problems

9.1. Derive expressions for the snubber capacitor C; and transfer capacitor C,
voltage and currents at switch turn-off for the unified snubber circuit energy
recovery scheme shown in figure 9.13. The energy transfer process from C; to C, at
switch turn-on is identical to that in the recovery scheme shown in figure 9.6 and
analysed in section 9.2.1.
During recovery, the inductor current is of the form

i, =a—bt+csin(ot+p)

9.2. For the circuit in Figure 9.13a show that the upper current limit for total
energy recovery is given by 4L 1. <AC VP .

9.3. Derive capacitor C; voltage and current equations which describe the
operation of the turn-off snubber energy recovery circuit in figure 9.12. Assume
the storage capacitor C, to be an ideal voltage source with polarity as shown.
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Series and Parallel Device
Operation and Protection

This chapter considers various areas of power device application that are often
overlooked. Such areas include parallel and series device utilisation, overcurrent
and overvoltage protection, radio frequency interference (rfi) noise, filtering, and
interactive noise effects.

10.1 Parallel and series operation of power devices

The power-handling capabilities of power devices are generally limited by device
area utilisation, encapsulation, and cooling efficiency. Many high-power applica-
tions exist where a single device is inadequate and, in order to increase power
capability, devices are paralleled to increase current capability or series-connected
to increase voltage ratings. Extensive series connection of devices is utilised in
HVDC transmission thyristor and IGBT modules while extensive paralleling of
IGBTs is common in inverter applications.

When devices are connected in series for high-voltage operation, both steady-state
and transient voltages must be shared equally by each individual series device. If
power devices are connected in parallel to obtain higher current capability, the
current sharing during both switching and conduction is achieved either by
matching appropriate device electrical and thermal characteristics or by using
external forced sharing techniques.

10.1.1 Series operation

Owing to variations in blocking currents, junction capacitances, delay times, on-
state voltage drops, and reverse recovery for individual power devices, external
voltage equalisation networks and special gate circuits are required if devices are
to be reliably connected and operated in series.
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10.1.1i - Steady-state voltage sharing

Figure 10.1 shows the forward off-state voltage-current characteristics of two
typical power switching devices, such as SCRs or IGBTs. Both series devices
conduct the same off-state leakage current but, as shown, each supports a different
voltage. The total voltage blocked is V; + ¥, which can be significantly less than
the sum of the individual capabilities. Forced voltage sharing can be achieved by
connecting a resistor of suitable value in parallel with each series device as shown
in figure 10.2.

(L8]

T, = 125°C

T2

Hieakage

Collectar or anode forward current

Ve

0 v v )

Collector or anode forward voltage

Figure 10.1. Collector (transistor) or anode (thyristor) forward blocking I-V
characteristics showing voltage sharing imbalance for two devices in series.

These equal value sharing resistors will consume power and it is therefore
desirable to use as large a resistance as possible. For worst case analysis consider n
cells in series, where all the cells pass the maximum leakage current except cell D,
which has the lowest leakage. Cell D, will support a larger blocking voltage than
the remaining n - 1 which share voltage equally.
Let ¥ be the maximum blocking voltage for any cell which in the worst case
analysis is supported by D;. If the range of maximum rated leakage or blocking
currents is from ih to j,, then the maximum imbalance occurs when member D,
has a leakage current of I, whilst all the remainder conduct /,. From figure 10.2,
Kirchhoff’s current law gives

Al =1,-1, (A) (10.1)

=1-1 (A) (10.2)

where 7,> I,. The voltage across cell Dy is

v, = IR W) (10.3)

D
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Figure 10.2. Series IGBT string with resistive shunting for sustaining voltage
equalisation in the off-state.

By symmetry and Kirchhoff’s voltage law, the total string voltage to be supported,
Vs, is given by

V.=m-DLR +V, (V) (10.4)
Eliminating 41, I;, and I, from equations (10.1) to (10.4) yields
Re— "oV, (ohms) (10.5)

(n *1)(}h7}h)
for n>2.

Generally only the maximum leakage current at rated voltage and maximum
junction temperature is specified. By assuming /, = 0, a conservative value of the
maximum allowable resistance is obtained, namely

nv, -V, n(l_k\)Vn

R ™8 VTR (ohms) (10.6)
(n-1)1, (n=1)1,
The extent to which nV), is greater than Vj, is termed the voltage sharing factor,

namely
v
k = %Vo <1 (10.7)

As the number of devices is minimized the sharing factor approaches one, but
equation (10.5) shows that undesirably the resistance for sharing decreases, hence
losses increase.

The power dissipation of the resistor experiencing the highest voltage is given by
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P, =V2/IR (W) (10.8)

If resistors of + 100a per cent resistance tolerance are used, the worst case occurs

when cell D, has a parallel resistance at the upper tolerance while all the others

have parallel resistance at the lower limit. After using Vp=(1+a)[;R and V;=(n-1)
(1-a)LR+Vp, for equations (10.3) and (10.4), the maximum resistance is given by

an(-aV, - (+a)V,

n (ohms) (10.9)
(n - D(1-a’) 1
for n>2.
The maximum loss in a resistor is
P, =V2/R( - a) (10.10)

If the supply toleration is incorporated, then V; in equations (10.6) and (10.9) is
replaced by (1+b)*xV; where 1005 is the supply percentage upper tolerance. This
leads to a decreased resistance requirement, hence increased resistor power losses.

R< n(l—a)VD - (l+a)(}+b)l{
(n - D(1-a*)1,
The effects and importance of just a few per cent resistance or supply voltage

tolerance on the maximum value for the sharing resistors and their power losses,
are illustrated by the following example.

(ohms) (10.11)

Example 10.1:  Series device connection — static balancing
Ten, 200 V reverse-blocking, ultra fast 35 ns reverse recovery diodes are to be
employed in series in a 1500 V peak, string voltage application. If the maximum
device reverse leakage current is 10 mA calculate the sharing factor, and for worst
case conditions, the maximum value of sharing resistance and power dissipation.
e If 10 per cent tolerance resistors are employed, what is the maximum
sharing resistance and its associated power rating?
e If a further allowance for supply voltage tolerance of +5% is incorporated,
what is the maximum sharing resistance and its associated power rating?

Solution
When n = 10, Vp = 200 V, ¥V, = 1500 V, and ih = 10 mA, the sharing factor
isk, =1500V/10x200V =0.75. Equation (10.6) yields the maximum allowable
sharing resistance

nV, =V, _10x200V - 1500V

R< =5.55kQ
(n-1)1,  (10-1)x10mA

The nearest (lower) preferred value, 4.7 kilohms, would be used.
Maximum resistor power losses occur when the diodes are continuously blocking.
The maximum individual supporting voltage appears across the diode which
conducts the least leakage current. Under worst case conditions this diode there-
fore supports voltage Vp, hence maximum power loss P, is

P, = VIR

=200°/4700Q = 8.5W
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Since the worse device, (in terms of sharing has lowest leakage current), is
randomly located in the string, each resistor must be capable of dissipating 8.5W.
The maximum 1500V supply leakage current is 42.5mA (10mA+1500V/10x
4.7kQ) giving 63.8W total losses (1500Vx42.5mA), of which 15W
(10mAx1500V) is lost in the diodes.
If resistance tolerance is incorporated, equation (10.9) is employed with a = 0.1,
that is
i?s'l(l -a)V, - (1 +Aa)V\
(n - D(1-a’)1,
10%(10 - 0.1)x200V - (1 +0.1) x1500V
(10 - 1)x(1-0.1") x10mA
=2.13kQ
The nearest (lower) preferred value is 1.8 kilohms, which is much lower resistance

(higher losses) than if matched resistors were to be used.
Worst case resistor power dissipation is

P, =V}/R(I - a)
=200°/1800Qx (1 - 0.1)
=277 W
The maximum total module losses are 165W (1500Vx103mA) arising from 103
mA (10mA + 1500V/1.8kQx(1- 0.1)) of leakage current.
If the device with the lowest leakage is associated with the worse case resistance
(upper tolerance band limit), and simultanecously the supply is at its upper
tolerance limit, then worse case resistance is given by equation (10.11), that is
~ 1-a)V, - (1 1+b)V,
2en=a)1, - (ra)(ie)y
(n - D(1-a’)1s
~10x(1-0.1)x200V - (1+0.1)x(1 +0.05)x1500V
(10 - 1)x(1-0.1°)x10mA
Each resistor (preferred value 680Q) needs to be rated at
200°/680Qx (1 - 0.1) = 68.6 W
»

R<

= 758Q

When resistance tolerances are considered, sharing resistors of lower value must
be used and the wider the tolerance, the lower will be the resistance and the higher
the power losses. A number of solutions exist for reducing power losses and
economic considerations dictate the acceptable trade-off level. Matched devices
would allow a minimum number of string devices (sharing factor k,—1) or, for a
given string device number, a maximum value of sharing resistance (lowest
losses). But matching is complicated by the fact that leakage current varies
significantly with temperature. Alternatively, by increasing the string device
number (decreasing the sharing factor k) the sharing resistance is increased,
thereby decreasing losses. By increasing the string device number from 10 (k= %)
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to 11 (k= 0.68) in the previous example, the sharing resistance requirement
increases from 4.7 kilohms to 6.8 kilohms and resistor losses are reduced from a
total of 50.8 W to 31 W. Another method of minimising sharing resistance losses
is to minimise resistance tolerances. A tolerance reduction from 10 per cent to 5
per cent in the previous example increases the sharing resistance requirements
from 1.8 kilohms to 3.9 kilohms, while power losses are reduced from 140 W to
64 W. These worse case losses assume a 100% on-state duty cycle.

10.1.1ii - Transient voltage sharing

During steady-state or at very low frequencies, sharing resistors as shown in figure
10.2 are sufficient to prevent individual device overvoltage. Mismatching of turn-
on delay times of thyristors and transistors can be minimised by supplying high
enough turn-on drive with very fast rise times. A higher initial di/dt is allowable.
Before a conducting string of diodes or thyristors can reverse-block, reverse
recovery charge must flow. Those elements with least recovery charge require-
ments recover first and support the reverse bias. The un-recovered devices recover
slowly, since recovery now occurs as a result of the low leakage current though the
recovered devices, and natural recombination.

The reverse-blocking voltage can be shared more equally by placing capacitance
across each string element as shown in figure 10.3. The capacitor action is to
provide a transient current path bypassing a recovered device to allow a slower
device to recover and to support volts. In the case of thyristors, low value
resistance is connected in series with each capacitor to avoid high capacitor
discharge through the thyristors at turn-on. Figure 10.4 shows the I-V charac-
teristics of two unmatched thyristors or diodes during reverse recovery.

The worst case assumptions for the analysis of figure 10.3 are that element D, has
minimum stored charged Q while all other devices have the maximum

=

requirement, O . The charge difference is
)
e ped
1

AO=0-0 (10.12)
v,

D, c T

Figure 10.3. A series diode string with shunting capacitance for transient reverse
blocking voltage sharing.
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Figure 10.4. Reverse recovery current and voltage for two mismatched series
connected diodes.

The total string voltage ¥, comprises the voltage across the fast-recovery device
Vp plus the sum of the voltages across the slow n - 1 devices, V. That is

V.=V, + -1V, % (10.13)
The voltage across the slow devices is given by
Vi =%(V fAI}) V) (10.14)

whereAl}:AQ/C.
Eliminating V,,, from equations (10.13) and (10.14) yields
(n-1)AQ  (n-1)AQ

aV,~V,  a(1=k)V,
This equation shows that as the number of devices is minimized, the sharing
factor, &, which is in the denominator of equation (10.15), tends to one and the
capacitance requirement undesirably increases.
Manufacturers do not specify the minimum reverse recovery charge but specify the
maximum reverse recovery charge for a given initial forward current, reverse
recovery di/dt, and temperature. For worst case design, assume Q = 0, thus

C> (F) (10.15)

&> (n —1) ]
nV, -V,
Sharing circuit design is complicated if the effects of reverse steady-state leakage
current in ac thyristor blocking are taken into account.
Supply and sharing capacitance tolerances significantly affect the minimum
capacitance requirement. Worst case assumptions for capacitance tolerances
involve the case when the fastest recovering diode is in parallel with capacitance at
its lower tolerance limit while all the other sharing capacitances are at their upper
tolerance limit. Assuming the minimum reverse recovery charge is zero, then the
minimum sharing capacitance requirement is

(F) (10.16)
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(n - 1) Q

(=a)(, 7))
where -100a is the capacitor negative percentage tolerance and n > 2. Voltage
sharing resistors help minimise capacitor static voltage variation due to
capacitance variations.
If the supply tolerance is incorporated, then V; in equations (10.16) and (10.17) are
replaced by (1+b) <V, where +1005 is the supply percentage upper tolerance. This
leads to an increased capacitance requirement, hence increased energy losses,
eV, .

C> (F) (10.17)

(n-1)0

CZW F) (10.18)

Example 10.2:  Series device connection — dynamic balancing

The string of ten, 200 V diodes in worked example 10.1 is to incorporate
capacitive reverse recovery transient sharing. Using the data in chapter 5, figure
5.9, specify a suitable sharing capacitance based on zero capacitance and supply
tolerances (a =b = 0), £+ 10 per cent capacitance tolerances (a = 0.1, b=0), + 5 per
cent supply tolerance (a = 0, b = 0.05), then both tolerances (a = 0.1, b = 0.05).
Estimate in each case the energy loss due to capacitor discharge.

Solution

Figure 5.9 shows that worst case reverse recovery conditions occur at maximum
junction temperature, di/dt, and Ir, and a value of Q =6uC is appropriate.

The minimum possible sharing capacitance occurs when the capacitance and dc
rail voltage are tightly specified. From equation (10.16)

L(=D0 _ (1-)<euC o
n¥,—V,  10x200 - 1500V

<

The sharing capacitance requirement with 10% tolerance capacitors, is given by
equation (10.17),

A

. (n-1)0 (10 - 1)x6pC
C> = = 0.12pF @ 200Vdc
(1=a)(nV,-V.)  (1-0.1)x(10x200V-1500V)
A further increase in capacitance requirements results if the upper tolerance dc rail
voltage is used. From equation (10.18)

. (n—l)Q
€= (l—a)(izVD—(1+b)K)
(10 - 1)x6puC

=0.14 200vd
(1-0.1)x(10%200V - (1+0.05)x1500V) e ¢

In each tolerance case the next larger preferred capacitance value should be used,
namely, 120nF, 120nF, and 150nF respectively.
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The total series capacitance, using the upper tolerance limit is
(1+a)C

n
The stored energy with a 1500V dc rail in the 10 series connect 120nF capacitors,
and subsequently loss when the string voltages reduces to zero at diode forward
bias, is therefore

T

(l+a)C

W, =%C. 0 =Y V2 (1+)

:%MXISOOZX(I+OOS)Z =16.4mJ
m ‘ .

The energy stored in the 10 series connect 150nF capacitors, and subsequently loss
when the string voltages reduces to zero at diode forward bias, is

(1 +0.1)x150nF

W, ="ax
10

x1500° x (1 +0.05)° = 20.5mJ

L]
When capacitive sharing is used with switching devices, at turn-on the transient
sharing capacitor discharges into the switching device. The discharge current
magnitude is controlled by the turn-on voltage fall characteristics. If a linear
voltage fall at turn-on is assumed, then the transient sharing capacitor maximum
discharge current i is a constant current pulse for the fall duration of magnitude
i, =C % (A) (10.19)

"
The discharge current can be of the order of hundreds of amperes, incurring initial
di/dt values beyond the capabilities of the switching device. In example 10.2 the
discharge current for a switch rather than a diode is approximately
150nFx200V/1pus =30A, assuming a 1ps voltage fall time. This 30A may not be
insignificant compared to the switches current rating. But, advantageously, the
sharing capacitors do act as turn-off snubbers, reducing switch turn-off stressing.
In the case of the thyristor, the addition of low-valued resistance in series with the
transient capacitor can control the capacitor discharge current, yet not significantly
affect the transient sharing properties. The resultant R-C discharge current can
provide thyristor latching current while still offering transient recovery sharing,
dv/dt, and voltage spike suppression. Thyristor snubber operation and design have
been considered in section 8.1.2.
Figure 10.5 shows the complete steady-state and transient-sharing networks used
for diodes, thyristors, and transistors. Transient voltage sharing for transistors
involves the use of the conventional R-D-C snubber shown in figure 10.5¢ and
considered in chapter 8. The series inductor used with thyristor and transistor
strings provides transient turn-on voltage protection. The inductor supports the
main voltage while each individual element switches on. Such an inductive turn-on
snubber is mandatory for the GTO thyristor and the GCT. No one device is voltage-
stressed as a consequence of having a longer turn-on delay time, although gate
overdrive at turn-on minimises delay variations.
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Figure 10.5. Transient and steady-state voltage sharing circuits for series
connected: (a) diodes; (b) thyristors; and (c) igbt transistors.

10.1.2  Parallel operation

It is common practice to parallel devices in order to achieve higher current ratings
or lower conducting voltages than are attainable with a single device. Although
devices in parallel complicate layout and interconnections, better cooling
distribution is obtained. Also, built-in redundancy can give improved equipment
reliability. A cost saving may arise with smaller, cheaper, high production volume,
devices.
The main design consideration for parallel device operation is that all devices
share both the steady-state and transient currents. Any bipolar device carrying a
disproportionately high current will heat up and conduct more current, eventually
leading to thermal runaway as considered in section 4.1.
The problem of current sharing is less severe with diodes because diode
characteristics are more uniform (because of their simpler structure and
manufacturing) than those of thyristors and transistors. Two basic sharing
solutions exist

e matched devices

e external forced current sharing.

10.1.2i - Matched devices

Figure 10.6 shows the static /- on-state characteristics of two SCR’s. If these two
devices are connected in parallel, for the same on-state voltage, the resultant
current flow is /; + I, where /; and I, can be very different in value. The total
current rating of the pair is not the sum of the maximum current rating for each but
rather a value which can be just larger than the rating of one device alone. The
percentage parallel derating pd for n parallel connected devices is defined as
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1
pd:[l——’]xlOO =(1—k})><100 per cent (10.20)
nl, !
where /7 = total current through the parallel arrangement
1,,= maximum allowable single device current rating
n = number of parallel devices

k, = parallel sharing factor =I/nl,
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Figure 10.6. Forward conduction characteristics of two unmatched devices.

10.1.2ii - External forced current sharing

Derating does not account for effects such as layout and electrical and thermal
impedance imbalance. The amount of derating is traded off against the extra cost
involved in selecting devices with closer (matched) static characteristics.
Forced current sharing is applicable to both steady-state and transient conditions.
For a current derating of less than 5 per cent it is usually cheaper to use forced
sharing techniques rather than matched devices.
Figure 10.6 shows the maximum variation of /- characteristics in devices of the
same type. When parallel connected the maximum current is restricted to 7,,+1,, (=
100A+70A = 170A). The maximum current rating for each device is Z,, (100A);
hence with suitable forced sharing a combination in excess of 1,+/, should be
possible. The resistive network in figure 10.7 is used for current sharing and in
example 10.3 it is required that 7,, 100A, flows through D, and (1-2xpd)x1,, > I,,
(90A) flows through D,, for a pd (5%) overall derating.
From Kirchhoff’s voltage law in figure 10.7

VAV, =V, 4V,

Vo +1,R=V, +(I,-1,)R

Dy

(10.21)
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From equation (10.20), rearranged for two devices, n =2

1, =2x(1-pd)]
Substituting for /7 in equation (10.21) gives

m

Sl h 10.22
=2l (ohms) (10.22)
For n devices connected in parallel, equation (10.21) becomes
V. +IR=V +MR (10.23)
I

which after substituting for /r from equation (10.20), for maximum device voltage
variation, gives

Vo=V, (n-1)
1 nxpd

R=

(ohms) (10.24)

v‘in. Dii‘-":
Vgi R A iv‘

Figure 10.7. Forced current sharing network for parallel connected devices.

Although steady-state sharing is effective, sharing resistor losses can be high. The
resistor losses in general terms for n parallel connected devices and a conduction
duty cycle J, are given by

E:J{H(l— nlxpdj }I;R W) (10.25)

n

Example 10.3:  Resistive parallel current sharing - static balancing

For the two diodes shown in figure 10.6, with = 100A , what derating result when
they are parallel connected, without any external sharing circuits?

The maximum current rating for each device is 7,, 100A; hence with suitable
forced sharing a 190A combination should be possible. Using the network in
figure 10.7 for current sharing, it is required that 100A flows through D, and 90A
through D,. Specify the per cent overall derating, the necessary sharing resistors
and their worse case losses.

Solution
The derating for the parallel situation depicted in figure 10.6, without external
sharing, is
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pd = (1 170A ]XIOO =15percent  (k,=0.85)

" 2x100A
With forced resistive sharing, the objective derating is reduced from 15% to
d=|1- 190A x100 =5 per cent  (k,=0.95)
2x100A "

From figure 10.6
1.6V + 100AXR = 1.7V + 90AxR
that is
R =10 milliohm
Equation (10.22), being based on the same procedure, gives the same result. The
cell voltage drop is increased to1.6V+100Ax0.01Q = 1.7V+90Ax0.01Q = 2.6V .
Foro="
1, =6x1, =%x100A=50A 1,,=6x1,, ="%x90A=45A
I . =oxI, =/Ax100A=170.7A T pome =8 x 1, =4 x90A = 63.6A

DpIrms

= N —

L=\, T, o=\~ T,
=/70.7 —50° =50A =63.6 —45 =45A
P, =1’ R =70.7"x0.01mQ = 50W P, =12, R, =63.6"x0.0ImQ =40.5W
P, =1, V, =50Ax1.6V =80W P, = 1,,V, =45Ax1.7V = 76.5W
P, = P, +P, =(50W +40.5W)+(80W + 76.5W) = 90.5W + 156.5W = 247W

For worse case losses, 0—1
I, =6x1I, =1x100A = 100A 1,,=68x1,,=1x90A = 90A

I, =~5x1, =1x100A =100A Ty =8 x 1, =~[1x90A = 90A

Dpims

= N —
In,m = \J[/z)mm —1p Imm =Ny =L,
=+/100* —100* = 0A =+/90° -90° = 05A

P, =13, R =100°x0.0lmQ = 100W P, =13, R, =90°x0.0lmQ=81W
P, =1, V, =100Ax1.6V = 160W P,=1,V, =90Ax1.7V = 153W
P, =P +P, =(100W + 81W)+(160W + 153W) = I8IW+313W = 494W

The general form in equation (10.25) gives the same total losses in each duty case.
L]

A more efficient method of current sharing is to use coupled reactors as shown in
figure 10.8. In this feedback arrangement, in figure 10.8a, if the current in D, tends
to increase above that through D,, the voltage across L; increases to oppose current
flow through D,. Simultaneously a negative voltage is induced across L, thereby
increasing the voltage across D, thus its current. This technique is most effective
in ac circuits where the core is more readily designed to not saturate.
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Figure 10.8. External forced current sharing network using cross-coupled
reactors: (a) for two devices; and (b) and (c) for many devices.

[

Equalising reactor arrangements are possible for any number of devices in parallel,
as shown in figure 10.8b and c, but size and cost become limiting constraints. The
technique is applicable to steady-state and transient sharing. At high current
densities, the forward /-7 characteristic of diodes and thyristors has a positive
temperature dependence which provides feedback aiding sharing.
The mean current in the device with the highest current, therefore lowest voltage,
of n parallel connected devices, is given by
2
[N L .
n n n-12TL,
where AV is the maximum on-state voltage drop difference
Ly, is the self-inductance (magnetising inductance) of the coupled inductor
T is the cycle period, 1/f; and
7 is the conduction period
Consider two thyristors (n = 2) connected in parallel as show in figure 10.9. The
coupled circuit magnetising current is modelled by the magnetising inductor L.
The transformer turns ratio is 1:1, hence the winding voltages and currents are
equal, taking into account the relative winding flux orientation shown by the dots.

AV, (10.26)

F
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From Kirchhoff’s voltage law

VotV =V, -y (10.27)
That is
v,=‘/z><(v,,-v,2)=‘/z><Av (10.28)
From Kirchhoff’s current law
I, =i—i (10.29)
From Faraday’s equation
v=L, d;" (10.30)

which after integrating both sides gives

1 ¢
L= var
LM 0
! | (10.31)

=V—AV.1
M
As a worst case condition it is assumed that the voltage difference Av does not
decrease as the operating point moves along the /-V characteristics, that is Av=
AVp.  Specifically D1 moves further up the I-V characteristic with time as it
conducts more current while D2 moves towards the origin.

[

Figure 10.9. External forced current sharing network using cross-coupled
reactors: (a) circuit for two devices and (b) I-V operating points.

Example 10.4:  Transformer current sharing — static and dynamic balancing

Two thyristors with the same forward conduction characteristics as the diodes in
figure 10.6 are parallel connected using the coupled circuit arrangement in figure
10.8a.
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The maximum current rating for each device is 7,, 100A; hence with suitable
forced sharing a 190A combination should be possible. Using the network in
figure 10.9a for current sharing, it is required that no more than rated current flow
through the lower conducting voltage device, D,. Specify the per cent overall
derating and the necessary sharing transformer properties assuming a half-wave,
180° conduction, phase-controlled, S0Hz, highly inductive load application.

What are the transformer core reset requirements?

Solution
As in example 10.3, the derating for the parallel situation depicted in figure 10.6,
without external sharing, is
pd = [1 - ﬂ)XIOO =15 per cent
2x100A
With forced transformer sharing, the objective derating is reduced from 15% to

pd=|1- _190A %100 =5 per cent
2x100A

When the two thyristors are turned on, the magnetizing current is assumed zero and
transformer action will force each device to conduct 95A, giving 190A in total.
From figure 10.6, the voltage difference between the thyristors, AV is about 0.1V,
thus the transformer winding voltages will be 0.05V each, with polarities as shown
in figure 10.9a. In time the magnetizing current increases and the current in T1
increases above 95A due to the increasing magnetizing current, while the current in
T2 decreases below 95A, such that the total load current is maintained at 190A.
The worse case conduction period, giving maximum magnetising current, is for
180° conduction, that is, 10ms. Thus it is required that T1 current rises to 100A
and T2 current falls to 90A after 10ms, that is, the magnetising current is 100A-
90A = 10A.
Substitution into equation (10.31) gives
1
=1
L, =% |

"™ Avdt = Vax ——x 0.1V x10ms = SOuH

W 10A

where it is assuming that the voltage differential AV between the two devices is
constant during the conduction period. In fact figure 10.9b shows that the voltage
difference decreases, so assuming a constant value gives an over-estimate of
requirements.

The core volt-ps during conduction is 0.05Vx10ms = 500 V-ps. That is, during
core reset the reverse voltage time integral must be at least 500 V-us to ensure the
core flux is reset, (magnetising current reduced to zero).

L]

10.2 Protection

A fault can be caused by a device failure or noise which causes undesired device
turn-on. This will cause semiconductor device and equipment failure unless
protective measures are utilised.

Protection against fault current effects usually involves fuses which clear in time
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to protect endangered devices, or voltage transient absorption devices which
absorb spike energy and clamp the equipment voltage to a safe level. The crowbar
fault protection technique can be employed to divert the fault from sensitive
components to the crowbar which is a robust circuit. The crowbar clamps the
sensitive circuits to zero volts and initiates an isolation breaker or fuse action.

10.2.1 Overcurrent

It is not economical to design a circuit where fault overloads are catered for by
using devices and components which will withstand worst case faults. A fuse link
is normally used for circuit fault current protection. A fuse link protecting a semi-
conductor is required to carry normal and overload currents but to open the circuit
under fault conditions before the semiconductor is damaged. The resultant circuit
induced arcing voltage must not cause damage to the circuit. Other fuse links or
circuit breakers should be unaffected when the defective cell is disconnected. This
non-interaction property is termed discrimination.

The fuse element is one or more parallel conductors of pure silver rolled into thin
bands, 0.04-0.25 mm thick. Each silver band has a number of traverse rows of
punched holes (or notches) as shown in figure 10.10. The area between the holes
determines the pre-arcing It integral of the fuse and, along with thermal aspects, is
related to the fuse current rating. The number of rows of holes determines the fuse
voltage rating. When fusing occurs the current is shared between the holes (the
necks), while the arcing voltage is supported between the series of rows of holes.
The arcing characteristics are enhanced by packing the silver element in sand or
glassed sand. The sand and silver element are contained in a ceramic body and the
end connector plates are copper flashed and tinned.

Tinned
mounting
bracket

Ceramic

Silver strip

fa} b]

Figure 10.10. The current fuse link:
(a) a 50 A 660 V ac fuse link and (b) a silver fuse link element.
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The action of a typical fuse link is shown in figure 10.11. Owing to the prospective
Sfault current I, the fuse melts at point A, time #,. Depending on the fuse design
and the circuit, the current may continue to rise further to point B, termed the peak
let-through current I,. Beyond this point the impedance of the arcing fuse forces
the fault current down to zero at the point C. Thus fuse-clearing or total
interrupting time t, consists of a melting time t,, and an arcing time t,.

The load fault energy, for a fuse link resistance R, is

W :L PR dt 0)

1ot

If the load current, shown in figure 10.10a, during fuse action is assumed to be
triangular, then the clearing integral of the fuse is

W, =4It R ™ (10.32)
If the resistance R is assumed constant (because of its low resistivity temperature
co-efficient), the value of I’z ( 1It,) is proportional to the energy fed to the
protected circuit. The F’¢ term is called the total let-through energy or the virtual
clearing integral of the fuse. The energy which melts the fuse is proportional to
%I;tm and is termed the pre-arcing or melting F’t.

10.2.1i - Pre-arcing It

Before a fuse melts, the fuse is affected only by the current flowing. The pre-
arcing or melting ¢ characteristics of fuse links are therefore only a function of
prospective fault current and are independent of voltage. For melting times longer
than 5-10 ms, the time-current characteristics are usually used for design. Typical
time-current characteristics for four different current rated fuses are shown in
figure 10.12. For times less than a millisecond, the melting F’¢ reduces to a
minimum and the pre-arcing I’¢ characteristics shown in figure 10.13 are most
useful.

The peak let-through current 7, is a function of prospective fault current 7, for a
given supply voltage. Typical current cut-off characteristics are shown in figure
10.14.

10.2.1ii - Total Pt let-through

For fuse operating times of less than about 10 milliseconds the arcing I’z can be
considerably larger than the pre-arcing /¢ and it varies considerably with system
voltage, fault level, power factor, and the point on the wave when the fault is
initiated. The higher the voltage the more onerous is the duty of the fuse link
because of the increase in energy absorbed by the fuse link during the arcing
process. Under short-circuit conditions this leads to an increase in I’ let-through
with voltage. The It let-through will decrease with increased supply frequency
whereas the cut-off current will increase.

The peak arc voltage after melting is usually specified for a given fuse link type
and is a function of supply voltage, as indicated by the typical arcing voltage
characteristics in figure 10.15. The faster the fault is cleared, the higher the arc
voltage V), Typical total Pt let-through values for total operating times of less than
10 ms, at a given voltage, are shown in figure 10.16. Derating factors are shown in
figure 10.17.
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Figure 10.12. Fuse-link time-current characteristics for four fuses and
symmetrical sinusoidal 50 Hz currents.
Figure 10.11. Parameters of a fuse link operating:

(a) current waveforms,; (b) supply voltage; and (c) fuse arcing voltage.

10.2.1iii - Fuse link and semiconductor I’t co-ordination

Difficulties arise in matching fuses with semiconductors because each has very
different thermal and electrical properties.

Semiconductor manufacturers publish (mainly for diodes and thyristors) Fr
withstand values for their devices for times less than 10 ms. To ensure fuse link
protection the total ¢ let-through by the fuse link under appropriate circuit
conditions should be less than the /¢ withstand ability of the semiconductor.

Fuse link manufacturers usually give the data shown in figures 10.12-10.17. In ac
applications the parameters on which the semiconductor withstand capability is
normally compared to the fuse link are
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Figure 10.13. Pre-arcing I’t characteristics of four fuse links.
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Figure 10.14. Fuse-link cut-off characteristics at 660 V rms.
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Figure 10.15. Typical peak arc voltage for two different fuse-link types.
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Figure 10.16. Total let-through current for total fuse-link operating times of less
than 10 ms and at 660 V rms.
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Figure 10.17. Fuse derating with:
(a) ambient temperature; (b) ac supply voltage; and (c) power factor.

Fuse protection in dc circuits represents greater difficulty than for ac circuits. No
natural ac period current zeros exist and faults can result in continuous arcing,
depending on the circuit L /R time constant, prospective fault, and supply voltage.
Thus in dc applications the essential parameters are

e Peak let through current versus clearing time or clearing It

e Applied voltage

e Prospective fault di/dt

e Time constant.
It may be possible in some applications to use an ac fuse in a dc circuit, before the
rectification stage. Generally low voltage fuses are more effective than high
voltage fuses. In high voltage transformer applications satisfactory protection may
be afforded by transferring the fuse to the low voltage side. The fuse /¢ rating is
transferred as with impedance transferring, that is, in the turns ratio squared.
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2
2, primary V, 2 sec ondary
re” = a x [P (10.33)
»

Alternatively an mcb (miniature circuit breaker) may offer better protection in
cases when the fault is more of an overload such that the current magnitude is
limited. On overload, the mcb takes a longer time to clear than a fuse, thus the
mcb is less prone to nuisance tripping.

Fuse protection is mainly applicable to more robust devices such as thyristors and
diodes. Transistors (MOSFETs more readily than IGBTs) usually fail as a result of
overcurrent before any fuse link can clear the fault.

Example 10.5:  AC circuit fuse design

A fast acting fuse is connected in series with a thyristor in a 415 V ac, 50 Hz ac
application. The average current in the thyristor is 30 A at a maximum ambient
temperature of 45°C. The ratings of the thyristor are

havy=45A@T.=85°C

Itrys = 80 A

I’t=5k A’ for 10 ms @ 125°C

I’t=20k A™s

Itsm = 1000 A for 10 ms @ 125°C and Vegry= 0

The fault circuit inductance is 1.32 mH and the resistance is negligible. Using the
figures 10.12 to 10.17, select a suitable fuse.

Solution

From figure 10.17a, the 35 A rms No. 2 fuse is rated at 30 A rms in a 45°C
ambient.
From figure 10.15 the peak arc voltage for a type No. 2 fuse will be less than 1200
V, hence the thyristor voltage rating must be greater than 1200 V.
The short circuit or prospective rms symmetrical fault current is
v 415V

“ V2 X, 2rx50Hzx1.32mH
Figure 10.13 gives a fuse peak let through current of 500 A, which is less than the
thyristor peak current rating of 1 kA.
Figure 10.16 gives the fuse total I’ of 300 A% and the total clearing time of 7, =3.5
ms. Since the fuse clears in less than 10 ms (%% ac cycle), the thyristor re-applied
Vrrm Will be zero and an Irgy = 1000 A rating is applicable. The total Pt is
corrected for voltage (415V ac) and power factor (0 pu) with /= 0.6 and ¢ = 1.2
from figures 10.17b and c.

I't' = fxex I't=0.6 x 1.2 x 300 A’s =216 A’s
which is significantly less than the thyristor /¢ rating of 5 kA%s.
Since 7 is less than 10 ms, the Nz rating of the thyristor is used.

=100A
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I = (11\/;)\/2
20 kA*s x+3.5ms = 1.18 kA’

which is significantly greater than the I’ (216 A’) of the fuse.

Since the fuse peak let through current (500 A) is less than the thyristor peak surge
current rating (1000 A), and the fuse I’ rating (216 A’s) is significantly less than
that for the thyristor (1180 A’s), the proposed 35 A fast acting fuse should afford
adequate protection for the thyristor.

Generally, if the rms current rating of the fuse is less than the average current
rating of the thyristor or diode, the fuse will provide adequate protection under
fault conditions.

L]
10.2.2  Overvoltage

Voltage transients in electrical circuits result from the sudden release of previously
stored energy, such as insulation breakdown arcing, fuses, contactors,
freewheeling diode current snap, switches, and transformer energising and de--
energising. These induced transients may be repetitive or random impulses.
Repetitive voltage spikes are observable but random transients are elusively,
unpredictable in time and location. A spike is usually brief but may result in high
instantaneous power dissipation. A voltage spike in excess of a semiconductor
rating for just a few microseconds usually results in catastrophic device failure.
Extensive noise may be injected into low-level control logic causing spurious
faults. Generally, high-frequency noise components can be filtered, but low-
frequency noise is difficult to attenuate.

Effective transient overvoltage protection requires that the impulse energy be
dissipated in the added transient absorption circuit at a voltage low enough to
afford circuit survival.

10.2.2i - Transient voltage suppression devices
Two types of voltage transient suppression techniques can be employed.

e Transient voltage attenuation
Low pass filters, such as an L-C filter, can be used to attenuate high
frequencies and allow the low-frequency power to flow.

e Diverter (to limit the residual voltage)
Voltage clamps such as crowbars or snubbers are usually slow to respond.
The crowbar will be considered in section 10.2.3 while the snubber, which
is for low-energy applications, has been considered in section 8.2.

The voltage-limiting function may be performed by a number of non-linear
impedance devices such as reverse selenium rectifiers, avalanche (commonly
called Zener) diodes, and varistors made of various materials such as silicon
carbide or zinc oxide.
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The relationship between the current in the non-linear device, 7, and the voltage
across its terminals, V, is typically described by the power law

1 =kV” (A) (10.34)
k is an element constant dependent on device geometry in the case of the varistor,
and the non-linear exponent « is defined as

_logl, - logl, _log I,/

logl, - logh,  logl,/V,
where /; and 1, are taken a decade apart. The term alpha (a) represents the degree
of non-linearity of the conduction. The higher the value of alpha, the better the
clamp and therefore alpha may be used as a figure of merit. A linear resistance has
analphaof 1 (1=/4V").
The voltage-dependent resistance is given by

(10.35)

R =VII =VIkv* = v Q) (10.36)
and the power dissipation is
P=VI =Vkve = ky*' (W) (10.37)

The most useful transient suppressors are the Zener diode and the varistor. They
are compact devices which offer nanosecond response time and high energy
capability.

1 - The Zener diode is a very effective clamp and comes the closest to being a
constant voltage clamp, having an alpha of 35. Since the avalanche junction area is
small and not highly uniform, substantial heating occurs in a small volume. The
energy dissipation of the Zener diode is limited, although transient absorption
Zener devices with peak instantaneous powers of 50 kW are available. These peak
power levels are obtained by:
e Using diffusion technology, which leads to low metallisation contact
resistance, narrow base width, and minimises the temperature coefficient.
e Achieving void-free soldering and thermal matching of the chip and the
large area electrodes of copper or silver. Molybdenum buffer electrodes
are used.
e Using bulk silicon compatible glass passivation which is alkali metal
contamination free, and is cut without glass cracking.
Voltage ratings are currently limited to 280 V but devices can be series connected
for higher voltage application. This high-voltage clamping function is unipolar and
back-to-back series connected Zener diodes can provide high-voltage bipolar
clamping.

2 - The varistor is a ceramic, bipolar, non-linear semiconductor utilising silicon
carbide for continuous transient suppression or sintered zinc oxide for intermittent
dissipation. Approximately 90 per cent by weight of zinc oxide and suitable
additives such as oxides of bismuth, cobalt, and manganese, can give varistors
with alphas better than 25. The structure of the plate capacitor like body consists of
a matrix of conductive zinc oxide grains separated by grain boundaries, providing
pn junction semiconductor-type characteristics. The grain sizes vary from




253 Power Electronics

approximately 100 um for low-voltage varistors down to 20 pum for high voltage
components. The junctions block conduction at low voltage and provide non-linear
electrical characteristics at high voltage. Effectively pn junctions are distributed
throughout the structure volume, giving more uniformly distributed heat
dissipation than the plane structure Zener diode. The diameter determines current
capability, hence maximum power dissipation, while thickness specifies voltage.
The structure gives high terminal capacitance values depending on area, thickness,
and material processing. The varistor may therefore be limited in high-frequency
applications. Functionally the varistor is similar to two Zener diodes connected
back-to-back, in series.

10.2.2ii - Comparison between Zener diodes and varistors

Figure 10.18a illustrates the [-V characteristics of various voltage clamping
devices suitable for 240 V ac application. The resistor with alpha equal to 1 is
shown for reference. It is seen that the higher the exponent alpha, the nearer an
ideal constant voltage characteristic is attained, and that the Zener diode performs
best on these grounds. When considering device energy absorption and peak
current and voltage clamping level capabilities, the Zener diode loses significant
ground to the varistor.
The higher the alpha, the lower will be the standby power dissipated. Figure
10.18b shows the dependence of standby power dissipation variation on withstand
voltage for various transient absorbers. A small increase in Zener diode withstand
voltage produces a very large increase in standby power dissipation. Various
device compromises are borne out by the comparison in table 10.1.
The current, power, and energy ratings of varistors are, typically, rated values up
to 85°C, then linearly derated to zero at a case temperature of 125°C. Voltage-
limiting diodes are typically linearly derated from rated values at 75°C to zero at
175°C. Reliability depends on the ambient temperature and applied voltage, and
lifetime decreases with increased voltage or temperature. In the case of the
varistor, an 8 per cent increase in applied voltage halves the mean time between
failure, mtbf, for applied voltages less than 0.71 times the nominal voltage. Below
40°C ambient, the mtbf for a varistor is better than 7 x 10 hours.
The voltage temperature coefficient for the varistor is - 0.05 per cent/K while +0.1
per cent/K is typical for the power Zener.
The following design points will specify whether a Zener diode or varistor clamp
is applicable and the characteristics of the required device.

e Determine the necessary steady-state voltage rating.
Establish the transient energy to be absorbed by the clamp.
Calculate the peak transient current through the clamp.
Determine power dissipation requirements.
Determine the clamping voltage to which the transient is to be suppressed.
Estimate the number of fault cycles during the lifetime.

In order to meet higher power ratings, higher voltage levels or intermediate voltage
levels, Zener diodes or varistors can be series-connected. The only requirement is
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that each series device has the same peak current rating. In the case of the varistor
this implies the same disc diameter. Then the /-V characteristics, energy rating, and
maximum clamping voltages are all determined by summing the respective
characteristics and ratings of the individual devices.
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Figure 10.18. (a) The I—V characteristics of four transient voltage suppressor
devices, with resistance characteristics for reference and (b) standby power
dissipation characteristics showing the higher the alpha the lower the standby
power dissipation.
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Parallel operation is difficult and matched /-V characteristics are necessary. A
feature of varistors often overlooked is deterioration. Figure 10.19a shows that at
relatively low energy levels an infinite number of transients can be absorbed, while
at rated absorbed energy only one fault is allowed. This single fault, lifetime, is
defined as that energy level that causes a 10 per cent increase in clamping voltage
level, for a specified current density.

Figure 10.19b shows that very high currents can be tolerated for short intervals.
The lower the pulse number, the higher the allowable current.

The failure mode of the Zener diode and varistor is a short circuit. Subsequent high
current flow may cause an explosion and disintegration of contacts, forming an
open circuit. This catastrophic condition can be avoided by fuse protection.
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Figure 10.19. Pulse lifetime ratings for a Zinc oxide varistor: (a) lifetime for fixed
10/100us pulses and (b) lifetime number for variable-duration square-wave
pulses.
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Example 10.6:  Non-linear voltage clamp

Evaluate the current of a ImA @ 250 V Zener diode when used to clamp at 340V
dc. Calculate the percentage decrease in voltage-dependent resistance and the per
unit increase in power dissipation, assuming a = 30.

Solution
From I = k¥, equation (10.34)
i L=0LVy/V)"=1mA (340V/250V) " = 10.14 A
The Zener diode will conduct 10.14A when clamping at 340 V (a 10,140
increase on the standby current of ImA)
ii. From equation (10.36), R=V""/k therefore
I-a 29
1- R 1- 14 =l-[34ﬂ] =0.99987
R V, 250V
The percentage decrease in resistance is 99.987 per cent.

The dynamic resistance decreases from (250 V/ 1 mA) 250 kQ to (340 V
/10.1 A) 33.5Q. The incremental resistance (dv/di) reduces 10,000 to 1.

ii. P =kV**! (equation (10.37))
31 31
i—l: r2 -1= 340V —1=13793.5
P, Vi 250V
The per unit power increase is 13,800.
The power increases from (250 V x 1 mA) 0.2 W at standby to (340 V x

10.14A) 3447.6 W when clamping at 340 V dc.
L]
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10.2.3 Crowbar

A crowbar can be used for overvoltage and/or overcurrent protection in both ac
and dc circuits. Figure 10.20 illustrates how an SCR can be used to provide fault
protection for sensitive dc power electronic circuits and loads. Whenever a fault
condition occurs the crowbar SCR is triggered, shorting the supply. The resultant
high supply current flowing blows the fuse, or initiates a fast-acting circuit
breaker/mcb, thereby isolating the load from the supply. The diode D, provides a
current path for inductive load energy.

The load current is measured by the voltage across the sense resistor R. When this
voltage reaches a preset limit, that is the load current has reached the fault level,
the SCR is triggered. The load or dc link voltage is measured from the resistor
divider R-R;. When this voltage exceeds the pre-determined limit the SCR is
triggered and the fuse is blown by the crowbar short-circuit current, isolating the
sensitive load from the supply.

A judiciously selected crowbar SCR can conduct many times its average current
rating. For the few milliseconds in which the fuse is isolating, the SCR I¢ surge
current feature can be exploited. The SCR I’f rating must be larger than the fuse
total ¢ rating. If the SCR crowbar is fuse-link protected then the total ¢ of the dc-
link fuse link must be less than the pre-arcing It of the SCR crowbar fuse link.

An ac crowbar can comprise two antiparallel-connected SCR’s across the fuse-
protected ac line, or alternatively one SCR in a four diode rectifying bridge.
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Figure 10.20. An SCR crowbar for overvoltage and over-current protection.
10.2.4 Noise

RFI noise (electromagnetic interference, EMI) and the resultant equipment
interaction is an area of power electronic design that is often overlooked.

EMI is due to the effects of undesired energy transfer caused by radiated
electromagnetic fields or conducted voltages and currents. The interference is
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produced by a source emitter and is detected by a susceptible victim via a coupling
path. The source itself may be a self-inflicted victim. The effects of this
interference can vary from simple intermittent reset conditions to a catastrophic
failure.

The coupling path may involve one or more of the following coupling
mechanisms.

Conduction - electric current

Radiation - electromagnetic field

Capacitive coupling - electric field

Inductive coupling - magnetic field

10.2.4i - Conducted noise is coupled between components through interconnecting
wiring such as through power supply (both ac and dc supplies) and ground wiring.
This common impedance coupling is caused when currents from two or more
circuits flow through the same wiring impedance. Coupling can also result because
of common mode and differential currents, which are illustrated in figure 10.21.
10.2.4ii - Radiated electr ignetic field coupling can be considered as two cases,
namely

e near field, » < A/27x, where radiation due to electric fields, £, and
magnetic fields, H, are considered separate
e far field, » > A/2x, where the coupling is treated as a plane wave.
The boundary between the near and far field is given by r = A/2z where 4 is the
noise wavelength and r is distance from the source.
In the far field, the characteristic impedance of free space Z,, given by E / H, is
constant, \[u, /&, = 1207 =377Q.
In the near field region, r* (as opposed to r’and ') terms dominate field strength.
= A wire currying current produces E a 7 and H o 7,
o thus the electric field £ dominates and the wave impedance Z > Z,.
= A wire loop carrying current produces H o 7’and E o. 77,
o thus the magnetic field /# dominates and the wave impedance Z < Z,.
In the near field, interference is dominated by the effective input impedance, Z;,, of
the susceptible equipment and the source impedance R, of its input drive.
= Electric coupling increases with increased input impedance, while
= magnetic coupling decreases with increased input impedance.
That is, electric fields, E, are a problem with high input impedance (because the
induced current results in a high voltage similar to that given by equation (10.38)),
v=i xR /IZ, =C dv/dtxR Il Z, (10.38)
while magnetic fields, H, are a problem with low input impedance (because the
induced voltage results in a high current similar to that given by equation (10.39)).

i=v,/R/Z =Mdildt/R /I Z, (10.39)
In the far field the ' term dominates.
In the far field region both the £ and H fields are in phase and at right angles.
Importantly their magnitudes both decrease, inversely proportionally with distance
r, so their magnitude ratio remains constant. That is, the characteristic impedance
isZ, =4u, /e =120 =377Q2. The far field radiation wave with this constant
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impedance is termed a plane wave. The electric field component of the plane wave
tends to dominate interface problems in the far field region.

10.2.4iii - Electric field coupling is caused by changing voltage differences, dv/dt,
between conductors. This coupling is usually modelled by capacitance.

The changing electric field produces a current according to i = C.dv/dt, where
coupling capacitance C. is dependant distance of separation, area, and the
permittivity of the media. The effect of the produced current is dependant on the
source impedance R, and the effective input impedance, Z;,, of the victim
equipment as given by equation (10.38).
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Figure 10.21. Common mode and differential mode mains supply noise filtering:
(a) differential mode noise paths; (b) common mode noise paths; (c) simple L-C
mains filter; and (d) high specification mains filter.
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10.2.4iv - Magnetic field coupling is due to changing currents, di/dt, flowing in
conductors. This coupling mechanism is usually modelled by a coupled circuit, or
a transformer, according to v=Mdi/dt, where the resultant current is given by
equation (10.39). The mutual inductance M is related to loop area, orientation,
separation distance, and screening and its permeability. This induced voltage is
independent of any ground connection or electrical connection between the
coupled circuits. Magnetic field problems tend to be at low frequencies. Below
100kHz effective screen materials are steel, mu-metal (x4, = 20,000), and
permalloy, while at higher frequencies the good electrical conduction properties of
copper and aluminium are more effective despite there much lower permeabilities.

10.2.5 Mains filters

The conducted ac mains borne noise can be attenuated to safe levels by filtering.
The simplest type of filter is an inductor in series with the load in order to reduce
any current di/dt changes. It is usual practice to use L-C filtering, which gives
second-order attenuation. The typical circuit diagram of a mains voltage filter,
with common mode noise filtering, is shown in figure 10.21c. The core inductance
is only presented to any ampere turn imbalance (common mode current), not the
much larger principle throughput (go and return) ac current, hence the core
dimensional requirements can be modest. Extra non-coupled inductance is needed
for differential mode filtering, as shown in figure 10.21d. Only the higher
frequency noise components can be effectively attenuated since the filter must not
attenuate the 50 Hz mains component.

10.2.6 Noise filtering precautions

For power electronics, circuit noise suppression and interaction is ultimately based
on try-it and see. Logic does not necessarily prevail. The noise reduction
precautions to follow are orientated towards power electronics applications.

Good circuit layout and construction (incorporated at the initial design stage) can
greatly reduce the radiated noise, both transmitted and received. Obvious starting
points are minimising wire loop lengths, using ground planes, capacitor
decoupling, twisted wire pairs, and judicious placement of magnetic components.
Use opto-couplers, not only to isolate signals but to allow flexible grounding that
can bypass ground power noise around sensitive circuitry. Sensitive electronic
circuitry should be rfi radiation protected by copper (electric and high frequency
magnetic) or mild steel (low frequency magnetic) sheeting, depending on the type
of radiation and frequency. Shielding, including isolated heatsinks, should be
connected to a point that minimises interference. This may involve connection to
supply rails (positive, zero, negative) or ground.

An R-C snubber across a diode decreases dv/dt while a series inductive snubber
will limit di/dt. Mains series input inductors for bridge rectifiers (plus diode R-C
snubbers) decrease the amount of diode recovery noise injected back into the
mains and into the equipment. In ac circuit applications, zero-voltage turn-on and
zero-current turn-off minimise any rapid changes in current, thus reducing
radiation. To minimise diode recovery noise, slow down switch turn-on.
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To minimise interactive noise effects, high noise immune circuit designs can be
employed which utilise mos technology. The high-voltage input thresholds of
cmos logic (4000 series), 74AC (not ACT) logic series, and power MOSFETs (high
gate threshold and capacitance), offer circuit noise immunity. Since noise
possesses both magnitude and duration, the much slower response times (but with
high input thresholds) of 4000 HEF series cmos may result in better noise
immunity in applications requiring clock frequencies below a few megahertz.

DSP core operating voltages below a few volts have necessitate: the use of a
multilayer pcbs with ground planes, carefully layout separating of analogue and
digital circuitry, low inductance ceramic chip decoupling, watchdog circuitry, etc.
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Problems

10.1.  Derive an expression for the worst case maximum allowable voltage-
sharing resistance for n series devices each of voltage rating 7, and maximum
leakage 7,, across a supply V. The resistance tolerance is = 100a per cent and the
supply tolerance is + 100b per cent.

If V,=1500 V, Vp =200V, [,, = 10 mA, n = 10 and tolerances are £10 per cent,
calculate resistance and maximum total power losses if

i tolerances are neglected
ii. only one tolerance is considered
iii. both tolerances are included.

[i. R<5.5kQ, 63.8 W;ii. R <2.1 kQ, 185 W; R <3.9kQ, 91 W1 iii. R <280 Q, 1234 W].

10.2.  Derive a power loss expression for a voltage-sharing resistance network
in which both supply and resistance tolerances are included. Assume a dc reverse
bias of duty cycle o.

10.3.  Derive the power loss expression for an SCR string with voltage-sharing
resistance and an ac supply.
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10.4.  Two diodes modelled as in figure 2.4a having characteristics approxi-
mated in the forward direction by

Diode D;: Ve=1.0+0.01 I V)

Diode D;: Vr=0.95+0.011 I (W%
are connected in parallel. Derive general expressions for the voltage across and the
current in each diode if the total current is 200 A.
At what total current and voltage will the diodes equally share?
[102.4 A, 97.6 A,2.02 V; 100 A, 1.5 V]

10.5.  In problem 10.4, what single value of resistance in series with each
parallel connected diode match the currents to within 1 per cent of equal sharing?
Calculate the resistor maximum power loss.

How will the current share at /7= 100 A & /7= 500A with the balancing resistors.
[14.5 mQ, 148 W; 50 A, 50 A; 254 A, 246 A]

10.6. A Zener diode has an -V characteristic described by I = kV *”. What
percentage increase in voltage will increase the power dissipation by a factor of
1000? [25 per cent]

10.7.  What is the percentage decrease in the dynamic resistance of the Zener
diode in question 10.6? [99.845 per cent]

10.8. A string of three 2,600 V thyristors connected in series is designed to
withstand an off-state voltage of 7.2 kV. If the compensating circuit consists of a
series 33 Q, 0.01 pF snubber in parallel with a 24 kQ resistor, across each
thyristor, and the leakage currents for the thyristors are 20 mA, 25 mA, and 15
mA, at 125°C, calculate the voltage across each thyristor, then the discharge
current of each capacitor at turn-on.

[2400 V, 2280 V, 2520 V, 72.73 A, 69.09 A, 76.36 A]

10.9.  The reverse leakage current characteristics of two series connected diodes
are

Diode D;: I=-10"7,+0.14 (A) for V;<-1400V

Diode D;: L=-10*V,+0.16 (A) for V,<-1600V
If the resistance across diode D; is 100 kQ and Vp; = Vp,=-2000 V, what is the
leakage current in each diode and what resistance is required across diode D,?
[0.34 mA, 0.36 mA, oo]

10.10. Two high voltage diodes are connected in series as shown in figure 10.5a.
The dc input voltage is 5 kV and 10 kQ dc sharing resistors are used. If the reverse
leakage current of each diode is 25mA and 75mA respectively, determine the
voltage across each diode and the resistor power loss.

[2750 V, 2250 V, 756.25 W, 506.25 W]




263 Power Electronics

10.11.  The forward characteristics of two parallel connected diodes are

Diode D;: 1;=200V;-100 (A) for V7,205V

Diode D;: 1,=200V,-200 (A) for V,>1V
If the forward voltage of the parallel combination is 1.5V, determine the forward
current through each diode. [200 A, 100 A]

10.12.  Two diodes are connected in parallel and with current sharing resistances
as shown in figure 10.7. The forward /-V characteristics are as given in problem
10.11. The voltage across the parallel combination is 2V and the balancing
resistors are equal in value. Calculate each diode voltage and current. Calculate
resistor maximum power loss. Let 7, = 400 A.
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Naturally Commutating
Converters

The converter circuits considered in this chapter have in common an ac supply input
and a dc load. The function of the converter circuit is to convert the ac source into
controlled dc load power, mainly for high inductive loads. Turn-off of converter
semiconductor devices is brought about by the ac supply reversal, a process called /ine
commutation or natural commutation.
Converter circuits employing only diodes are termed uncontrolled while the incor-
poration of only thyristors results in a controlled converter. The functional difference is
that the diode conducts when forward-biased whereas the turn-on of the forward-biased
thyristor can be controlled from the gate. An uncontrolled converter provides a fixed
output voltage for a given ac supply.
Converter circuits employing a combination of both diodes and thyristors are generally
termed half-controlled. Both fully controlled and half-controlled converters allow an
adjustable output voltage by controlling the phase angle at which the forward biased
thyristors are turned on. The polarity of the load voltage of a fully controlled converter
can reverse, allowing power flow into the supply, a process called inversion. Thus a
fully controlled converter can be described as a bidirectional converter as it facilitates
power flow in either direction.
The half-controlled converter, as well as the uncontrolled converter, contains diodes
which prevent the output voltage from going negative. Such converters only allow
power flow from the supply to the load, termed rectification, and can therefore be
described as unidirectional converters.
Although all these converter types provide a dc output, they differ in characteristics
such as output ripple and mean voltage as well as efficiency and supply harmonics.
Another converter characteristic is that of pulse number, which is defined as the
repetition rate in the direct output voltage during one complete cycle of the input ac
supply.

The general analysis in this chapter is concerned with single and three-phase
supplies feeding inductive loads. A load back emf is used in modelling the dc machine.
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11.1 Single-phase uncontrolled converter circuits
11.1.1 Half-wave circuit with an R-L load

A simple half-wave diode rectifying circuit is shown in figure 11.la, while various
circuit electrical waveforms are shown in figure 11.1b. Load current starts to flow when
the supply goes positive at wt = 0. It will be seen that load current flows not only
during the positive part of the supply voltage, 0< wt <=, but also during a portion of the
negative supply voltage, 7 < wt < . The load inductor stored energy maintains the load
current and the inductor’s terminal voltage reverses so as to overcome the negative
supply and keep the diode forward-biased and conducting. This current continues until
all the inductor energy, YL, is released (i = 0) at the current extinction angle, wt=p.

i o L
4
f + oy —
I -
v =2 Vsin i v vn 2 R
lah
v
v *vp =
7 - ’//"/ 2 ot
. 7
v, =0 = Ldi/dt 4
.". current slope = 0 /: “ rd
i \__’/ w
/ |
L I
I
I
]
1
1
1 [l I
° - 18 ot
IS
v i\ !
B i N current extinction
1 _~-~ angle
1 v
|
I e
° it

Equal areas

{b)
Figure 11.1. Half-wave rectifier with an R-L load: (a) circuit diagram and (b)
waveforms, illustrating the equal area and zero current slope criteria.
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During diode conduction the circuit is defined by the Kirchhoff voltage equation
L%JrRi =2V sin ar W) L1
where V is the rms ac supply voltage. Solving equation (11.1) yields the load current

i(or) = g{sin (@0-9) + sing ¢} (A)

(11.2)
0< ot <p (rad)
where Z=V(R’>+ w’L?)  (ohms)
tang=wL/R
i(wt) = 0 (A) 113

PLat<2m (rad)
The current extinction angle £ is determined by the load impedance Z and can be
solved from equation (11.2) when i = 0 with wt = $, such that # > 0, that is
sin(B-¢) + sing '™ = ¢ (11.4)
This is a transcendental equation which can be solved by iterative techniques. Figure

11.2a can be used to determine the extinction angle f, given any load impedance angle
¢=tan" wL/R.

The mean value of the rectified current, 7, is given by integration of equation (11.2)

54,

L=%f "oty do ()
5 0 (11.5)
T N2V
1, =325 (1-cos ) (A)
while the mean output voltage V, is given by
_ TR =Y
V, = LR =3—(1-cosf) (\%) (11.6)

since the mean voltage across the load inductance is zero (see the equal area criterion
below). Figure 11.2b shows the normalised output voltage ¥ /V as a function of wL/R.
The rms output voltage is given by

V.= [%,,Jj(ﬁV) sin’ ot da)tT
:ﬁ%[%{ﬂ—%sinZﬂ}T

(11.7)

11.1.1i - Equal area criterion
The average output voltage ¥, given by equation (11.6), is based on the fact that the
average voltage across the load inductance, in steady state, is zero. The inductor
voltage is given by

v, =Ldi/dt V)
which for the circuit in figure 11.1a can be expressed as
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[ di =["L di=1G,~i)) (11.8)
, o dt =) Ldi=L(i,~i, .
If the load current is in steady state then i, =i,, which is zero here, and in general
ij dt=0 (Vs) (11.9)
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Figure 11.2. Single-phase half-wave converter characteristics:
(a) load impedance angle @ versus current extinction angle B and (b) variation in
normalised mean output voltage V,/V versus wL/R.
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The inductor voltage waveform for the circuit in figure 11.1a is shown in the last plot in
figure 11.Ib. The equal area criterion implies that the shaded positive area must equal
the shaded negative area, in order to satisfy equation (11.9). The net inductor energy is
zero. This is a useful aid in predicting and drawing the load current waveform.

It is useful to superimpose the supply voltage v, the load voltage v,, and the resistor
voltage vz waveforms on the same time axis, wt. The load resistor voltage, vz =Ri, is
directly related to the load current, i. The inductor voltage v, will be the difference
between the load voltage and the resistor voltage and this bounded area must be zero.
The equal voltage areas associated with the load inductance are shown shaded in two
plots in figure 11.1b.

11.1.1ii - Load current zero slope criterion
The load inductance voltage polarity changes from positive to negative as energy
initially transferred into the inductor, is released. The stored energy in the inductor
allows current to flow after the input ac voltage has reversed. At the instant when the
inductor voltage reverses, its terminal voltage is zero, that is
v, =Ldi/dt=0
thatis di/dt=0

The current slope changes from positive to negative, whence the voltage across the
load resistance ceases to increase and starts to decrease, as shown in figure 11.1b. That
is, the Ri waveform crosses the supply voltage waveform with zero slope, whence
when the inductor voltage is zero, the current begins to decrease. The fact that the
resistor voltage slope is zero when v;=0, aids prediction and sketching of the various
circuit waveforms in figure 11.1b, and subsequent waveforms in this chapter.

(11.10)

11.1.2  Half-wave circuit with an R-L load and freewheel diode

The circuit in figure 11.1a, which has an R-L load, is characterised by discontinuous (i
= 0) and high ripple current. Continuous load current can result when a diode is added
across the load as shown in figure 11.3a. This freewheel diode prevents the voltage
across the load from reversing during the negative half-cycle of the supply voltage. The
stored energy in the inductor cannot reduce to zero instantaneously, so the current is
forced to find an alternative path whilst decreasing towards zero. When diode D, ceases
to conduct at zero volts it blocks, and diode Dy provides an alternative load current
freewheeling path, as indicated by the waveforms in figure 11.3b.

The output voltage is the positive half of the sinusoidal input voltage. The mean output
voltage is

4 =L.|‘”«/5Vsinwtdwt
[y

m:ﬁ% = 045V %)

(11.11)
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Figure 11.3. Half-wave rectifier with a freewheel diode and an R-L load:
(a) circuit diagram and parameters and (b) circuit waveforms.

The rms value of the load circuit voltage v is given by

V.= %J. 0 («/EV sin (ot)zda)t

r

:ﬁ%:o.m/ )

(11.12)
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The output ripple voltage is defined as

Ve 2V =V,

(BT (11.13)
_ (N2 v -
= ( %] 7( %] = 05457
hence the voltage ripple factor is defined as
K&V, IV, = (11.14)

=\Vr’-1 = 1211

After a large number of ac supply cycles, steady-state load current conditions are
established, and the load current is defined by

L%+Ri:ﬁVsina)t A)  O<wr<rz (11.15)
and when the freewheel diode conducts
L%+Ri:0 (A) <ot <2 (11.16)

During the period 0 < wt < wr, when the freewheel diode current is given by ip = 0, the
supply current and load current are given by

i(ot) =i (o) = ﬁ%sin(wt -9+, + \/E%sin P aad (A) (1.17)

O<awt<rm
for
N 1o/
Lo =7 S0 g~ s (&)
where  Z = R +(wl) (ohms)

tan ¢ = wL/R

During the period © < wt < 2z, when the supply current i = 0, the diode current and
hence load current is given by

i (o) =iy (=1, e @' (A rz<ot<2r (11.18)
for

L, =1,.e"" (A)

In figure 11.3b it will be seen that although the load current is continuous, the supply
current is discontinuous and therefore has a high harmonic content.

Example 11.1: Half wave rectifier

In the circuit of figure 11.3 the source voltage is 240N2 sin(2 50¢) V, R = 10 ohms, and
L =50 mH. Calculate
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i. the mean and rms values of the load voltage, V,and V,,
ii. the mean value of the load current, 7,
iii. the current boundary conditions, namely /,;, and /,,.

Solution
i.  From equation (11.11), the mean output voltage is given by

Vv =\EV/=\/EX24V=108V
? T T

From equation (11.12) the load rms voltage is
V. =N2V/2 = 240/2 = 1697V

ii. The mean output current, equation (11.5), is

*,VH/ ,\/EV/ _ \/Ex24y _
I="o/p = R (x10 = 10.8A
The load impedance is characterised by
Z = JR +(ol)
=4J10° +(27x50x0.05)° = 18.620hms

tan ¢ = wL/R
=27%x50x0.05/10=1.57rad or ¢ =57.5°
From section 11.1.2, equation (11.17)

) 147/ and
L= g

orlang _ jorlang

iii.

—7/1.57

I, = V2 x 24%8462 xsin(tan™'1.57) x 78”}1:76 .

~7/1.57

=3.41A

Hence, from equation (11.18)
L, = 1,07 =3.41xe™ 1= 25.22A
&

11.1.3  Full-wave bridge circuit

Single-phase uncontrolled full-wave bridge circuits are shown in figures 11.4a and
11.4b. Figures 11.4a and b appear identical as far as the load is concerned. It will be
seen in part b that two fewer diodes can be employed but this requires a centre-tapped
secondary transformer where each secondary has only a 50% copper utilisation factor.
For the same output voltage, each of the secondary windings in figure 11.4b must have
the same rms voltage rating as the single secondary winding of the transformer in
figure 11.4a. The rectifying diodes in figure 11.4b experience twice the reverse voltage,
as that experienced by each of the four diodes in the circuit of figure 11.4a. The use of
a centre tapped transformer secondary, halves the copper utilisation factor.
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Vo

V2V

V2V = (2y/2V for cet b)

[}

Figure 11.4. Single-phase full-wave rectifier bridge: (a) circuit with four rectifying
diodes; (b) circuit with two rectifying diodes; and (c) circuit waveforms.
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Figure 11.4c shows bridge circuit voltage and current waveforms. The load experiences
the transformer secondary rectified voltage which has a mean voltage of

4 =lJ.”«/§Vsinwt dot
Tdo

i (11.19)
v =1,,R=2*E% - 0907 )
The rms value of the load circuit voltage v,is
_ 1 2 A 2
Vo= A2z , (\/EVsma)z) dot (11.20)
=V (%)
The ripple voltage is
Vo 2V V]
_ (11.21)
=V -(%) v’ =04357 (V)
hence the voltage ripple factor is
K 2V, 17,

KF\/W / 2*/54 = 0483 122

which is significantly less than the half-wave rectified value of 1.211 from equation
(11.14).

With a highly inductive load, which is the usual practical case, virtually constant load
current flows, as shown dashed in figure 11.4c. The bridge diode currents are then
square wave blocks of current of magnitude 7, . The diode current ratings can now be
specified and depend on the pulse number n. For this full-wave single-phase
application each input cycle comprises two output current pulses, hence n = 2.

The mean current in each diode is

To=Y1,=%1, (A) (11.23)
and the rms current in each diode is
1,=Yel,=1,/\2 (A) (11.24)
whence the diode current form factor is
K,=1,/T,=n=x2 (11.25)
Since the current is approximately constant, power delivered to the load is
PaVI =%zxv% (W) (11.26)
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11.2 Single-phase full-wave half-controlled converter

When a converter contains both diodes and thyristors, for example as shown in figure
11.5 parts a, b, and c, the converter is termed half-controlled. These three circuits
produce identical load waveforms neglecting any differences in the number and type of
semiconductor voltage drops. The power to the load is varied by controlling the angle
a, shown in figure 11.5d, at which the bridge thyristors are triggered. The circuit diodes
prevent the load voltage from going negative, extend the conduction period, and reduce
the ac ripple.

The particular application will determine which one of the three circuits should be
employed. For example, circuit figure 11.5a contains five devices of which four are
thyristors, whereas the other two circuits contain four devices, of which only two are
thyristors. The thyristor triggering requirements of the circuit in figure 11.5b are
simple since both thyristors have a common cathode connection.

Figure 11.5b may suffer from prolonged shut-down times with highly inductive loads.
The diode in the freewheeling path will hold on the freewheeling thyristor, allowing
conduction during that thyristors next positive cycle without any gate drive present.
This does not occur in circuits 11.5a and ¢ since freewheeling does not occur through
the circuit thyristors, hence they will drop out of conduction at converter shut-down.
The table in figure 11.5d shows which semiconductors are active in each circuit during
the various periods of the load cycle.

Various circuit waveforms are shown in figure 11.5d.

The mean output voltage and current are

V =L.R= ij V3 Vsin(er) dot

Tda
= ﬂ(l +cosa) V) (11.27)
s
1,="%4= %(1 +cos@) ()

where a is the delay angle from the point at which the associated thyristor first
becomes forward-biased and is therefore able to be turned on. The maximum mean
output voltage, V, = 22V /x (also predicted by equation 11.16), occurs at a= 0.
The normalised mean output voltage V, is

V.=V, IV, =Y%(+cosa) (11.28)
Equation (11.27) shows that the load voltage is independent of the load (because the
diodes clamp the load to zero volts thereby preventing the load from going negative),
and is a function only of the phase delay angle for a given supply voltage.
The rms value of the load circuit voltage v, is
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Figure 11.5. Full-wave half-controlled converter with freewheel diodes:

(a), (b) and (c) different circuit configurations producing the same output; and (d)
circuit voltage and current waveforms and device conduction table.
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1~ 2
V. =.—| (V2Vsinat) dot
”J'( smw) i
_ 1/ 61
| a+Ysin2a W)
1

Equations (11.27) and (11.29) can be used to evaluate the load ripple voltage, defined
by equation (11.13), and load voltage ripple factor, defined by equations (11.14).

(11.29)

11.2i - Discontinuous load current, with o < 7 and f — a < z, the load current (and
supply current) is based on equation (11.1) which gives

i(ot) =i (o) = \/E%(sin(wt—gﬁ)—sin(a—(ﬁ)e M%””) (A)
as<wot<r

After ot = the load current decreases exponentially to zero through the freewheel
diode according to

(11.30)

o = iy (on) = 1, 07" * (131
O<at<a

where for wt = 7 in equation (11.30)

NG in(d— o) (1 — e ™9
I - 2% sin(g—a)(1—e /%)

11.2ii - Continuous load current, with a < ¢ and f#—a > 7, the load current is given
by equations similar to equations (11.17) and (11.18), specifically

: altng __: _ e
i(m/)=i\(zu/)=ﬁ%(sin(wt—¢)+(—sm¢e sin(a ¢))e /“"”]

1—e ™ (11.32)
aswt<rm (A)
While the load current when the freewheel diode conducts is
(o) =iy (o) = I, e () (1133)
O<wt<a ’
where, when wt=r in equation (11.32)
ﬁV/ sin g —sin(a — g)e "¢
be=""7 — s (&)
The critical inductance, to prevent the current falling to zero, is given by
wLU”:H_a_l/z”+a+sma+zzcos€ (11.34)
R l+cosa

for a <0 where
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0 =sin” —e_ = sin~ 1HCOS® (1135)
Nz T

The minimum current occurs at the angle €, where the mean output voltage ¥, equals
the instantaneous load voltage, v,. When phase delay angle « is greater than the critical
angle 0, 6= o in equation (11.35) yields

%zivaraJrsinaJrﬂcosa (11.36)

R I+cosa

It is important to note that converter circuits employing diodes cannot be used when
inversion is required. Since the converter diodes prevent the output voltage from being
negative, regeneration from the load into the supply is not achievable.
Figure 11.5a is a fully controlled converter with an R-L load and freewheel diode. In
single-phase circuits, this converter essentially behaves as a half-controlled converter.

11.3 Single-phase controlled thyristor converter circuits
11.3.1 Half-wave circuit with an R-L load

The diode in the circuit of figure 11.1 can be replaced by a thyristor as shown in figure
11.6a to form a half-wave controlled rectifier circuit with an R-L load. The output
voltage is now controlled by the thyristor trigger angle, a. The output voltage ripple is
at the supply frequency. Circuit waveforms are shown in figure 11.6b.
The output current, hence output voltage, for the circuit is given by
di . .
Ldt+R17\/EVsmwt W) 137
aswt<f (rad)

where phase delay angle a and current extinction angle 8 are shown in the waveform in
figure 11.6b and are the zero load current points.

Solving equation (11.37) yields the load and supply current

i(wr)= v {sin(wt - §) - sin(a -g)e'* " (A)
where Z = \JR* + (wL)’  (ohms) asaot<f (11.38)
tan ¢ = wL/R

The current extinction angle f is dependent on the load impedance and trigger angle a,
and can be determined by solving equation (11.38) with wt = when i() = 0, that is

sin(B-¢) = sin(a-g) e (11.39)
This is a transcendental equation. A family of curves of current conduction angle
versus delay angle, that is f - a versus a, is shown in figure 11.7. The plot for
¢ ="4r is for a purely inductive load, whereas ¢ = 0 is a purely resistive load.
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wit

{b)

Figure 11.6. Single-phase half-wave controlled converter:
(a) circuit diagram and (b) circuit waveforms for an inductive load.

The mean load voltage, whence the mean load current, is given by

v, :Lj.ﬁﬁVsina)t dot
2rda

(11.40)
_Tr-N2r
V,=I,R= - (cosa —cos f3) V)
where the angle § can be extracted from figure 11.7.
The rms load voltage is
V.= [%nj ”(«/EV)Z sin” ot dmt]
‘ (11.41)

- ﬁ%[%{(ﬂ—a)—l/z(sinz/i-smza)}}l
The rms current involves integration of equation (11.38), giving equation (11.60)/2.
Iterative solutions to equation (11.39) are shown in of figure 11.7a, where it is seen that
two straight-line relationships exist between a and f-a. Exact solutions to equation
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(11.39) exist for these two cases. That is, exact solutions exist for the purely resistive
load and the purely inductive load.

11.3.1i - Case 1: Purely resistive load. From equation (11.38), Z =R, ¢=0, and the
current is given by
N4
R

i(ot) =

sin(ar) (A) (11.42)

alot<rmand f=7 Va

@ = tan " fw L AR

a
Puselby ( )
inductive
240

B—o I=h e S e M
Idegrees]
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resistive

1
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(b)
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Figure 11.7. Half-wave, controlled converter thyristor trigger delay angle a versus:
(a) thyristor conduction angle, B-a, and (b) normalised mean load current.




Power Electronics
The average load voltage, hence average load current, is

v :LI”«/EVsina)t dot
27 da

N4

V,:I,,R:7(1+cosa) V)
The rms output voltage is
( ) sin® ot d a)t}

ool
/ ,,{(7[ ‘/zsta)}T
I,

Since the load is purely resistive,
P=I'R.

rms

11.3.1ii - Case 2: Purely inductive load. From equation (11.38), Z=wL, ¢=

the current is given by
(o) = ﬂ (sin(wt —Yarr) —sin(a - ‘/z/r)) (A)
[2)9

2
wL

(COS(Z -Cos (Ut)

a<ot<fand f=27-a
The average load voltage, based on the equal area criterion, is zero

V= [ N2V sintdor=0
° 2rda

The average output current is

&

Vv

1, =%,,I:K ‘ " {cosa - coswt}dot
2y )
= [(z—a)cosa+s1na]

The rms output current is derived from

I :\/— r [/,,J. u(cosoz —cosa)t)zdth

The rms output voltage is

7[/”]. a(x/iV) sin® ot da)t}
:\/EV[%”{(n—a)+‘/zsin2a)}]%

280

(11.43)

(11.44)

=V /R and the power delivered to the load is

Yarr , and

(11.45)

(11.46)

(11.47)

(11.48)

(11.49)
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Since the load is purely inductive load, P, =0.

By setting o = 0, the equations (11.42) to (11.49) are valid for the uncontrolled rectifier
considered in section 11.1.1, for a purely resistive and purely inductive load.

Example 11.2:  Half-wave controlled rectifier
The ac supply of the half-wave controlled single-phase converter in figure 11.6a is v =
2 240 sinwt. For the following loads
Load I: R=10Q, oL =0Q
Load2: R=0Q, wL =10Q
Load3: R=7.1Q, oL =7.1Q
determining in each load case, for a firing delay angle a = /6
e the conduction angle y, hence the current extinction angle
e the dc output voltage and the average output current
e the power dissipated in the load for the first two loads

Solution

Load 1: R=10Q, oL =0 Q
From equation (11.38), Z=10Q and ¢=0°.
From equation (11.42), f == for all a, thus for a =n/6, y = f - a = 5n/6.
From equation (11.43)

v, = }”R \/—V ~—(+cosa)

:@(Hcoszz/é) =100.9V

2z

The average load current is
1,=V,/R= %(1 +cosa) =100.9V/10Q=10.1A.

The rms load current is g yven by equation (11.44), that is

—\/7/ ‘/zs1n2a)}]
:ﬁ““%x[%,{(”—n/e)+'/zsinn/3)}]’ =200V

Since the load is purely resistive the power delivered to the load is
P=I'R=V. /R

=100V’ /10Q =1000W
Load 2: R=0Q, oL =10Q
From equation (11.38), Z=10Q and ¢ ='sx .
From equation (11.45), which is based on the equal area criterion, = 2= - a,
thus for o = /6, B = 117/6 whence the conduction period is y = f — o = 57/3.
From equation (11.46)
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vV, =0V
The average load current is
s Ay

I :m[(ﬂ—a)cosom-sina ]

:@x[(Sﬁ/6)005ﬁ/6+sinﬁ/6 ]=149
7x10

Since the load is purely inductive the power delivered to the load is zero.
Load 3: R=7.1Q, oL =7.1Q
From equation (11.38), Z=10Q and ¢ ="ir .

From figure 11.7a, for g=Ysrand a=7/6, y = — a =195° whence f =

225°.
From equation (11.40)
V= 7 R= @(cosa—sinﬂ)
? 27
:%(cosw —~in200°) = 60.8V
The average load current is

L =V/R
=60.8V/7.1Q = 8.6A

Alternatively, the average current can be extract from figure 11.7b, which for
¢ ="Yar and a = /6 gives the normalised current as 0.35, thus

1= ﬁ% x0.35

= \/EXQ“O%Q x0.35=11.9A
»

11.3.2  Half-wave half-controlled

The half-wave controlled converter waveform in figure 11.6b shows that when a < wt
< x, during the positive half of the supply cycle, energy is delivered to the load. But
when ©n < wt < 2n+a, the supply reverses and some energy is returned to the supply.
More energy can be retained by the load if the load voltage is prevented from
reversing. A load freewheel diode can facilitate this objective.

The single-phase half-wave converter can be controlled when a load commutating
diode is incorporated as shown in figure 11.8a. The diode will prevent the
instantaneous load voltage v, from going negative, as with the single-phase half-
controlled converters shown in figure 11.5.
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The load current is defined by equations (11.15) for & < wt < w and equation (11.16) for
n < wt <21+ o, namely:

LﬂJrRi:«/zVsinwt (A) alwt<rm
Zt_ (11.50)
Ld—;+Ri:O (A) rLot<2r+a

At wt = r the thyristor is commutated and the load current, and hence diode current, is
of the form of equation (11.18). As shown in figure 11.8b, depending on the delay
angle a and R-L load time constant, the load current may fall to zero, producing
discontinuous load current.

wl

VL=VR \

for wt >

Figure 11.8. Half-wave half-controlled converter:
(a) circuit diagram and (b) circuit waveforms for an inductive load.
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11.3.2i - For discontinuous conduction the load current is defined by

(o) =i (o) = ﬁ%(sin((ut —-$)— Sin(a - ¢) e’””*”m) (A)
aswt<rw
i) =iy (o) =1, e (11.51)

N2y /sin@g—a) - =) ormran
_{ b/ sin@-a) 1= | arerns *)

Tt <2r+a

11.3.2ii - For continuous conduction the load current is defined by
—a/tang _
ion =i ="2"/ [Sm(w He (w w]

as<mt<rw (A)
ion) = iy (o0 = 1, &' (11.52)
_ - 7-a/tang
{f sing sm(a Pe }e s n

o7 ng

Tiot<2r+a
The mean load voltage (hence mean output current) for all conduction cases is

v :LJ”\/EVsinwt dwt
Lo (11.53)
IV ’

V.=1R=

——(+cosa) V)

which is half the mean voltage for a smgle-phase half-controlled converter, given by
equation (11.27). The maximum mean output voltage, V,, N 2L (equation (11.11)),
occurs at a = 0. The normalised mean output voltage V,, is

V,,:V”/l},, =Y (1+cosa) (11.54)
The rms output voltage for both continuous and discontinuous load current is

Vo= e () s o |
= NEYs 5 [% {(n —a)+ '/zsinza)}]’

The advantages of incorporating a load freewheel diode are
e the input power factor is improved and
e the load waveform is improved giving a better load performance

(11.55)
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v

Figure 11.9. Full-wave controlled converter:
(a) and (b) circuit diagrams; (c) discontinuous load current; (d) verge of
continuous load current, when a = @; and (e) continuous load current.
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11.3.3  Full-wave circuit with an R-L load

Full-wave voltage control is possible with the circuits shown in figures 11.9a and b.
The circuit in figure 11.9a uses a centre-tapped transformer and two thyristors which
experience a reverse bias of twice the supply. At high powers where a transformer may
not be applicable, a four-thyristor configuration as in figure 11.9b is suitable. The
voltage ratings of the thyristors in figure 11.9b are half those of the devices in figure
11.9a, for a given input voltage.
Load voltage and current waveforms are shown in figure 11.9 parts c, d, and e for three
different phase control angle conditions.
The load current waveform becomes continuous when the phase control angle a is
given by

a=tan'wL/R=¢ (rad) (11.56)
at which angle the output current is a rectified sine wave. For a > o, discontinuous load
current flows as shown in figure 11.9¢c. At a = o the load current becomes continuous
as shown in figure 11.9d, whence = o + m. Further decrease in a, that is a < g, results
in continuous load current that is always greater than zero, as shown in figure 11.9¢.

11.3.3i- a > ¢, p-a <, discontinuous load current

The load current waveform is the same as for the half-wave situation considered in
section 11.3.1, given by equation (11.38). That is
i(wrt) = ‘f% [sin(et - @) - sin(ax -@) e "] (A) (11.57)
alot<r+a (rad)
The mean output voltage for this full-wave circuit will be twice that of the half-wave
case in section 11.3.1, given by equation (11.40). That is

- 3
V, =LR= L[ Bvsinordor

(11.58)
=\/5V (cos a - cos fB) V)

where f can be extracted from figure 11.7. The average output current is given
1,=V /R.
The rms load voltage is

V. :«/EV[%_Vsin2 ot d(t)t:|'/2

=x/3V[

The rms load current is

" (11.59)
{(ﬂ—a)+ l/z(sin2ﬂ—sir12oz)}]

€1
2z

287 Naturally commutating converters
s = \2/51: [cos¢ cos(f—a)—sing cos(a+ @+ ﬂ)]% (11.60)
T

The load power is therefore P=1] R.

11.3.3ii - a=¢, f-a =, verge of continuous load current
When o = ¢=tan" @wL/R, the load current given by equation (11.57) reduces to

i(ot) = 4 sin(wt — §) (A)

(11.61)
forp<awt<¢+r (rad)
and the mean output voltage, on reducing equation (11.58) using f = a+n, is given by
T

V.= cosa V) (11.62)

which is dependent of the load such that ¢ = ¢=tan" @L/R . From equation (11.59),
with f—a =7, the rms output voltage is V, I=V/Z, and power = VI cos¢ .

11.3.3iii - a > ¢, p- n=a, continuous load current
Under this condition, a thyristor is still conducting when another is forward-biased and
is turned on. The first device is instantaneously reverse-biased by the second device
which has been turned on. The first device is commutated and load current is
instantaneously transferred to the oncoming device.
The load current is given by

P, 2sin(a - (e - on)/tam

i(eor) = N [sin(at - ¢) - 23M@ D -] (11.63)
4

oo
This equation reduces to equation (11.61) for a=¢.
The mean output voltage, whence mean output current, are defined by equation (11.62)

V:Z,R:Zﬁy

cosa V)
which is uniquely defined by a. The maximum mean output voltage, y, = W2V ix
(equation (11.19)), occurs at a=0. The normalised mean output voltage V, is

V.=V IV, = cosa (11.64)
The rms output voltage is equal to the rms input supply voltage and given by

V.= %ITI(\/EV)Zsin:wt dot =V (11.65)

The ac component harmonic magnitudes in the load, which are odd, are given by

4 1 1 2cos2a
o - 11.66
v [(2,,71)2 “anrly (211—1)(2n+1)] (11.66)




Power Electronics 288

forn=1,2,3...
The critical inductance, to prevent the current falling to zero, is given by
ol 4 2 . 2
— =———| cosf+=sina—=cosa(Var+a+6 11.67
R 2cosa [ T z (7 )j ( )
for a <0 where
0 =sin” Ve sin 25052 (11.68)

v

The minimum current occurs at the angle 6, where the mean output voltage V, equals
the instantaneous load voltage, v,. When phase delay angle « is greater than the critical
angle 6, substituting =6 in equation (11.67) gives

erit

=—tana (11.69)

11.3.4  Full-wave circuit with R-L and emf load

An emf source and R-L load can be encountered in dc machine modelling. The emf
represents the machine speed back emf, defined by E =kgw . These machines can be
controlled by a fully controlled converter configuration as shown in figure 11.10a.
If in each half sine period the thyristor firing delay angle occurs after the rectified sine
supply has fallen below the emf level E, then no load current flows since the bridge
thyristors will always be reverse-biased. Thus the zero current firing angle a,, for a,>
Yam is given by

o, =sin” (E/JEV) (rad) (11.70)
where it has been assumed the emf has the polarity shown in figure 11.10a. Load

current can flow with a firing angle defined by

0<a<a, (rad) (11.71)
whence a=7-a,.
The load circuit current can be evaluated by solving

ﬁVsinwt:L%+Ri+E W) 11.72)

11.3.4i - Discontinuous load current
The load current is given by

i(ot) = @ [sin(cxt - ¢) —%/cos¢+

{ﬁ/comﬁ— sin(a -¢)}e ooy (1] 73)

asot Sf<m+a (rad)
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Figure 11.10. A full-wave fully controlled converter with an inductive load which
includes an emf source: (a) circuit diagram,; (b) voltage waveforms with discontinuous
load current; (c) verge of continuous load current; and (d) continuous load current.

For discontinuous load current conduction, the current extinction angle £, shown on
figure 11.10b, is solved by iterative techniques. The mean output voltage can be
obtained from equation (11.31), which is valid for E= 0. For non-zero E
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v, :yﬂjj(«/zVsina)t-# E) dot

v o= ﬂ [cos a—cos ﬂ+(7r+a—ﬁ)ij V) (11.74)
T \/EV
O0<p-a<rz (rad)

The current extinction angle £ is load-dependent, being a function of &, Z, and E.

Since ¥ = E+1,R, the mean load current is given by

7o VoE_ Y4
7R

COs @ —Cos ﬂ—ﬁ(ﬂ—a)] (A)

R (11.75)
0<p-a<nx (rad)
The rms output voltage is given by
A
_ 2 f-a 2 B-a v, .. .
V. = [V —+E (I-— )—27(sm 2ﬂ—sm2a)j V) (11.76)
The rms voltage across the R-L part of the load is given by
e = AV e = E° (11.77)
11.3.4ii - Continuous load current
The load current is given by
(o) = g [sin(at - @) -/, /cosp+
2 sn%?z W— ¢) e {(a - @)/tan m] (1 1.78)
e —1
alot <r+a (rad)

The minimum current is given by

v 2 elung E

o G (qmgy i E (11.79)
7 o] \/EV

For continuous load current conditions, as shown in figures 11.10c and 11.10d, the

mean output voltage is given by equation (11.74) with f=7—-a

v, = WLM\/E Vsinwt dot

(11.80)
= Z«EV cosa V)
z
The average output voltage is dependent only on the phase delay angle a. The mean

load current is given by

7, LB N2V [zcosa—L] (A) (11.81)
R R 14
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The load voltage harmonics for continuous conduction are given by equation (11.66).
From equation (11.79) set to zero, the boundary between continuous and discontinuous
inductor current must satisfy

e 4] E

R .
Esm(a—¢)m > NG (11.82)

If the polarity of E is reversed as shown in figure 11.11a, waveforms as in parts b and ¢
of figure 11.11 result. The emf supply can provide a forward bias across the bridge
thyristors even after the supply polarity has gone negative. The zero current angle a,
now satisfies m < &y < 3m/2, as given by equation (11.70). Thus load and supply current

can flow - ;
. L
[al v A vo
.5_1_F
o
- —
/, \\ p\‘_‘,/ ~
# A 7 Ay
- A i Y
Fy Y s hY 4
4 NS NS
/ oo 8 wr
b} = b
o wa =R
Iy 1
P e S |
i - s
r
d ~
A o L
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Figure 11.11. A full-wave controlled converter with an inductive load and negative
emf source: (a) circuit diagram,; (b) voltage waveforms for discontinuous load current;
and (c) continuous load current.
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The relationship between the mean output voltage and current is now given by

V =—E+IR (11.83)
That is, the emf term E in equations (11.70) to (11.81) is appropriately changed to —E.
The load current flows from the emf source and the average load voltage is negative.
Power is being delivered to the ac supply from the emf source in the load, which is an
energy transfer process called power inversion.

114 Three-phase uncontrolled converter circuits

Single-phase supply circuits are adequate below a few kilowatts. At higher power
levels, restrictions on unbalanced loading, line harmonics, current surge voltage dips,
and filtering require the use of three-phase (or higher) converter circuits. Generally it
will be assumed that the output current is both continuous and smooth. This assumption
is based on the dc load being highly inductive.

11.4.1 Half-wave rectifier circuit with an inductive load

Figure 11.12 shows a half-wave, three-phase diode rectifier circuit along with various
circuit voltage and current waveforms. A transformer having a star connected
secondary is required for neutral access, N.
The diode with the highest potential with respect to the neutral conducts a rectangular
current pulse. As the potential of another diode becomes the highest, load current is
transferred to that device, and the previously conducting device is reverse-biased and
naturally (line) commutated.
In general terms, for an n-phase system, the mean output voltage is given by

V= 2y

" 2x/n
v sin(z/n) V)
zln

For a three-phase, half-wave circuit (n=3) the mean output voltage is

v, :%%J.:((ﬁ V'sin wt dot

(11.85)
N R

/3
The diode conduction angle is 2n/n, namely %mn. The peak diode reverse voltage is
given by the maximum voltage between any two phases, V3V2 ¥ = 6 V.
From equations (11.23), (11.24), and (11.25), the mean diode current is

L =Wl =41, o) (11.86)

I - coswt dot V)
o (11.84)

and the rms diode current is
1,=)ml, = )J5l,  (A) (11.87)
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The diode current form factor is
K,=1,/1,=~3

o= V] () s don

The rms load voltage is

—1 1017

va o,
I~k
Oo— L | 'r
R i i
S Dy, e
o— = |
b b LOAD
b O ie
o— =4
B
M
izl

(b)

Figure 11.12. Three-phase half-wave rectifier:

(a) circuit diagram and (b) circuit voltage and current waveforms.

(11.88)

(11.89)
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The load form factor is
V. =V""%=1419V/1.17V=1,01 (11.90)

The ripple factor = ac voltage at the load

dc volatge at the load

Vems
=5~ -1=0.185 (11.91)

If neutral is available, a transformer is not necessary. The full load current is returned
via the neutral supply. This neutral supply current is generally not acceptable other than
at low power levels. The simple delta-star connection of the supply in figure 11.12a is
not appropriate since the unidirectional current in each phase is transferred from the
supply to the transformer. This may result in increased magnetising current and iron
losses if dc magnetisation occurs. This problem is avoided in most cases by the special
interconnected star winding, called zig-zag, shown in figure 11.13a. Each transformer
limb has two equal voltage secondaries which are connected such that the magnetising
forces balance. The resultant phasor diagram is shown in figure 11.13b.

As the number of phases increases, the windings become less utilised per cycle since
the diode conduction angle decreases, from 7 for a single-phase circuit, to % for the
three-phase case.

B

()

Figure 11.13. Three-phase zig-zag interconnected star winding:
(a) transformer connection and (b) phasor diagram of transformer voltages.
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Figure 11.14. Three-phase full-wave bridge rectifier:

¥o

(a) circuit connection and (b) voltage and current waveforms.
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11.4.2  Full-wave rectifier circuit with an inductive load

Figure 11.14a shows a three-phase full-wave rectifier circuit where no neutral is
necessary and it will be seen that two series diodes are always conducting. One diode
can be considered as being in the feed circuit, while the other is in the return circuit. As
such, the line-to-line voltage is impressed across the load. The rectifier circuit
waveforms in figure 11.14b show that the load ripple frequency is six times the supply.
Each diode conducts for %7 and experiences a reverse voltage of the peak line voltage.
The mean load voltage is given by twice equation (11.85), that is

1 2213 R
v, 7/A-‘.m \/EVsma)t dot V)

(11.92)
:ﬁvﬁziﬁm =136V,
/3 &
where V} is the line-to-line rms voltage.
The rms output voltage is given by

Y
V. :(ﬁj”‘"jﬁmm? ot dwtj =13521 (11.93)

The load form factor = 1.352/1.35=1.001 and the ripple factor = \form factor -1 = 0.06.

11.5 Three-phase half-controlled converter

Figure 11.15a illustrates a half-controlled converter where half the devices are
thyristors, the remainder being diodes. As in the single-phase case, a freewheeling
diode can be added across the load so as to allow the bridge thyristors to commutate.
The output voltage expression consists of V2V 3v3/2x due to the uncontrolled half of
the bridge and V2V 3V3 x cos a /21 due to the controlled half which is phase-
controlled. The half-controlled bridge mean output is given by the sum, that is

v, :ﬁVﬂ(Hcosa) :\/EV, i(1 +cosa)
2z 2r
=2.34V(1+cosa) \%) (11.94)
0<as<rm (rad)
Ata =0, V=2V 3\3/x = 135 V1, as in equation (11.46). The normalised mean
output voltage V,, is
V.= VIV, =Y%(1+cos) (11.95)
The diodes prevent any negative output, hence inversion cannot occur. Typical output
voltage and current waveforms for an inductive load are shown in figure 11.15b.
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Figure 11.15. Three-phase half-controlled bridge converter:
(a) circuit connection; (b) voltage and current waveforms for a small firing delay angle
a; and (c) waveforms for o large.

11.5i - For a < Yim

When the delay angle is less than sm the output waveform contains six pulses per
cycle, of alternating controlled and uncontrolled phases, as shown in figure 11.15b. The
output current is always continuous since no voltage zeros occur.

The rms output voltage is given by
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v, = \/% [7"3(v2) sin’ (et - z/6) dax

arrl6

:\/gﬁV(%(zr—a-#‘/zsinmz)) (11.96)
T

fora<nz/3
11.5ii - For a > Yn
For delay angles greater than 'sm the output voltage waveform is made up of three
controlled pulses per cycle, as shown in figure 11.15¢c. Although output voltage zeros
result, continuous load current can flow through a diode and the conducting thyristor,
or through the commutating diode if employed. The rms output voltage is given by

Vo = \/%_[7:3(\5V)2 sin’(wt - 7/6) dot

3
4

:\/5\/51/[—(71'—6(-#'/231112&))1 (11.97)

fora>7/3

11.6 Three-phase controlled thyristor converter circuits
11.6.1 Half-wave circuit with an inductive load

When the diodes in the circuit of figure 11.12 are replaced by thyristors, as in figure
11.16a, a fully controlled half-wave converter results. The output voltage is controlled
by the delay angle a. This angle is specified from the thyristor commutation angle,
which is the earliest point the associated thyristor becomes forward-biased, as shown in
parts b, ¢, and d of figure 11.16. (The reference is not the phase zero voltage cross-over
point). The thyristor with the highest instantaneous anode potential will conduct when
fired and in turning on will reverse bias and turn off any previously conducting
thyristor. The output voltage ripple is three times the supply frequency and the supply
currents contain dc components. Each phase progressively conducts for periods of Y4m.
The mean output for an n-phase half-wave controlled converter is given by (see

example 11.2)
= V2v Imz(")swt dot
27/n o / (11.98)
— ﬁymcom W)
zln

which for the three-phase circuit considered with continuous load current gives
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)
VuflﬂRfﬁx/EVcosafLUVcosa \%) (11.99)

0<a<rm/6

X ¥
AN
\\_-J}\ ._/I' \\
(e}
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| - | - =
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Figure 11.16. Three-phase half-wave controlled converter: (a) circuit connection;
(b) voltage and current waveforms for a small firing delay angle a; (c) and (d) load
voltage waveforms for progressively larger delay angles.
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The maximum mean output voltage V.= 2V 3V3 /2m occurs at a = 0. The normalised
mean output voltage V, is

V.=V IV =cosa (11.100)
For discontinuous conduction, the mean output voltage is

- 33
14,:10R:;ﬁv(1+cos(a+zz/6)) ) (1L.101)

7l6<a<57/6

The mean output voltage is zero for a = "am. For 0 < a < n/6, the instantaneous output
voltage is always greater than zero. Negative average output voltage occurs when a >
Yam as shown in figure 11.16d. Since the load current direction is unchanged, for a >
Vam, power reversal occurs, with energy feeding from the load into the ac supply.
Power inversion assumes a load with an emf to assist the current flow, as in figure
11.11. If & > 7 no reverse bias exists for natural commutation and continuous load
current will freewheel.

With an R-L load, at V,,= 0, the load current falls to zero. Thus for a > %, continuous
load current does not flow for an R-L load.

The rms output voltage is given by

= ) o s

G %
= \/gx/EV(l-#;sin 20:)
6 8z

(11.102)

11.6.2  Half-wave converter with freewheel diode

Figure 11.17 shows a three-phase, half-wave controlled rectifier converter circuit with
a load freewheel diode. This diode prevents the load voltage from going negative, thus
inversion is not possible.

11.6.2i - For a < m/6 the output is as in figure 11.16b, with no voltage zeros occurring.
The mean output is given by equation (11.99), that is

- 33
K),L‘R,;ﬁVcosafl.l7Vcosa V) (11.103)

0<as<r/6 (rad)
The maximum mean output ¥, = \2¥ 3\3/2m occurs at a = 0. The normalised mean
output voltage, V, is given by
V.= VIV, = cos a (11.104)
11.6.2ii - For a>n/6, voltage zeros occur and the negative portions in the waveforms in
parts ¢ and d of figure 11.16 do not occur. The mean output voltage is given by
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V=1 R:ﬂ
o 27/3
14

=m(1+cos(a+7z/6) W) (11.105)

J. sin ot d ot
a-n/6

&

rl6<a<5x/6
The normalised mean output voltage V, is
V.= VIV, =l + cos(a+x/6)]/\3 (11.106)

The average load current is given by
- V-E
[ =—=—— 11.107
e ( )

These equations assume continuous load current.

11.6.2i — For a>57/6. A delay angle of greater than 57/6 would imply a negative

output voltage, clearly not possible with a freewheel load diode.
v

L T,
g - o
L
'-D
Wi
LA Tz

-k

!
=, T mT

Figure 11.17. A half-wave fully controlled three-phase converter
with a load freewheel diode.

11.6.3  Full-wave circuit with an inductive load

A three-phase bridge is fully controlled when all six bridge devices are thyristors, as
shown in figure 11.18a. The frequency of the output ripple voltage is six times the
supply frequency and each thyristor always conducts for %m. Circuit waveforms are
shown in figure 11.18b. The mean output voltage is given by
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v 3 am\/;\/ngin(a)t+7r/6)dwt
P
:ﬁﬁl/cosa:Z.MVcosa V) (11.108)
z
0<as<r/6

which is twice the voltage given by equation (11.99) for the half-wave circuit, and

33
V, =—=~2V|1+ +7/6)|=2.34V A%
- V2 [ cos(a V4 )] cosa (V) (11.109)

TR S .
i

o

(b

Figure 11.18. A three-phase fully controlled converter:
(a) circuit connection and (b) load voltage waveform for four delay angles.
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The average output current is given by /, =¥, /Rin each case. If a load back emf
exists the average current becomes

v, -E

R R

The maximum mean output voltage ¥,= V2V 33/n occurs at & = 0. The normalised
mean output V, is

I,=

(11.110)

V.=V, IV, =cosa (11.111)

For delay angles up to 4w, the output voltage is at all instances non-zero, hence the
load current is continuous for any passive load. Beyond 'sn the load current may be
discontinuous. For a > 2m the current is always discontinuous for passive loads and the
average output voltage is less than zero. With a load back emf the critical inductance
for continuous load current must satisfy

R [. sin(a—¢) E

—x|sin(a—@g+ fm)+—— |2 11.112

S| snta-pnas A a1
where tang =wL/R .
The rms value of the output voltage is given by

g anie

v, = (ij‘ “r 23(\/5 V)2 sin’(ot) dot j/l

. (11.113)
_ 33 S
=32V 1+75m2a

The normalise voltage harmonic peaks magnitudes in the output voltage, with

continuous load current, are
1

1 1 _ 2cos2a :
(6n-1)(6n+1)

v,

n

7,,=[(6;171)2 T(ont1)

(11.114)

forn=1,2,3...
11.6.4  Full-wave converter with freewheel diode

Both half-controlled and fully controlled converters can employ a load freewheel
diode. These circuits have the voltage output characteristic that the output voltage can
never go negative, hence power inversion is not possible. Figure 11.19 shows a fully
controlled three-phase converter with a freewheel diode D.
e The freewheel diode is active for a > sm. The output is as in figure 11.18b for
a <Ymn. The mean output voltage is
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V/H:Z,R:%ﬁVcosa:Z.34Vcosa W) (1L.115)
0<a<rz/3 (rad)
The maximum mean output voltage V.= 2V 3¥3/m occurs at a = 0.
The normalised mean output voltage V, is given by
V.= VIV, = cos a (11.116)
e while
V0=Z,R=¥\/EV(1+COS((1+7I/3)) W) AL117)
n/3<a<2x/3 (rad)
The normalised mean output, V,, is
V.= VIV, = l+cos (a+7x/3) (11.118)
e while
V,=0 4%

27/3 L« (rad)

In each case the average output current is given by 1, =V, /R, which can be modified
to include any load back emf, that s, 7, =(¥, —E)/R.

ia
Va Ty Ts Ts

D
LOAD Dv,,
Ve
2‘574 Zl(Ts T2

Figure 11.19. A full-wave three-phase controlled converter with a load free-
wheeling diode (half-controlled).

(11.119)

Example 11.3:  Converter average load voltage

Derive a general expression for the average load voltage of an n-pulse controlled
converter.
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Figure 11.20. A half-wave n-phase controlled converter: (a) output voltage and
current waveform and (b) transfer function of voltage versus delay angle o.

Solution

Figure 11.20 defines the general output voltage waveform where # is the output pulse
number. From the output voltage waveform
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1 rinsa

Vo= N2V cos ot dot
27/ 0 wima
= 2y (sin(a +7z/n)—sin(a -7z /n))
27/n
= V2v 2sin(z/n) cosa
27 /n
2 .
14 :stm(;r/n)cosa
zln
=I2cosa V)

where
for n = 2 for the single-phase full-wave controlled converter in figure 11.9.
for n =3 for the three-phase half-wave controlled converter in figure 11.16.
for n = 6 for the three-phase full-wave controlled converter in figure 11.18.
L]

11.7 Overlap

In the previous sections, impedance of the ac source has been neglected, such that
current transfers or commutates instantly from one switch to the other with higher
anode potential. However, in practice the source has inductive reactance X and current
takes a finite time to fall in the device turning off and rise in the device turning on.
Consider the three-phase half-wave controlled rectifying converter in figure 11.16a,
where it is assumed that a continuous dc load current, /,, flows. When thyristor 7} is
conducting and 75 is turned on after delay a, the equivalent circuit is shown in figure
11.21a. The source reactances X; and X; limit the rate of change of current in 77 as i;
decreases from /, to 0 and in 7 as i, increases from 0 to /,. These current transitions in
T, and T, are shown in the waveforms of figure 11.21d. A circulating current, 7, flows
between the two thyristors. If the line reactances are identical, the output voltage
during commutation, v,, is mid-way between the conducting phase voltages v; and v,,
as shown in figure 12.21b. That is v, = "2(v; + v,), creating a series of notches in the
output voltage waveform as shown in figure 11.21c. This interval during which both 7,
and 7, conduct (i # 0) is termed the overlap period and is defined by the overlap angle
7. Ignoring thyristor voltage drops, the overlap angle is calculated as follows
v,—v, =2Ldi/dt

With reference = 0 when 7> is triggered

v,=v,=v, =\3v,.. =3V2 Vsin(er + )
where ¥ is the line to neutral rms voltage.
Equating these two equations

2Ldildt =32 Vsin(wt +a)

307 Naturally commutating converters

V= %(vi-v2)
(@) (b)
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Figure 11.21. Overlap: (a) equivalent circuit during overlap; (b) angle relationships;
(c) load voltage for different delay angles a (hatched areas equal to I,L; last overlap
shows commutation failure); and (d) thyristor currents showing eventual failure.
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Rearranging and integrating gives

NP4

2oL

(o) = (cosa—cos(thra))

Commutation from 7, to 7is complete when i=/,, at wt =y, that is
; 3y
2oL

(cosa—cos(}/Jra)) (A) (11.120)

Figure 11.21b shows that the load voltage comprises the phase voltage v, when no
source inductance exists minus the voltage due to circulating current v, (= %2(v; + v2))
during commutation.
The mean output voltage ¥ is therefore
Vi =V,-v,
bl [ [ ]

atrl6

where v,=%(v; + v,)

3 J."TZZ/EVsin(a)Ha)da)t

’ :2” —J‘Nw%V{sin(wz+2%)+sinwt}dwt

arnl6

V]=i\/§\/5Vcosa—iﬁﬁV(cosa—cos(a—y)) (11.121)
2z 27 2

3B
V) =;\/§V|:cosa+cos(a+;/)] (11.122)

which reduces to equation (11.99) when y = 0. Substituting cos « - cos (a + y) from
equation (11.120) into equation (11.121) yields

V/:&\E Vcosa—ia)LIU (11.123)
2z 2z

thatis V) =Va—iw[,10 (11.124)
27

The mean output voltage V, is reduced or regulated by the commutation reactance X, =

oL and varies with load current magnitude 7,. Converter semiconductor voltage drops

also regulate the output voltage. The component 3wL/2x is called the equivalent

internal resistance. Being an inductive phenomenon, it does not represent a power loss
component.

The overlap occurs immediately after the delay a. The commutation voltage, v, - v;, is

3 \2 ¥ sin a. The commutation time is inversely proportional to the commutation
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voltage v, - v;. As a increases to 7, the commutation voltage increases to a maximum
and the overlap angle y decreases to a minimum at ‘2n. From equation (11.120), with a
=n

}: arc sin(2wLl, /«/5\/5 V)
The general expressions for the mean load voltage ¥ of a n-pulse, fully-controlled
rectifier, with underlap, are given by

Vv
V= sin%, | cosa +cos(a + 11.125
L= s cos(a+7)] (11.125)
and
VJ:N/?/sin%cosa - nX1 /2% (11.126)
wln

where V' is the line voltage for a full-wave converter and the phase voltage for a half-
wave converter. Effectively, as shown in figure 11.22, overlap reduces the mean output
voltage by nfLI, or as if a were increased. The supply voltage is effectively distorted
and the harmonic content of the output is increased. Equating equations (11.125) and
(11.126) gives the mean output current

N4

I =
X

sin7, (cosa—cos(y+a)) (A) (11.127)

which reduces to equation (11.120) when n = 3.
Harmonic input current magnitudes are decreased by a factor sin (Yany )/ Vany .

nX/2n

74 -7 I=0,y=0
I .- S~ =0, Y
° P from equation 11.76
L1
- '=n2"V/nxsinn/nxcosa
e Vo Voi=0,y==
[ 3 - from equation 11.81
\n2"V/axsina/nxcosa =< I,,=2><2% V/Xxsinn/nxcosa
e A \
p— \ N
N ?
slope = ’
-nX/2m )
1,

(a) (b)

Figure 11.22. Overlap regulation model:
(a) equivalent circuit and (b) load plot of overlap model.
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11.8  Overlap - inversion

A fully controlled converter operates in the inversion mode when a > 90° and the mean
output voltage is negative and less than the load back emf shown in figure 11.21a.
Since the direction of the load current 7/, is from the supply and the output voltage is
negative, energy is being returned, regenerated into the supply from the load. Figure
11.23 shows the power flow differences between rectification and inversion. As o
decreases, the return energy magnitude increases. If o plus the overlap y exceeds wt =
x, commutation failures occurs. The output goes positive and the load current builds up
uncontrolled. The last commutation with o = 7 in figures 11.21b and ¢ results in a
commutation failure of thyristor 7,. Before the circulating inductor current i has
reduced to zero, the incoming thyristor 7, experiences an anode potential which is less
positive than that of the thyristor to be commutated 7, v, - v,< 0. The incoming device
T, fails to stay on and conduction continues through 7, impressing positive supply
cycles across the load. This positive converter voltage aids the load back emf and the
load current builds up uncontrolled.
Equations (11.125) and (11.126) are valid provided a commutation failure does not
occur. The controllable delay angle range is curtailed to
0<a<zm-y

The maximum allowable delay angle & occurs when @+ =z and from equations
(11.125) and (11.126) with a+y = 7 gives

a =cos” {Lq}m (rad) (11.128)

\/E Vsinz/n

In practice commutation must be complete ¢ rad before wt = 7, in order to allow the
outgoing thyristor to regain a forward blocking state. Thatis a+y +J < 7. J is known
as the recovery or extinction angle.

D L Ll
rectification T i T i
R R
Vs + vs | power
>0 vo n >0 va
f\/ vs>0 L f\/ vs<0 L
O0<a<lzm vam<a<m
power + + ower
out power out
in T inversion + : :
(a) (b)

Figure 11.23. Controlled converter model showing: (a) rectification and (b) inversion.
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Example 11.4:  Converter overlap

A three-phase full-wave converter is supplied from the 415 V ac, 50 Hz mains with
phase source inductance of 0.1 mH. If the average load current is 100 A continuous,
determine the supply reactance voltage drop, the overlap angle, and mean output
voltage for phase delay angles of (i) 0° and (ii) 60°

Ignoring thyristor forward blocking time requirements, determine the maximum
allowable delay angle.

Solution
Using equations (11.125) and (11.126) with n = 6 and V' = 415 V ac, the mean supply
reactance voltage

= anrir = 2250x10% <107
2z 2z
=3V
i a =0° - as for uncontrolled rectifiers. From equation (11.126), the

maximum output voltage is

V= 14 sin%,cosa —nX I /27
27/n

- Msin%xcoso 3V =557.44V
276

From equation (11.125)

2y

V= msin;z'/n[cosot-¢—cos(oz-¢—;/)]

V2 %415
27/6
that is y =8.4°

557.44= xsinz/6x[1+cosy]

ii. a=60°
R V.
V/ =——siny,cosa +nX I /27
2z/n ‘
_V2xd1s sin % x c0s 60° — 3V = 277.22V
27/6
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v ‘/E/V

sinzz/n[cosa+cos(a+y)] v, =2V vy SOS2aSI2TIN v
n 4r/n

2
277422=MXV2X[COS6OG+COS(6OO+}/)] v :\/EV\/VA+E,L,M at+xln>Yr
2716 8 4r/n 8r/n
thatis y =0.71° where V'is
. . . the rms line voltage for a full-wave converter or
Equation (11.128) gives the maximum allowable delay angle as the rms phase voltage for a half-wave converter.
~ 1, n =0 for single-phase and three-phase half-controlled converters
=cos {————2——-1 1
L2Vsinz/n = gn for three-phase half-wave converters
L = Ysm for three-phase fully controlled converters
= cos” {M_ } These voltage output characteristics are shown in figure 11.24 and the main converter
J2x415% circuit characteristics are shown in table 11.1.
=171.56°and V] = -557.41V
L3 fe Half controlled: {1 + cos a2
- Fully comrolled: cos o
119  Summary L \
General expressions for n-phase converter mean output voltage, V, i \ Frecoent 11 + costers s — w12
Y
(i) Half-wave and full-wave, fully-controlled converter . I : \
V“=\/EVMCOS(Z ;E I : :‘\
mln 52 i H
where Vis - : W
the rms line voltage for a full-wave converter or E { o MRS 1 L
the rms phase voltage for a half-wave converter. H | " - ';\ o T - “
- H . . p s U e WL freewhieel deode
cosa = cosy , the supply displacement factor E s »
(ii) Full-wave, half-controlled converter =% B \
sin(z /n) = I A
V= ﬁ V ——= (1+cosa
=2y S (1 s : \
where V'is —os *
the rms line voltage. - \
(iii) Half-wave and full-wave controlled converter with load freewheel diode | *
V,,:«/EVMcosa O<a<Yr—nln r \
z/n J[ N
1+cos(a+Yer—7/
V=\EVM Whwr—-nin<a<%r+rln - T~

¢ 27z/n
the output rms voltage is given by
Figure 11.24. Converter normalised output voltage characteristics as a function of
firing delay angle o.
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11.10  Definitions

V. average output voltage , average output current

V. rms output voltage [ rms output current

rms rms

Load voltage form factor = FF, = Vs

Load current form factor = FF, = Ly

Rectification efficiency =7 = de load power

ac load power + rectifier losses
Vi

" V. I_+Loss

rms ™ rms rectifier

Waveform smoothness = Ripple factor = K =

Naturally commutating converters

effective values of ac V (or /)

average value of V' (or /)

n=l

where V= [i%(vf” 7 )}

I
similarly the current ripple factor is K, = = = |/ FF,

K, =K, for aresistive load

Reading list

Dewan, S. B. and Straughen, A., Power Semiconductor Circuits,
John Wiley and Sons, New York, 1975.

Sen, P.C., Power Electronics, McGraw-Hill,
5™ reprint, 1992.

Shepherd, W et al. Power Electronics and motor control,
Cambridge University Press, Second Edition 1995.

http://www.ipes.ethz.ch/

Table 11.1 Main characteristics of converter circuits
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Problems
11.1.  For the circuit shown in figure 11.25, if the thyristor is fired at & = Y51
i.  derive an expression for the load current, i
ii.  determine the current extinction angle,
- iii. determine the peak value and the time at which it occurs
- . £ - L . " iv.  sketch to scale on the same wt axis the supply voltage, load voltage, thyristor
2‘, al o= Z ° eal e Bl e ! 8 voltage, and load current. . .
= | 2| ° > — = g - K . i
h
- o v = 240,/2 sin 2250¢ J X =108
E o | 2
3 2|l 2| >
I R s
_-°§ "fi Z g "IE g -.'I"'L Figure 11.25. Problem 11.1.
] "‘ =]+ @ =|F
z " 25 ‘5}% s s> 11.2.  For the circuit shown in figure 11.26, if the thyristor is fired at o=V
3 - = determine
e = | ] 8 . L
= g o " oo ! o i. the current extinction angle, £
3 2 -2 = g 2 | " ii. the mean and rms values of the output current
iii. the power delivered to the source E.
g 3 2 Sketch the load current and load voltage vy.
g
5
gl 2| < t X =109
(D v =240,/2 sin 20501
s : M
8 [ - a § E = 120,/2 (V)
] -] E X -~ - g = -~
22| E E| & = & 3 5
£l ts| 2 4] % 1 g
2| Ezu EN E _ g £ N 5 Figure 11.26. Problem 11.2.
E] e8> 8| 3 E g E & z 11.3.  Derive equations (11.17) and (11.18) for the circuit in figure 11.3.
H g3 < | €| & = E| &8 2
= & . - .
gé .; & 11.4.  Assuming a constant load current derive an expression for the mean and rms
g2 5 2 E device current and the device form factor, for the circuits in figures 11.4 and 11.5.
Bl < %g BE ey
T ét 3& ‘é 11.5.  Plot load ripple voltage Kz, and load voltage ripple factor K,, against the

thyristor phase delay angle a for the circuit in figure 11.5.
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11.6.  Show that the average output voltage of a n-phase half-wave controlled
converter with a freewheel diode is characterised by

v, :\/EVMCOSQ )
Tin

O<a<%-rm/n
1 -
v % l+cosa+'em = )m
27/n
hr—-hr<a<'hr+irm
11.7.  Show that the average output voltage of a single-phase fully controlled
converter is given by
22
T

V)

cosa

Assume that the output current /, is constant.
Prove that the supply current Fourier coefficients are given by

41, .
a, =——=*sinna
nrw

41
b, =—=cosna
nrw

for n odd.
Hence or otherwise determine (see section 12.6)
i the displacement factor, cos y

ii. the distortion factor, u
iii. the total supply power factor 4.
Determine the supply harmonic factor, p, if
p=111,

where 7, is the total harmonic current and 7, is the fundamental current.

11.8. Show that the average output voltage of a single-phase half-controlled converter

is given by
\2r
v, p (l +cos a)
Assume that the output current /, is constant.
Determine i the displacement factor, cos y
ii. the distortion factor, u
iii. the total supply power factor, A.

Show that the supply harmonic factor, p (see problem 11.7), is given by

2(7-a) _1}

p= {4(14—0050{)
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11.9.  Draw the load voltage and current waveforms for the circuit in figure 11.8a
when a freewheel diode is connected across the load. Specify the load rms voltage.

11.10. A centre tapped transformer, single-phase, full-wave converter (figure 11.9a)
with a load freewheel diode is supplied from the 240 V ac, 50 Hz supply with source
inductance of 0.25 mH. The continuous load current is 5 A. Find the overlap angles for

i. the transfer of current form a conducting thyristor to the load freewheel diode and
ii. from the freewheel diode to a thyristor when the delay angle a is 30°.

¥, =cos” {1— wLl, }: 2.76°%

NeYZ
Vi :COS"{COSa—j/);II;}—a:O.L’)O

11.11.  The circuit in figure 11.6a, with v = 2V sin(wt + a), has a steady-state time
response of

i(ot)= 4 {sin(a)t+a—¢)—sin(a_¢)efmu_}

where a is the trigger phase delay angle after voltage crossover, and
¢=tan"'(wL/R)
Sketch the current waveform for a = i and Z with

i R>>wL
ii. R=oL
iii. R << wL.

[(N2 V/R) sin(wt + %m); (V/R) sin wt; (V/wL) (sin wt - cos wt + 1)]

11.12. A three-phase, fully-controlled converter is connected to the 415 V supply,
which has a reactance of 0.25 Q/phase and resistance of 0.05 Q/phase. The converter is
operating in the inverter mode with a = 150° and a continuous 50 A load current.
Assuming a thyristor voltage drop of 1.5 V at 50 A, determine the mean output voltage,
overlap angle, and available recovery angle.

[-485.36 V-3V -5V -11.94V =-505.3 V; 6.7° 23.3°]

11.13.  For the converter system in problem 11.12, what is the maximum dc current
that can be accommodated at a phase delay of 165°, allowing for a recovery angle of
5°7

[35.53 A]
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11.14. The single-phase half-wave controlled converter in figure 11.6 is operated
from the 240 V, 50 Hz supply and a 10 Q resistive load. If the mean load voltage is 50
per cent of the maximum mean voltage, determine the (a) delay angle, o, (b) mean and
rms load current, and (c) the input power factor.

11.15.  The converter in figure 11.8a, with a freewheel diode, is operated from the
240 V, 50 Hz supply. The load consists of, series connected, a 10 Q resister, a 5 mH
inductor and a 40 V battery. Derive the load voltage expression in the form of a Fourier
series. Determine the rms value of the fundamental of the load current.

11.16. The converter in figure 11.5a is operated from the 240 V, 50 Hz supply with a
load consisting of the series connection of a 10 Q resistor, a 5 mH inductor, and a 40 V
battery. Derive the load voltage expression in the form of a Fourier series. Determine
the rms value of the fundamental of the load current.

11.17.  The converter in figure 11.17 is operated from a Y-connected, 415 V, 50 Hz
supply. If the load is 100 A continuous with a phase delay angle of n/6, calculate the
(a) harmonic factor of the supply current, (b) displacement factor cos y, and (c) supply
power factor, A.

11.18.  The converter in figure 11.17 is operated from the 415 V line-to-line voltage,
50 Hz supply, with a series load of 10 Q + 5 mH + 40 V battery. Derive the load
voltage expression in terms of a Fourier series. Determine the rms value of the
fundamental of the load current.

11.19. Repeat problem 11.18 for the three-phase, half-controlled converter in figure
11.15.

11.20. Repeat problem 11.18 for the three-phase, fully-controlled converter in figure
11.18.

11.21.  The three-phase, half-controlled converter in figure 11.15 is operated from the
415V, 50 Hz supply, with a 100 A continuous load current. If the line inductance is 0.5
mH/phase, determine the overlap angle y if (a) a = 7/6,,and,(b) a = %m.

11.22. Repeat example 11.1 using a 100Vac 60Hz supply.
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AC Voltage Regulators

AC voltage regulators have a constant voltage ac supply input and incorporate
semiconductor switches which vary the rms voltage impressed across the ac load.
These regulators fall into the category of naturally commutating converters since their
thyristor switches are commutated by the alternating supply. This converter turn-off
process is termed /ine commutation.
The regulator output current, hence supply current, may be discontinuous or non-
sinusoidal and as a consequence input power factor correction and harmonic reduction
are usually necessary, particularly at low output voltage levels.
A feature of direction conversion of ac to ac is the absence of any intermediate energy
stage, such as a dc link. Therefore ac to ac converters are potentially more efficient but
usually involve a larger number of switching devices and output is lost if the input
supply is temporarily lost.
There are three basic ac regulator categories, depending on the relationship between the
input supply frequency f;, which is usually assume single frequency sinusoidal, and the
output frequency f,. Without the use of transformers, the output voltage rms magnitude
Vorms 18 less than or equal to the input voltage rms magnitude Vy , Vo< V.

e output frequency increased, f, > f;

e output frequency decreased, f, <f;

e output frequency fundamental = supply frequency, f, = f;

12.1 Single-phase ac regulator

Figure 12.1a shows a single-phase thyristor regulator supplying an L-R load. The two
thyristors can be replaced by any of the bidirectional conducting and blocking switch
arrangements shown in figure 6.11. Equally, in low power applications the two
thyristors are usually replaced by a triac. The thyristor gate trigger delay angle is a, as
indicated in figure 12.1b. The fundamental of the output frequency is the same as the
input frequency, w = 2xf;. The thyristor current, shown in figure 12.1b, is defined by
equation (11.33); that is
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di
L—+Ri=~2Vsinot \% <ot < d
dt+ i =2V sin o V) aswotsf (rad) (2.1

=0 otherwise
The solution to this first order differential equation has two solutions, depending on the
delay angle « relative to the load natural power factor angle, ¢ = tan™' ﬂ’% .
Because of symmetry around the time axis, the mean supply and load, voltages and
currents, are zero.

Ty T2

v=o/2V sin wt

(ah

2 wt

I H .
|
v
[
[
. e

= | - .
|-'*—‘-fc.2 ~t———— Firing times
T3 [

v 6 2 wil

-

bl
Figure 12.1. Single-phase full-wave thyristor ac regulator with an R-L load:
(a) circuit connection and (b) load current and voltage waveforms.

(=]

/

itz
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12.1i-Case 1: a > ¢
When the delay angle exceeds the power factor angle the load current always reaches
zero, thus the differential equation boundary conditions are zero. The solution for i is

. v ) —_—

i(ot) = 7{sm (ot -¢p) — sm(a—¢) e % } (A) (122)
a <ot < (rad)

i(wt) =0 (A) (12.3)
T<fLwt<r +a (rad)

where Z=(R> + w’L?) (ohms) and tang=wL/R
Provided a>¢ both regulator thyristors will conduct and load current flows
symmetrically as shown in figure 12.1b.
The thyristor current extinction angle S for discontinuous load current can be
determined with the aid of figure 11.7a, but with the restriction that f - a < m or by
solving equation 11.39, that is:
sin(B-¢) = sin(a-g) *P' ™

From figure 12.1b the rms output voltage is

V.= [%If(ﬁ V)2 sin® ot d(at]e = \/EV[%J.j(lfcos Zwt) da)t]A

=V [%I {(ﬁ— a)—Ya(sin2 8 —sin 201)}]%
12.1ii- Case 2: 2 < ¢
Whena < ¢, a pure sinusoidal load current flows, and substitution of & = ¢ in equation
(12.2) results in

(12.4)

. Vor
i(ot) = ?sm (ot - ) (A) (125)
a< ¢ (rad)
The rms output voltage is ¥, the sinusoidal supply voltage rms value.
The power delivered to the load is therefore
R,:Ime:%cosqﬁ (12.6)

If a short duration gate trigger pulse is used and & < ¢ , unidirectional load current will
result. The device to be turned on is reverse-biased by the conducting device. Thus if
the gate pulse ceases before the load current has fallen to zero, only one device
conducts. It is therefore usual to employ a continuous gate pulse, or stream of pulses,
from o until , then for o < ¢ a sine wave output current results.

In both load angle cases, the following equations are valid, except f=z+a is used for
case 2, when o <¢.

The rectified mean voltage can be used to determine the thyristor mean current rating.
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V.= %,‘[j«/stin wt dot

(12.7)
=x/5V[%,{cosa—cosﬁ}] V)
The mean thyristor current 1, ™= vil, =YV, /R, that is
_ A4
I, = /2;" = %[%{cosa ~cos i} (A) (12.8)

The maximum mean thyristor current is for a resistive load, & = 0, and =, that is

v
I, —*/—4R (12.9)

The rms load current is found by the appropriate integration of equation (12.2), namely

) %
I. {,‘,I:(\EV] {sin (wt-¢) — sin(a—g) erm%"’”}. dot :|

%Hﬂw—wm(ﬁww)ﬂ

) (12.10)
cos ¢

The thyristor maximum rms current is givenby 7, =1,/ V2 whena< ¢, that is

-
Trims 7/\/52 (12.11)

The thyristor forward and reverse voltage blocking ratings are both V2V.
The fundamental load voltage components are

\2v
T

a = {cos2a —cos 23}
f (12.12)
2V . ;
b =" —{2(f~a)-sin2p~sin2a|

If a<¢, then continuous load current flows, and equation (12.12) reduces to a; = 0
and b;=\2V, when = o + mis substituted.

12.1.1 Resistive Load

For a purely resistive load, the load voltage and current are related according to
i (wt):v“(m)R :‘/EVSIH(M% a<wt<m, a+r<at<dr

=0 otherwise
The equations (12.1) to (12.6) can be simplified if the load is purely resistive.
Continuous output current only flows for a=0, since ¢ =tan"'0=0°. Therefore the
output equations are derived from the discontinuous equations (12.2) to (12.4).
The mean half-cycle output voltage, used to determine the thyristor mean current
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rating, is found by integrating the supply voltage over the interval o to m, (8 = 7).
v, = %I K\/EVsin wt dot

:ﬁ’%(l+cosa) )
1,=V,IR="/(1+cosa) (A)
T =1,

From equation (12.4) the rms output voltage for a delay angle a is

rms

V = y,J.:(\/EVsinwt)2 daot

(12.13)
_ 2(r—a)+sin2a
=2V \/? )
Therefore the output power is
2 2
po Yo _ L{1_72m;;;20} W) (12.14)

o R R
The rms output current and supply current from P, = I” R is

= "

and

I
The supply power factor A is defined as the ratio of the real power to the apparent

power, that is
A= ﬁ _ I/y‘m\ 1 _ Vm _ 2(r—a)+sin2a
s v v 4z

Example 12.1a: single-phase ac regulator - 1
If the load of the 50 Hz 240V ac voltage regulator shown in figure 12.1 is Z = 7.1+j7.1
Q, calculate the load natural power factor angle, ¢ . Then calculate

(a) the rms output voltage, and hence

(b) the output power and rms current, whence input power factor

=1 /2

Trms rms

for
i a= %1[
ii. a='"%n
Solution

From equation (12.3) the load natural power factor angle is
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¢=tan" @L/R=tan" X, /R
=tan"' 7.1/7.1="Yar (rad)

Z=\|R +(wLy)
=N7.1'+7.17 =10Q
i a:%ﬂ:

(a) Since a=7n/6<¢=x/4, the load current is continuous. The rms load

voltage is 240V.
(b) From equation (12.6) the power delivered to the load is

P=I'R=

1%
Ccos
7 oS¢

=240 osvim = 4.07kW
10

The rms output current and supply current are both given by

I, =+P/R
=~+4.07kW/7.1Q =23.8A
The input power factor is the load natural power factor, that is
P 4.07kW

=2t=—"————=0.70
Z S 240Vx23.8A

i. a=Y%n

(a) Since a=7x/3>¢="ar , the load hence supply current is discontinuous. For
a=m/3>¢="Var the extinction angle § = © can be extracted from figure 11.7a.
The rms load voltage is given by equation (12.4).

V,,, =V [ Vi{(m - a)-(sin2z —sin 2a)}]“

=240x [%,{(ﬂ -%r)- '/z(sin27rfsin%ﬂ)}:|‘@

=240x+/'")f, =229.8V
The rms output current is given by equation (12.10), that is

4 __sin(f-a) 5
1()”“\72{%[/; a Teosp COS(ﬁ+a+¢)H
-2 ﬁ—iﬂ—Mcos(ﬁ+iﬂ+%n) /:
10" ’ cos i 3
=18.1A

The output power is given by
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P=I'R

=18.I’x7.1Q=2313W
The load power factor is

P 2313W
pf=

c=——————=0.56
S 229.8VxI18.1A

&

Example 12.1b: single-phase ac regulator - 2
If the load of the 50 Hz 240V ac voltage regulator shown in figure 12.1 is Z = 7.1+j7.1
Q, calculate the minimum controllable delay angle. Using this angle calculate

i. maximum rms output voltage and current, and hence

ii. maximum output power and power factor

iii. thyristor /-V and di/dt ratings

Solution
As in example 12.1a, from equation (12.3) the load natural power factor angle is

g=tan" @wL/R=tan"'7.1/7.1=7/4
The load impedance is Z=10Q. The controllable delay angle range is Y4z <a <7 .
i.  The maximum controllable output occurs when a = Yam.
From equation (12.2) when a = ¢ the output voltage is the supply voltage, V, and

NiY4

i(ot) = TSin (et -Yarr) (A)

The load hence supply rms maximum current, is therefore
I, =240V/10Q=24A

ii. Power=1I’ R=24"x7.1Q=4090W

power output
power factor=s ——M———
apparent power output
LR 24x71Q

VI 240V x10A

=0.71 (=cos¢)
iii. Each thyristor conducts for n radians, between o and 7+ for T1 and between
n+o and 2z+a for T2. The thyristor average current is
I, =2 ¢“’\/E v sin(wt - ¢) deot
_\2v _2x240v

nZ 7 x10Q
The thyristor rms current rating is

=10.8A
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L.= [ﬁ’[ o {\EV sin (oot — ¢)}2 dsz

a=¢

:\/EV:\/EXMOV:”'OA
22 2x10Q

Maximum thyristor di/dt is derived from

di(wt)/dt = %t gsin (et -Yarr)
N4

= —~ wcos (ot -"4r) (A/s)
This has a maximum value when wt-Yim = 0, that is at @t = = ¢, then

di(w)/ _2vo
dt 7
V2 %240V x 27 x 50Hz
10Q
= 10.7A/ms
Thyristor forward and reverse blocking voltage requirements are N2V =2x240.

12.2 Three-phase ac regulator
12.2.1 Fully-controlled three-phase ac regulator

The power to a three-phase star or delta-connected load may be controlled by the ac
regulator shown in figure 12.2a with a star-connected load shown. If a neutral
connection is made, load current can flow provided at least one thyristor is conducting.
At high power levels, neutral connection is to be avoided, because of load triplen
currents that may flow through the phase inputs and the neutral. With a balanced delta
connected load, no triplen or even harmonic currents occur.

If the regulator devices in figure 12.2a, without the neutral connected, were diodes,
each would conduct for %4m in the order T, to Teat Y4n radians apart.

In the fully controlled ac regulator of figure 12.2a without a neutral connection, at least
two devices must conduct for power to be delivered to the load. The thyristor trigger
sequence is as follows. If thyristor T, is triggered at a, then for a symmetrical three-
phase load voltage, the other trigger angles are T; at a+%m and Ts at a+4n/3. For the
antiparallel devices, T4 (which is in antiparallel with T,) is triggered at a+m, Tg at
o+5m/3, and finally T, at a+77/3.

Figure 12.2b shows resistive load, line-to-neutral voltage waveforms for four different
phase delay angles, a. Three distinctive conduction periods (plus a non-conduction
period) exist.
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Figure 12.2. Three-phase ac full-wave voltage controller:
(a) circuit connection with a star load and (b) phase a, line-to-load neutral voltage
waveforms for four firing delay angles.

i. 0 < ot < Ysm [mode 2/3]

Full output occurs when a = 0. For a < Ysm three alternating devices conduct and one
will be turned off by natural commutation. Only for wt < 'sn can three sequential
devices be on simultaneously.

ii. Vsm < wt < Vam [mode 2/2]

The turning on of one device naturally commutates another conducting device and only
two phases can be conducting, that is, only two thyristors conduct at any time. Line-to-
neutral load voltage waveforms for o = Y51 and Yo are shown in figures 12.2b.
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. Vi < wt <31 [mode 0/2]

Two devices must be triggered in order to establish load current and only two devices
conduct at anytime. Line-to-neutral zero voltage periods occur and each device must be
retriggered /4w after the initial trigger pulse. These zero output periods which develop
for & > am can be seen in figure 12.2b and are due to a previously on device
commutating at ? = §r then re-conducting at a +Vsm. Except for regulator start up, the
second firing pulse is not necessary if a < Yam.

The interphase voltage falls to zero at a = gm, hence for a > 31 the output becomes
zero.

Example 12.2:  Three-phase ac regulator

Evaluate expressions for the rms phase voltage (V,, = «/EV”,W =3427) of the three-
phase ac thyristor regulator shown in figure 12.2a, with a star-connected, balanced
resistive load.

Solution

The waveforms in figure 12.2b are useful in determining the required bounds of
integration. When three regulator thyristors conduct, the voltage (and the current) is of
the form7, (5,sing, while when two devices conduct, the voltage (and the current) is of
the form 7/ sin(¢- 4 z). V is the maximum line voltage.

For phase delay angles 0 <a < Ysm

Examination of the a = Y4 waveform in figure 12.2b shows the voltage waveform is
made from five sinusoidal segments. The rms load voltage per phase (line to neutral) is

[Vssin'g g + [ Fin' (9 1) dp + [ “Lsin'p g
v o) 1l Y Yirta

s .

Lein(é— v Lgin?,
+J.%”‘ sin’(¢-/7) d¢ +J%;‘§m ® do
V=l R=V[1=Fra+ssin2a]’
For phase delay angles Vst < a < Van
Examination of the a = %4n or a = Yam waveforms in figure 12.2b show the voltage
waveform is comprised from two segments. The rms load voltage per phase is

V,W:!}{%{_[:?sinz(;z;f%;r)dyﬁ + [ Tsin® (4 4x) dg ”

—

nta

V. =1 R=V[‘/z-%—%sin201+%005201]"2

For phase delay angles i < a < §n
Examination of the a = ¥%mn waveform in figure 12.2b shows the voltage waveform is
made from two segments. The rms load voltage per phase is
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V. =19[%{jj§smz(¢%ﬂ) 0 +J;%asin:(¢—%zr)d¢ H

v, =1 R:V[%fﬁa+ﬁsin2a+ ;00520:]"2

ms rms

In each case the phase current and line to line voltage are related by 7, = ‘\/EIWR and
V=v\2v,=er.
&

12.2.2 Half-controlled three-phase ac regulator

The half-controlled three-phase regulator shown in figure 12.3a requires only a single
trigger pulse per thyristor and the return path is via a diode. Compared with the fully
controlled regulator, the half-controlled regulator is simpler and does not give rise to dc
components but does produce more line harmonics.

Figure 12.3b shows resistive symmetrical load, line-to-neutral voltage waveforms for
four different phase delay angles, a. Three distinctive conduction periods exist.

i 0<a<Ym

Before turn-on, one diode and one thyristor conduct in the other two phases. After turn-
on two thyristors and one diode conduct, and the three-phase ac supply is impressed
across the load. Examination of the a = Yim waveform in figure 12.3b shows the voltage
waveform is made from three segments. The rms load voltage per phase (line to
neutral) is

V=1, R=V[l+3&—gsin2a]’

rms rms 87 ®

0<a<lrm

(12.15)

ii. sm<a<%n

Only one thyristor conducts at one instant and the return current is shared at different
intervals by one (4m < a < am) or two (Ym < a < %mn) diodes. Examination of the o =
%n and o = %n waveforms in figure 12.3b show the voltage waveform is made from
three segments, although different segments of the supply around w=n. The rms load
voltage per phase (line to neutral) in the first conducting case is given by equation
(12.15) while after a=Ysm the rms voltage is

v, =1.R=v[{H-3]

(12.16)
Whr<a<¥rn

iii. %n <a<7n/6

Current flows in only one thyristor and one diode and at 77/6 zero power is delivered to

the load. The output voltage waveform shown for a=%m in figure 12.3b has one

component.
V =1 R= V[%—T’” a+3sin2a—38 cosZa]

(12.17)
Ar<asyrm
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(b}

Figure 12.3. Three-phase half-wave ac voltage regulator: (a) circuit connection with a
star load and (b) phase a, line-to-load neutral voltage waveforms for four firing delay
angles.
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For delta-connected loads where each phase end is accessible, the regulator shown in
figure 12.4 can be employed in order to reduce thyristor current ratings. The phase rms
voltage is given by

in2
V”m/phaseZ«/EV[l—ngM:} 0<as<r (12.18)
V4 2r
iy
a
— ZL
Vy T
Vi A b {2 Ts -
N Ta
Ts
£y
Zy
Ve Ts

Figure 12.4. A delta connected three-phase ac regulator.

a iy

2y

{a}
Figure 12.5. Open-star three-phase ac regulators:
(a) with six thyristors and (b) with three thyristors.
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For star-connected loads where access exists to a neutral that can be opened, the
regulator in figure 12.5a can be used. This circuit produces identical load waveforms to
those for the regulator in figure 12.2, except that the device current ratings are halved.
Only one thyristor needs to be conducting for load current, compared with the circuit of
figure 12.2 where two devices must be triggered.

The number of devices and control requirements for the regulator of figure 12.5a can
be simplified by employing the regulator in figure 12.5b. Another simplification, at the
expense of harmonics, is to connect one phase of the load in figure 12.2a directly to the
supply, thereby eliminating a pair of line thyristors.

12.3 Integral cycle control

In thyristor heating applications, load harmonics are unimportant and integral cycle
control, or burst firing, can be employed. Figure 12.6a shows the regulator when a triac
is employed and figure 12.6b shows the output voltage indicating the regulator’s
operating principle. T

v
W 2Vsin et

o
{a)
“ |
I
o
wr
1
N cycles i
i
Vo !
o i
DI ol
i ! i
e Il I
! [
o L] cw:las;—Jl :
| i
o
(&)

Figure 12.6. Integral half-cycle single-phase ac control:
(a) circuit connection using a triac; (b) output voltage waveforms for one-eighth
maximum load power and nine-sixteenths maximum power.
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In many heating applications the load thermal time constant is long (relative to 20ms,
that is 50Hz) and an acceptable control method involves a number of mains cycles on
and then off. Because turn-on occurs at zero voltage cross-over and turn-off occurs at
zero current, which is near a zero voltage cross-over, supply harmonics and radio
frequency interference are low. The lowest order harmonic in the load is 1/7,.

The rms output voltage is

V.= [i!:m \‘(\/EVsinNa)t)z dwt]

(12.19)
V.= Vn/N
The output power is
_rn
P= TN (W) (12.20)

where 7 is the number of on cycles and N is the number of cycles in the period 7},
Finer resolution output voltage control is achievable if integral half-cycles are used
rather than full cycles. The average and rms thyristors currents are, respectively,

A LA =@\/% (221)

zR N 2R
From these two equations the distortion factor x is</n/N and the power transfer ratio
is n/N. The supply displacement factor cosy is unity and supply power factor 4
is~/n/N , shown in figure 12.6b. The rms voltage at the supply frequency is ¥V n /N.
The equations remain valid if integral half cycle control is used. The introduction of
sub-harmonics tends to restrict this control technique to resistive heating type
application. Temperature effects on load resistance R have been neglected.

Example 12.3:  Integral cycle control

The power delivered to a 12Q resistive heating element is derived from an ideal
sinusoidal supply V2 240 sin 2z 50 ¢ and is controlled by a series connected triac as
shown in figure 12.6. The triac is controlled from its gate so as to deliver integral ac
cycle pulses of three (n) consecutive ac cycles from four (N).

Calculate
i The percentage power transferred compared to continuous ac operation
ii. The supply power factor, distortion factor, and displacement factor
iii. The supply frequency (50Hz) harmonic component voltage of the load voltage
iv. The triac maximum di/dt and dv/dt stresses

v. The phase angle a, to give the same load power when using phase angle
control. Compare the maximum di/dt and dv/dt stresses with part iv.

vi. The output power steps when 7, the number of conducted cycles is varied with
respect to N =4 cycles. Calculate the necessary phase control a equivalent for
the same power output. Include the average and rms thyristor currents.

vii. What is the smallest power increment if half cycle control were to be used?
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Solution

The key data is
n=3
N=4

V=240 rms ac, 50Hz

i. The power transfer, given by equation (12.20), is
SV 2O 4800%% = 3.6kW
"RN 120" T

That is 75% of the maximum power is transferred to the load as heating losses.

ii. The displacement factor, cosy, is 1. The distortion factor is given by

n 3
=,—= /7 =0.866
“ N 4

Thus the supply power factor, 4, is

A= pcosy :\/%: 0.866x1 = 0.866

iii. The 50Hz rms component of the load voltage is given by

v,

01

=V 2L =240x% = 180V rms
N

iv. The maximum di/dt and dv/dt occur at zero cross over, when ¢ = 0.

dv, d .
—| =-—+/2240sin2750¢
dt b dt 2 |

= /2 240 (2150) cos2n501]
=0
=2 240 (2150) = 0.107 V/ps

dv., _d~2240
dt Rl dt 12Q
= /220 (2750} cos2m501|

=0

=+/220(2150) = 8.89 A/ms

=0

sin 27250¢ |

=0

v. To develop the same load power, 3600W, with phase angle control, with a purely
resistive load, implies that both methods must develop the same rms current and
voltage, that is,V, =+/R P = V~n/N . From equation (12.4), when the extinction

angle, =, since the load is resistive

v —JRxP = VW=V[%[{(ﬂfa)+stin2a}:|u
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that is

%:%{(ﬁ—a)Jr‘/zsinZa}

:%:%{(ﬂ—a)Jr‘/zsinZa}

Solving 0 =Yz —a +sin 2« iteratively gives o = 63.9°.

When the triac turns on at a = 63.9°, the voltage across it drops virtually
instantaneously from V2 240 sin 63.9 = 305V to zero. Since this is at triac turn-on, this
very high dv/dt does not represent a turn-on dv/dt stress. The maximum triac dv/dt
stress tending to turn it on is at zero voltage cross over, which is 107 V/ms, as with
integral cycle control. Maximum di/dt occurs at triac turn on where the current rises
from zero amperes to 305V/12Q = 254A quickly. If the triac turns on in
approximately 1us, then this would represent a di/dt of 25.4A/us. The triac initial di/dt
rating would have to be in excess of 25.4A/ps.

cvcles eriod ower | T Ji Delay | Displacement | Distortion | Power
4 P P " Mms | angle factor factor factor

n N W A A a cosy U A
0 0 0 0 180°
1 4 1200 | 2.25 | 7.07 114° 1 Ve Y2
2 4 2400 | 4.50 | 10.0 90° 1 0.707 0.707
3 4 3600 |6.75 | 12.2 | 63.9° 1 0.866 0.866
4 4 4800 9 141 1 1 1 1

vi. The output power can be varied using n =0, 1, 2, 3, or 4 cycles of the mains. The
output power in each case is calculated as in part 1 and the equivalent phase control
angle, o, is calculated as in part v. The appropriate results are summarised in the table.

vii. Finer power step resolution can be attained if half cycle power pulses are used as in
figure 12.6b. If one complete ac cycle corresponds to 1200W then by using half cycles,
600W power steps are possible. This results in nine different power levels if N = 4.

L]

12.4 Single-phase transformer tap-changer

Figure 12.7 shows a single-phase tap changer where the tapped ac voltage supply can

be provided by a tapped transformer or autotransformer.

Thyristor T; (Ty) is triggered at zero voltage cross-over, then under phase control T;

(T») is turned on. The output voltage for a resistive load is defined by
v, = \/EV sin ot (W%

(12.22)
for0<ar<a (rad)
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v, = \/EV, sinwt (W% (12.23)
fora<wt<rz (rad)
where a is the phase delay angle and v,<v,.
For a resistive load the rms output voltage is
v v *
= 72(11—‘/zsin2a)+7'(/r—a+‘/zsin2a)} (12.24)

T

{a} b}

Figure 12.7. An ac voltage regulator using a tapped transformer:
(a) circuit connection and (b) output voltage waveform with a resistive load.

Initially v, is impressed across the load. Turning on T, (T,) reverse-biases T; (Ty),
hence T; (Ty4) turns off and the load voltage jumps to v;. It is possible to vary the rms
load voltage between v, and v,. It is important that T, (T,) and T4 (T;) do not conduct
simultaneously, since such conduction short-circuits the transformer secondary.

With an inductive load circuit, when only T, and T, conduct, the output current is

[ = \EV sin(wr - §) A) (12.25)
where Z = |R* +(wL) (ohms) p=tan"' wL/R (rad)

It is important that T; and T4 are not fired until o > ¢, when the load current must have
reached zero. Otherwise a transformer secondary short circuit occurs through T, (T,)
and T4 (T3).

For a resistive load, the thyristor rms currents for Ts, T, and Ty, T, respectively are
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I, = 2": ! —(2a—sin2a)
Rz (12.26)
I, =2 l(sin 2a-2a)+2x
2R\ 7

The thyristor voltages ratings are both v, - v,, provided a thyristor is always conducting
at any instant.

An extension of the basic operating principle is to use phase control on thyristors T
and T, as well as Ty and T». It is also possible to use tap-changing in the primary
circuit. The basic principle can also be extended from a single tap to a multi-tap
transformer.

The basic operating principle of any multi-output tap changer, in order to avoid short
circuits, independent of the load power factor is

e switch up in voltage when the load V" and / have the same direction, delivering power
e switch down when 7 and 7 have the opposite direction, returning power.

12.5 Cycloconverter

The simplest cycloconverter is a single-phase ac input to single-phase ac output circuit
as shown in figure 12.8a. It synthesises a low-frequency ac output from selected
portions of a higher-frequency ac voltage source and consists of two converters
connected back-to-back. Thyristors T; and T, form the positive converter group P,
while T;and T, form the negative converter group N.

Figure 12.8b shows how an output frequency of one-fifth of the input supply frequency
is generated. The P group conducts for five half-cycles (with T, and T, alternately
conducting), then the N group conducts for five half-cycles (with T; and T, alternately
conducting). The result is an output voltage waveform with a fundamental of one-fifth
the supply with continuous load and supply current.

The harmonics in the load waveform can be reduced and rms voltage controlled by
using phase control as shown in figure 12.8c. The phase control delay angle is greater
towards the group changeover portions of the output waveform. The supply current is
now distorted and contains a subharmonic at the cycloconverter output frequency,
which for figure 12.8c is at one-fifth the supply frequency.

With inductive loads, one blocking group cannot be turned on until the load current
through the other group has fallen to zero, otherwise the supply will be short-circuited.
An intergroup reactor, L, as shown in figure 12.8a can be used to limit any intergroup
circulating current, and to maintain a continuous load current.

A single-phase ac load fed from a three-phase ac supply, and three-phase ac load
cycloconverters can also be realised as shown in figures 12.9a and 12.9b, respectively.
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Figure 12.8. Single-phase cycloconverter ac regulator: (a) circuit connection with a
purely resistive load; (b) load voltage and supply current with 180° conduction of each
thyristor; and (c) waveforms when phase control is used on each thyristor.
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Figure 12.8. Cycloconverter ac regulator circuits:
(a) three-phase to single-phase and (b) three-phase supply to three-phase load.

12.6 The matrix converter

Commutation of the cycloconverter switches is restricted to natural commutation
instances dictated by the supply voltages. This usually results in the output frequency
being significantly less than the supply frequency if reasonable low harmonic output is
required. In the matrix converter in figure 12.9b, the thyristors in figure 12.8b are
replaced with fully controlled, bidirectional switches, like that shown in figure 12.9a.
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Rather than eighteen switches and eighteen diodes, nine switches and thirty-six diodes
can be used if a unidirectional voltage and current switch in a full-bridge configuration
is used as shown in figure 6.11. These switch configurations allow converter current
commutation as and when desired, provide certain condition are fulfilled. These
switches allow any one input supply ac voltage and current to be directed to any one or
more output lines. At any instant only one of the three input voltages can be connected
to a given output. This flexibility implies a higher quality output voltage can be
attained, with enough degrees of freedom to ensure the input currents are sinusoidal
and with unity (or adjustable) power factor. The input L-C filter prevents matrix
modulation frequency components from being injected into the input three-phase ac
supply system.
input line filter

_-T|= T Ip oI

—> oM

B s L . i - &2 }2{{ z!:;{
T TC Sk Ss Ss,

3®ac supply

B By I

b

L 3®ac load

(@) (b)

Figure 12.9. Three-phase input to three-phase output matrix converter circuit:
(a) bidirectional switch and (b) three-phase ac supply to three-phase ac load.

The relationship between the output voltages (v,, vs, v.) and the input voltages (v, v,
vc) is determined by the states of the nine bidirectional switches (S;;), according to
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Vu S«ﬂl SHU SC(I VA
Vo =1 Ss Sw Sa || Vs (A) (12.27)
v, S,. S, S v,

’ s O O J\Ve
With the balanced star load shown in figure 12.1c, the load neutral voltage v, is given
by

v, =4(v,+v,+v,) (12.28)
The line-to-neutral and line-to-line voltages are the same as those applicable to svm,

namely

v, 2 -1 ~1)(v,
v, =% -1 2 -1, V) (12.29)
-1 -1 2 )

from which
v, -1 =1)(v,
v =%l 0 1 0, ) (12.30)
v -1 0 1 ){y

Similarly the relationship between the input line currents (iy, i, ic) and the output
currents (i, iy, i) is determined by the states of the nine bidirectional switches (S;),
according to

iA S‘Vu SAh S/h iu
i =] S0 Su S, ||i A) (1231)
i) \S, S, S.\i

(8 Ca Cch Ce
where the switches S; are constrained such that no two or three switches short the input
lines or would cause discontinuous output current. Discontinuous output current cannot
occur since no natural current freewheel paths exist. The input short circuit constraint is
complied with by ensuring that only one switch in each column of the matrix in
equation (12.31) is on at any time. Thus not all the 512 (2°) states can be used, and
only 27 states of the switch matrix can be utilised.

The maximum voltage gain, the ratio of the peak fundamental ac output voltage to the
peak ac input voltage is 3 = 0.866. Above this level, called over-modulation,
distortion of the input current occurs. Since the switches are bidirectional and fully
controlled, power flow can be bidirectional. Control involves the use of a modulation
index that varies sinusoidally. Since no intermediate energy storage stage is involved,
such as a dc link, this total silicon solution to ac to ac conversion provides no ride-

through, thus is not well suited to ups application.

Natural commutating converters 344

12.7 Load efficiency and supply current power factor

One characteristic of ac regulators is non-sinusoidal load, hence supply current as
illustrated in figure 12.1b. Difficulty therefore exists in defining the supply current
power factor and the harmonics in the load current may detract from the load
efficiency. For example, with a single-phase motor, current components other than the
fundamental detract from the fundamental torque and increase motor heating, noise,
and vibration. To illustrate the procedure for determining load efficiency and supply
power factor, consider the circuit and waveforms in figure 12.1.

12.7.1 Load waveforms

The load voltage waveform is constituted from the sinusoidal supply voltage v and is
defined by

v (ar) = N2V sin o W)
aswt<f (12.32)
T+asot<z+pf
and v, = 0 elsewhere.
Fourier analysis of v, yields the load voltage Fourier coeftficients v,, and v, such that
v (ar) = Z{ v,, €OS nawt + v, sin not} V) (12.33)

for all values of n.
The load current can be evaluated by solving
di

Ri +1L ‘;t =R Vsna (V) (12.34)

over the appropriate bounds and initial conditions. From Fourier analysis of the load
current i,, the load current coefficients i, and i,, can be derived.

Derivation of the current waveform Fourier coefficients may prove complicated
because of the difficulty of integrating an expression involving equation (12.2), the
load current. An alternative and possibly simpler approach is to use the fact that each
load Fourier voltage component produces a load current component at the associated
frequency but displaced because of the load impedance at that frequency. That is

i, ="%cosg, (A)
iy, = -cosg, (A) (12.35)

— 1 nwlL,
where ¢, = tan ’“’A
The load current i, is given by

i (o)=Y "{i,, cos(not-¢,) +i,sin(not-¢,)} (A (12.36)
7
The load efficiency, #, which is related to the power dissipated in the resistive
component R of the load, is defined by
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n= fundamental active power
total active power

_ A(ER+ER) P4
S (BR+iR) (i +i) (12.37)

Vi in

In general, the total load power is ZV Xi, —XCcosd, .

wn

12.7.2  Supply waveforms

i. The supply distortion factor x, displacement factor cosy , and power factor A give
an indication of the adverse effects that a non-sinusoidal load current has on the supply
as a result of thyristor phase control.

In the circuit of figure 12.1a, the load and supply currents are the same and are given by
equation (12.2). The supply current Fourier coefficients iy, and iy, are the same as for
the load current Fourier coefficients i, and iy, respectively, as previously defined.

The total supply power factor A can be defined as

=real power, _ total mean input power
apparent power total rms input VA

. [ 7 [ 12.38
= vhm\llmn COSWI = /ﬁ vwl + v\/vl X/ﬁ lu»] +l\lrl XCOSW! ( )
V., v foli i
The supply voltage is sinusoidal hence supply power is not associated with the
harmonic non-fundamental currents.

) cosw

Vi

(12.39)

,[‘/2(1‘3,, +if,,‘) cosy,

1

where cos y, termed the displacement factor, is the fundamental power factor defined
as

cosy, = cos(— tan”' "»"%M) (12.40)
Equating with equation (12.39), the total supply power factor is defined as
A= pcosy, (12.41)

The supply current distortion factor u is the ratio of fundamental rms current to total
rms current i, that is

‘/z(z, +

= (12.42)

1
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ii. The supply harmonic factor p is defined as

_ total harmonic rms current (or voltage)

fundamental rms current (or voltage)

_1, -1 -
L /it +22,

where /), is the total harmonic current,

L=, ~ 1,

S 5
E - (12.44)
\ps L. = % Zium iy,

iii. The supply crest factor J is defined as the ratio of peak supply current 1, to the total
rms current, that is

(12.43)

(12.45)

iv. The energy conversion factor v is defined by
_ fundamental output power

" fundamental input power

B 5 12.46
SV xS fT i xcos (1240

v Sl + 15, x cosy,

Example 12.4:  Load efficiency

If a purely resistive load R is fed with a voltage

v, =2V sinot + \2v sin3ot
3
what is the fundamental load efficiency?

Solution
The load current is given by

P v/
==

V(. 1.
sin ot +§sm3a)t

The load efficiency is given by equation (12.37), that is
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2V R
R
==\ =

R 3R

1
:W:OA‘)

The introduced third harmonic component decreases the load efficiency by 10%.
&»
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Problems

12.1.  Determine the rms load current for the ac regulator in figure 12.3, with a
resistive load R. Consider the delay angle intervals 0 to Y2mt, Yo to %m and %7 to 7m /6.

12.2.  The ac regulator in figure 12.3, with a resistive load R has one thyristor
replaced by a diode. Show that the rms output voltage is

= [%(2”7!1 +Vasin 20:)}
7

while the average output voltage is

\2r

Vv, = Ey (cosa—1)
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12.3. Plot the load power for a resistive load for the fully controlled and half-
controlled three-phase ac regulator, for varying phase delay angle, a. Normalise power
with respect to ¥/ R.

12.4.  For the tap changer in figure 12.7, with a resistive load, calculate the rms
output voltage for a phase delay angle a. If v,=200 V ac and v, = 240 V ac, calculate
the power delivered to a 10 ohm resistive load at delay angles of Y, Yom, and %m.
What is the maximum power that can be delivered to the load?

12.5.  A. 0.01 H inductance is added in series with the load in problem 12.4.
Determine the load voltage and current waveforms at a firing delay angle of Yam.
Assuming a 50 Hz supply, what is the minimum delay angle?

12.6.  The thyristor T, in the single phase controller in figure 12.1a is replaced by a
diode. The supply is 240 V ac, 50 Hz and the load is 10 Q resistive. For a delay angle
of @ = 90°, determine the

i rms output voltage
ii. supply power factor
ili.  mean output voltage

iv.  mean input current.
[207.84 V; 0.866 lagging; 54 V; 5.4 A]

12.7.  The single phase ac controller in figure 12.6 operating on the 240 V, 50 Hz
mains is used to control a 10 Q resistive heating load. If the load is supplied repeatedly
for 75 cycles and disconnected for 25 cycles, determine the

i rms load voltage,

ii.  input power factor, 1, and

iii.  the rms thyristor current.

12.8.  The ac controller in problem 12.7 delivers 2.88 kW. Determine the duty cycle,
n/N, and the input power factor, A.
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DC Choppers

A dc chopper is a dc-to-dc voltage converter. It is a static switching electrical
appliance that in one conversion, changes an input fixed dc voltage to an adjustable
dc output voltage with inductive intermediate energy storage. The name chopper is
connected with the fact that the output voltage is a ‘chopped up’ quasi-rectangular
version of the input dc voltage.

In chapters 11 and 12, thyristor devices were used in conjunction with an ac supply
that causes thyristor turn-off at ac supply current reversal. This form of thyristor
natural commutation, which is illustrated in figure 13.1a, is termed line or source
commutation.

When a dc source is used with a thyristor circuit, source facilitated commutation is
clearly not possible. If the load is an R-C or L-C circuit as illustrated in figure
13.1b, the load current falls to zero and the thyristor in series with the dc supply
turns off. Such a natural turn-off process is termed load commutation.

If the supply is dc and the load current has no natural zero current periods, such as
with the R-L load, dc chopper circuit shown in figure 13.1c, the load current can
only be commutated using a self-commutating switch, such as a GTO thyristor,
CGT, IGBT or MOSFET. An SCR is not suitable since once the device is latched on
in this dc supply application, it remains on.

The dc chopper in figure 13.1c is the simplest of the five dc choppers to be
considered in this chapter. This dc chopper will be extensively analysed.

13.1 DC chopper variations

There are five types of dc choppers, of which four are a subset of the fifth that is a
flexible but basic, four-quadrant H-bridge chopper shown in the centre of figure
13.2. Notice that the circuits in figure 13.2 are highlighted so that the derivation of
each dc chopper from the fundamental H-bridge four-quadrant, dc chopper can be
seen. Each chopper can be categorized depending on which output /,-¥, quadrant
or quadrants it can operate in, as shown in figure 13.2. The five different choppers
in figure 13.2 are classified according to their output /,-V, capabilities as follows:

(a) First quadrant - I +V, +l,
(b) Second quadrant - 11 +V, -1,
(c) Two quadrant - Tand II +V, +l,
(d) Two quadrant - Iand IV +V, +l,

(e) Four quadrant - LIL 1L, and IV £V, +I,
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Figure 13.1. Three basic types of switch commutation techniques:
(a) source commutation; (b) load commutation; and (c) switch commutation.

In the five choppers in the parts a to e of figure 31.2, the subscript of the active
switch or switches specify in which quadrants operation is possible. For example,
the chopper in figure 13.2d uses switches T, and T;, so can only operate in the first
(+1,,+V,) and third (-1,,-V,) quadrants.

The first-quadrant chopper in figure 13.2a (and figure 13.1c) can only produce a
positive voltage across the load since the freewheel diode D, prevents a negative
output voltage. Also, the chopper can only deliver current from the dc source to the
load through the unidirectional switch T;. It is therefore a single quadrant chopper
and only operates in the first quadrant (+1,,+V,,).

The second-quadrant chopper, (-/,,+V,), in figure 13.2b is a voltage boost circuit
and current flows from the load to the supply, V5. The switch T, is turned on to
build-up the inductive load current. Then when the switch is turned off current is
forced to flow through diode D, into the dc supply. The two current paths are
shown in figure 13.1c.
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(b) (c)

Figure 13.2. Fundamental four-quadrant chopper (centre) showing derivation of
four subclass dc choppers: (a) first-quadrant chopper - I; (b) second-quadrant
chopper - II; (c) first and second quadrants chopper - I and II; (d) first and
fourth quadrants chopper - I and 1V, and (e) four-quadrant chopper.
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The two-quadrant chopper, quadrants I and IV chopper, (+/,,£V,), figure 13.2d,
can produce a positive voltage, negative voltage or zero volts across the load,
depending on the duty cycle of the switches and the switching sequence. When
both switches are switched simultaneously, an on-state duty cycle of less than 50%
(0<'5) results in a negative load voltage, while 0> produces a positive load
voltage. Since V, is reversible, the power flow direction is reversible. Zero voltage
loops can be created by only turning off one of the two switches.

In the two-quadrant chopper, quadrants I and II chopper, (£/,,+V,), figure 13.2c,
the load voltage is clamped to between 0V and ¥, because of the freewheel diodes
D, and D,. Because this chopper is a combination of the first-quadrant chopper in
figure 13.2a and the second-quadrant chopper in figure 13.2b, it combines the
characteristics of both. Bidirectional load current is possible but the average output
voltage is always positive. Energy can be regenerated into the supply V; due to the
inductive stored energy which maintains current flow from the back emf source.
The four-quadrant chopper in the centre of figure 13.2 combines all the
properties of the four subclass choppers. Its uses four switched and is capable of
producing positive or negative voltages across the load, whilst delivering current to
the load in either direction, (£, £V,).

The step-up chopper, or boost converter, considered in Chapter 15.4, may be
considered a dc chopper variation, which has first quadrant characteristics.

13.2 First-Quadrant dc chopper

The basic circuit reproduced in figure 13.3a can be used to control a dc load such
as a dc motor. As such, the dc load has a back-emf component, E = kgw, the
polarity and magnitude of which are dependant on the flux ¢, (field current i) and
its direction, and the speed w and its direction. If the R-L load (with time constant ¢
= L /R) incorporates an opposing back emf, E, then when the switch is off and the
diode D, is conducting, the load current can be forced to zero by the opposing back
emf. Therefore two output load current modes can occur depending on the relative
magnitude of the back emf, load time constant, and the switch on-state duty cycle.
Continuous load current waveforms are shown in figure 13.3b, while waveforms
for discontinuous load current, with period of zero current, are shown in figure
13.3c.
In both conduction cases, the average voltage across the load can be controlled by
varying the on-to-off time duty cycle of the switch, T,. The on-state duty cycle, J,
is normally controlled by using pulse-width modulation, frequency modulation, or
a combination of both. When the switch is turned off the inductive load current
continues and flows through the load freewheel diode, D,, shown in figure 13.2a
The analysis to follow assumes

e No source impedance
Constant switch duty cycle
Steady state conditions have been reached
Ideal semiconductors and
No load impedance temperature effects.
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Figure 13.3. First-quadrant dc chopper and two basic modes of chopper output
current operation: (a) basic circuit and current paths; (b) continuous load current;
and (c) discontinuous load current after t = t,.
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13.2.1 Continuous load current

Load waveforms for continuous load current conduction are shown in figure 13.3b.
The output voltage v,, or load voltage is defined by

{K for OStétT}
v, ()= (13.1)

0 for ¢ <t<T

The mean load voltage is

v, =%J'o/ v, (1) dt=%_[: V. dt

(13.2)
= i[{ =5V,
T
where the switch on-state duty cycle d = t7/T is defined in figure 13.3b.
The rms load voltage is
BENEE e, T
V. _|:FJ.0 vi(1) dt} _[?L 8 dt}

(13.3)

L
=,EV. =V,
o=

The output ac ripple voltage is

V=LV
=Na V) -7,y =¥ f5(1-5) e

The maximum rms ripple voltage in the output occurs when J=/2 giving an rms
ripple voltage of /4V.
The output voltage ripple factor is

(13.5)

Thus as the duty cycled — 1, the ripple factor tends to zero, consistent with the
output being dc, that is V,= 0.

Steady-state time domain analysis of first-quadrant chopper
- with load back emf and continuous output current

The time domain load current can be derived in a number of ways.
e First, from the Fourier coefficients of the output voltage, the current can
be found by dividing by the load impedance at each harmonic frequency.
e Alternatively, the various circuit currents can be found from the time
domain load current equations.
i.  Fourier coefficients: The Fourier coefficients of the load voltage are
independent of the circuit and load parameters and are given by
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V. . .
a,= ﬁsm 27nd

V (13.6)
b, =—+(1-cos2zns)
nw

Thus the peak magnitude and phase of the »™ harmonic are given by

¢, =a, +b]
— ! au
¢, =tan A

Substituting expressions from equation (13.6) yields

c = . sinznd
" onw

in22nS (13.7)
¢, =tan™ SN0 v —znd
1-cos2zno
where
v, =c,sin(n a)t+¢“) (13.8)
such that
vu(t)= V”+ZC" sin(n (ut+¢”) (13.9)

The load current is given by

O ) A yh V+im (13.10)

R &z R 5 Z
where the load impedance at each frequency is given by

Z, =R +(nolL)

ii. Time domain differential equations: By solving the appropriate time domain
differential equations, the continuous load current shown in figure 13.3b is defined
by

During the switch on-period, when v,(1)=V;

L a, +Ri +E=V,
dt
which yields
V.-E AN
i(,(t):“T(l—e’j+Ie' for 0<r<t, (13.11)
During the switch off-period, when v,(2)= 0
L i, +Ri +E=0
dt
which, after shifting the zero time reference to ¢, in figure 13.3a, gives

i(,(x):—%[l—efjﬁﬁ for 0<(<T—-1,  (13.12)
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It

where }:V‘ l_ei - % (A)
I=er (13.13)
and =Lt E )
R I R
e’ —1

The output ripple current, for continuous conduction, is independent of the back
emf £ and is given by

~T+iy

[ o=ai=i-p=tdzedze 7)) (13.14)
R l—et
—e
which in terms of the on-state duty cycle, d=t7/T, becomes
-oT —(1-9)r
S Fllme)doe ) (13.15)
TR B
l-e-

0 Ya Ya Ya 1
5
on-state duty cycle

Figure 13.4. Ripple current as a function of duty cycle d=t;/T and ratio of cycle
period T (switching frequency, f;=1/T) to load time constant t=L /R.
Valid only for continuous load current conduction.

The peak-to-peak ripple current can be extracted from figure 13.4, which is a
family of curves for equation (13.15), normalised with respect to ¥ /R. For a given
load time constant z=L /R, switching frequency f;=1/T, and switch on-state duty
cycle o, the ripple current can be extracted. This figure shows a number of
important features of the ripple current.

e The ripple current reduces to zero as 0—0 and 6—1.

e Differentiation of equation (13.15) reveals that the maximum ripple

current /, , occurs at & = .
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e The longer the load L /R time constant, 7, the lower the output ripple
current /..

e The higher the switching frequency, 1/7, the lower the output ripple.
If the switch conducts continuously (6=1), then substitution of #7=T into equations
(13.11) to (13.13) gives

A v —FE
p=i-1=12 *) (13.16)

The mean output current with continuous load current is found by integrating the
load current over two periods, the switch conduction given by equation (13.11) and
diode conduction given by equation (13.12), which yields

S g V.-E
,O:Fju z”(t)dt=( % (13.17)
Jw—f% A)

The input and output powers are related such that

(13.18)

o rms orm:

2 — 2 -E
=1 R+EI =1 ‘R+E(§V\R J

from which the average input current can be evaluated. B
Alternatively, the average input current, which is the average switch current, /., ,
can be derived by integrating the switch current which is given by equation (13.11)
that is

- 5 1w,
1=To =] (0

Vpn(V—E( =) v =
7?j0 [T(l—e j+le ]dt (13.19)

s(V.-E ~y

M _r [ I— 1)
R T

The term J—7=1 »-p 18 the peak-to-peak ripple current, which is given by equation

(13.15). By Kirchhoff’s current law, the average diode current [, is the

difference between the average output current /, and the average input current, /, ,
that is

I

diode

~I

=1,-1
=(§V\.-E%,@+ﬂ},}) (13.20)
=1(;7})7M

T R
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Alternatively, the average diode current can be found by integrating the diode
current given in equation (13.12), as follows

I,.= %J‘: ! [—%(1 —67')+ ; ejtjdt
:L(;, ;),M

(13.21)
T R
If E represents motor back emf, then the electromagnetic energy conversion

efficiency is given by

“EL i (13.22)
kv
The chopper effective input impedance at the dc source is given by
4
Z, == (13.23)

For an R-L load without a back emf, set £ = 0 in the foregoing equations. The
discontinuous load current analysis to follow is not valid for an R-L, with £=0 load,
since the load current never reaches zero, but at best asymptotes towards zero.

13.2.2 Discontinuous load current

With an opposing emf E in the load, the load current can reach zero during the off-
time, at a time ¢, shown in figure 13.3¢c. The time #, can be found by
e deriving an expression for / from equation (13.11), setting r=rr,
e this equation is substituted into equation (13.12) which is equated to zero,
having substituted for r=t,.
yielding

it

tY=1,+rln[1+V‘EE(1—e' D (s) (13.24)

This equation shows that z,>#;. Figure 13.5 can be used to determine if a particular
set of operating conditions involves discontinuous load current.

The load voltage waveform for discontinuous load current conduction shown in
figure 13.3c is defined by

V. for 0<t<t,
v,(£)=40  for 1, <1<t (13.25)
E for t <t<T

If discontinuous load current exists for a period 7 - t,, from ¢, until 7, then the mean
output voltage is

AN

: =%(L V\dt+J“/'0dt+JA‘rEdt)

):§K+%E V) for 121

(13.26)

=~
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%2 E/Vs

0 Ya Y2 Ya 1
5 ——>
switch on-state duty
Figure 13.5. Bounds of discontinuous load current with E>0.

The rms output voltage with discontinuous load current conduction is given by

oM e L oas pa|

zT 2
7/51/\+TE W)

The ac ripple current and ripple factor can be found by substituting equations
(13.26) and (13.27) into

(13.27)

N (13.28)

and

2
RF:K’ = [V,—j -1 (13.29)

Steady-state time domain analysis of first-quadrant chopper
- with load back emf and discontinuous output current

i. Fourier coefficients: The load current can be derived indirectly by using the
output voltage Fourier series. The Fourier coefficients of the load voltage are
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a, = V. sin27m57£sin27m %
nrw nmw

V . t (13.30)
b, =~ (1-cos27n8)——( 1-cos2zn &
3 mr( cos27znd) n;r( cos2zn 4)
which using
¢, =a. +b
au
qﬁ”:tan’A
give
v, ()=, +2q,sin(na)t+¢”) (13.31)

n=1
The appropriate division by Z, =/R* +(nwL)’ yields the output current.

ii. Time domain differential equations: For discontinuous load current, 1=0.
Substituting this condition into the time domain equations (13.11) to (13.14) yields
equations for discontinuous load current, specifically:
During the switch on-period, when v,(1)=V5,
V-E =

iﬂ(t):*T[l—e’j for 0<r<t¢, (13.32)
During the switch off-period, when v,(2)=0, after shifting the zero time reference
to 7,

iﬂ(t):—%[l—e;’[}r}e% for 0<r<t 1, (13.33)
where from equation (13.32), with t=tr,
}:%[kﬁ] (A) (13.34)
After t,, v,(t)=F and the load current is zero, that is
i,(1)=0 for 1, <t<T (13.35)

The output ripple current, for discontinuous conduction, is dependent of the back
emf E and is given by equation (13.34), that is

~ V-E i3
:1:"7[1—@' ] (13.36)
R
Since / =0 , the mean output current for discontinuous conduction, is

7 Lo, 1| ¢V —-E = ey _F AR
["=7Iol"([)d[=7“u R (l—e jdt+-|.0 T[l—e j+16 dt}

ey
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6I{+[1—L‘jE (EI{—L‘E]
7 r) _E_ T (A) (13.37)

R R
The input and output powers are related such that
P,=VI  P,=I' R+El, P =P, (13.38)

from which the average input current can be evaluated.
Alternatively the average input current, which is the switch average current, is
given by

1=1,, = %J": i(t)dt

L e 24 PY A (13.39)
74 R

Al X P ST I Sl S
R T R T

The average diode current I, is the difference between the average output
current /, and the average input current, /, , that is

1./,,“;,, 27,, —7.
ElL_s (13.40)
2 A\T )
T R

Alternatively, the average diode current can be found by integrating the diode
current given in equation (13.33), as follows

_ 1evol E EATIP
Lyse :?J.o [*E[lfe j+le )dt

, (13.41)
5(475)
_r; \r

T R
If E represents motor back emf, then electromagnetic energy conversion efficiency
is given by

-EL _ Eé’ (13.42)
£V
The chopper effective input impedance is given by
Z, X (13.43)

I,

Example 13.1:  DC chopper with load back emf (first quadrant)

A first-quadrant dc-to-dc chopper feeds an inductive load of 10 ohms resistance,
50mH inductance, and back emf of 55V dc, from a 340V dc source. If the chopper

is operated at 200Hz with a 25% on-state duty cycle, determine, with and without
(rotor standstill) the back emf:
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i.  the load average and rms voltages;
ii.  the rms ripple voltage, hence ripple factor;
iii. the maximum and minimum output current, hence the peak-to-peak

output ripple in the current;

iv. the current in the time domain;

v. the average load output current, average switch current, and average
diode current;

vi. the input power, hence output power and rms output current;

vii. effective input impedance, (and electromagnetic efficiency for £ > 0);
viii. sketch the output current and voltage waveforms.
Solution

The main circuit and operating parameters are
e on-state duty cycle 6 = %
e period 7= 1/f;=1/200Hz = 5ms
e on-period of the switch 7= 1.25ms
e load time constant 7 = L/R = 0.05H/10Q = 5ms

Figure Example 13.1.
Circuit diagram.

55v

i. From equations (13.2) and (13.3) the average and rms output voltages are both
independent of the back emf, namely

v, =2y =5y,
T
= V4x340V = 85V

V,:\/%K:JEK

=+/Y% x240V = 120V rms

ii. The rms ripple voltage hence ripple factor are given by equations (13.4) and
(13.5), that is

V.=V -V =V,\|5(1-5)
=340V, Vax(1-%) = 1472V ac

and
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1
e

1
= /7 -1 =43=1732
Ya
No back emf, E =0

iii. From equation (13.13), with £=0, the maximum and minimum currents are

-1.25ms

RF = 1

NS

-

polilzer 34V 1-e™ _ii90a
R - 10Q Sms

lI-e 1-e

. o X

plierml 38V e ml_soa
R i 100 -1

The peak-to-peak ripple in the output current is therefore

1 =I-1

=11.90A - 5.62A = 6.28A
Alternatively the ripple can be extracted from figure 13.4 using 7/z =1 and 0 = 4.

iv. From equations (13.11) and (13.12), with E = 0, the time domain load current
equations are
14 EA 1
i =—|l-e" |+1e"
R

b (1)234X[1*5‘T”'\]+5.62xe#~

—34-2838xe™ (A)  for 0<r<125ms
iﬂ:}c;T
i ()=1190xe™ (A)  for 0<r<375ms

v. The average load current from equation (13.17), with E =0, is

7,-V./-85V/ _
I, =V o= 8V o= 85A
The average switch current, which is the average supply current, is

Vax(340V -0
_Ax(PAOV-0) Sms 1) g0a - 5.624) = 2.224
10Q Sms
The average diode current is the difference between the average load current and

the average input current, that is
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1,

diode

11
=8.50A -2.22A =6.28A

vi. The input power is the dc supply multiplied by the average input current, that is
P =V I,=340Vx2.22A =754.8W

in

P, =P, =7548W

out

From equation (13.18) the rms load current is given by

- P
7 - [B,
- =R

T348W 8.7A rms

10Q
vii. The chopper effective input impedance is

Load back emf, E =55V

i. and ii. The average output voltage, rms output voltage, ac ripple voltage, and
ripple factor are independent of back emf, provided the load current is continuous.
The earlier answers for £ = 0 are applicable.

iii. From equation (13.13), the maximum and minimum load currents are

-1.25ms

}:El—e; _E:ﬂxl—e%_ ﬂ:éAOA
R - R 10Q T 10Q
I-e 1-e
. o Y
I:V‘gT ]_Ezﬂxel l_ﬂzo‘le
RS, R 10Q° -1 100
The peak-to-peak ripple in the output current is therefore

1, =1-1
=6.4A-0.12A = 6.28A
The ripple value is the same as the £ = 0 case, which is as expected since ripple
current is independent of back emf with continuous output current.
Alternatively the ripple can be extracted from figure 13.4 using 7/z =1 and 6="4.

iv. The time domain load current is defined by
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V.-E SRR
i =———|1-e" |+]e"
R

i ([)=2845><(1—eﬁ]+0.123ﬁ

=28.5-2838¢™  (A) for 0<t<1.25ms

i":—£ l-¢* |+1e
R

'

i (t): —545><(1—em]+6.4em
= 55411967 (A) for 0<¢<3.75ms

v. The average load current from equation (13.37) is

- V-E
L=

_85VS5V/
Vioa = 34

The average switch current is the average supply current,

- = oV -E AV
N

_ %x(340V-55V)  S5ms

10Q " Sms
The average diode current is the difference between the average load current and
the average input current, that is

*(6.40A - 0.12A) = 0.845A

1,-1

s =1,

=3A-0.845A =2.155A

vi. The input power is the dc supply multiplied by the average input current, that is
P, =V 1,=340Vx0.845A = 287.3W

P, =P, =2873W

out in

From equation (13.18) the rms load current is given by

- _ |P,—EI,

o R

_ [873W-55V3A L,
100

vii. The chopper effective input impedance is
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The electromagnetic efficiency is given by equation (13.22), that is
El,

_55Vx3A

———=574%
287.3W

viii. The output voltage and current waveforms for the first-quadrant chopper, with
and without back emf, are shown in the figure to follow.

Conducting device
D, Ty D,
1

D, LoD ' T D
'
'
;
]

.

1

i
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b

i
5.62A

\

i

i

1

i

1

]

i

i

b
1
:
:
Vot
T
]
.
:
1
1

] ! t H 1 !
o 1%ms 5ms T o 1%ms 5ms
E=0 E =55V
Figure Example 13.1. Circuit waveforms.

»

Example 13.2:  DC chopper with load back emf
- verge of discontinuous conduction

A first-quadrant dc-to-dc chopper feeds an inductive load of 10 ohms resistance,
50mH inductance, and back emf of 55V dc, from a 340V dc source. If the chopper
is operated at 200Hz with a 25% on-state duty cycle, determine:

i the maximum back emf before discontinuous load current conduction
commences with 0=Y;
ii.  with 55V back emf, what is the minimum duty cycle before discontinuous

load current conduction; and
iii.  minimum switching frequency at E=55V and #; = 1.25ms before dis-
continuous conduction.




DC choppers 366

Solution
The main circuit and operating parameters are
e on-state duty cycle 0 ="
e period T'= l/f;= 1/200Hz = 5ms
e on-period of the switch #7=1.25ms
e load time constant 7 = L/R = 0.05H/10Q = Sms

First it is necessary to establish whether the given conditions represent continuous
or discontinuous load current. The current extinction time ¢, for discontinuous
conduction is given by equation (13.24), and yields

t.=t,+71 (/n(1+ 4 7E(1—e%]]
E

:1.25ms+5ms></,n[1 + 340;;%){1 —eﬁjj =5.07ms

Since the cycle period is 5ms, which is less than the necessary time for the current
to fall to zero (5.07ms), the load current is continuous. From example 13.1 part iv,
with E=55V the load current falls from 6.4A to near zero (0.12A) at the end of the
off-time, thus the chopper is operating near the verge of discontinuous conduction.
A small increase in E, decrease in the duty cycle J, or increase in switching period
T, would be expected to result in discontinuous load current.

i E
The necessary back emf can be determined graphically or analytically.
Graphically:
The bounds of continuous and discontinuous load current for a given duty cycle,
switching period, and load time constant can be determined from figure 13.5.
Using 0=", T/r = 1 with 7=5ms, and T = 5ms, figure 13.5 gives E/V;=0.165. That
is, E=0.165x¥,=0.165%340V = 56.2V
Analytically:
The chopper is operating too close to the boundary between continuous and
discontinuous load current conduction for accurate readings to be obtained from
the graphical approach, using figure 13.5. Examination of the expression for
minimum current, equation (13.13), gives
et B
R - R

e’ —1

Rearranging to give the back emf, E, produces

Ir

E=K6; -1
e -1
e ]
=340V x =562V

Sms

em_]
That is, if the back emf increases from 55V to 56.2V then at that voltage,
discontinuous load current commences.
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i, § .
If equation (13.13) is solved for 7 =0 then
el E
R - R
e’ —1

Rearranging to isolate 77 gives

’
t, :ré’n(l+£[e7—ljj
V.
=5msx/n|1+ 35V eﬁ»l
340V

=1.226ms
If the switch on-state period is reduced by 0.024ms, from 1.250ms to 1.226ms
(24.52%), operation is then on the verge of discontinuous conduction.

i, T
If the switching frequency is decreased such that 7=t,, then the minimum period
for discontinuous load current is given by equation (13.24). That is,

t =T=t +7/ln 1+V‘7E[1—e%j
’ E

T'=1.25ms + 5msxén[1 + %X(] -e ™ J] =5.07ms

Discontinuous conduction operation occurs if the period is increased by 0.07ms.

In conclusion, for the given load, for continuous conduction to cease, the following
operating conditions can be changed
e increase the back emf E from 55V to 56.2V
e decrease the duty cycle & from 25% to 24.52% (¢ decreased from 1.25ms
to 1.226ms)
e increase the switching period 7 by 0.07ms, from 5ms to 5.07ms (from
200Hz to 197.2Hz), with the switch on-time, ¢r, unchanged from 1.25ms.
Appropriate simultaneous smaller changes in more than one parameter would
suffice.
L)

Example 13.3:  DC chopper with load back emf— discontinuous conduction
A first-quadrant dc-to-dc chopper feeds an inductive load of 10 ohms resistance,

50mH inductance, and back emf of 100V dc, from a 340V dc source. If the
chopper is operated at 200Hz with a 25% on-state duty cycle, determine:

i.  the load average and rms voltages;
ii.  the rms ripple voltage, hence ripple factor;
iil. the maximum and minimum output current, hence the peak-to-peak

output ripple in the current;
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iv. the current in the time domain;
v.  the load average current, average switch current and average diode
current;
vi.  the input power, hence output power and rms output current;
vii. effective input impedance, and electromagnetic efficiency; and
viil. Sketch the circuit, load, and output voltage and current waveforms.

Solution
The main circuit and operating parameters are
e on-state duty cycle 0 =%
e period T= 1/f;= 1/200Hz = Sms
e on-period of the switch 77 = 1.25ms
e load time constant z = L/R = 0.05H/10Q = Sms

Figure Example 13.3.
Circuit diagram.

100V

Confirmation of discontinuous load current can be obtained by evaluating the
minimum current given by equation (13.13), that is

}=561717£

R R

e’ —1
1.25ms.

;_340V e -1 100V
10Q 10Q

em-]
The minimum practical current is zero, so clearly discontinuous current periods
exist in the load current. The equations applicable to discontinuous load current
need to be employed.
The current extinction time is given by equation (13.24), that is

to=t +71 ln[1+V‘_E[1—e%D
E

_ -1.25ms
=1.25ms + Sms x (’n(l +Mx [l -e ™ j]

=5.62A - 10A =-4.38A

100V
=1.25ms + 2.13ms = 3.38ms

i. From equations (13.26) and (13.27) the load average and rms voltages are
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T-t,

V, =8V, +—=E
7
= Voc3agy 4 SMS=338MS ooy — 1174y
Sms
V.= (5I(Z+T :

rms

Sms - 3.38ms y
Sms

= \/%x 340° + 100° =179.3V rms

ii. From equations (13.28) and (13.29) the rms ripple voltage, hence ripple factor,
are

V= Vo V2
=1793 - 117.4* = 1355V ac
jpo L1355V
7 1174V

iii. From equation (13.36), the maximum and minimum output current, hence the
peak-to-peak output ripple in the current, are

}:7V7E l—e%
R

-1.25ms
_340V-100V (Y
100

The minimum current is zero so the peak-to-peak ripple current is Ai, =5.31A.

iv. From equations (13.32) and (13.33), the current in the time domain is

i”(t):V‘};E(l—e‘%j

340V - 100V =
2T Y 1=
100
:24x[l—e5i) ) for 0<¢<1.25ms

i

L)=-[1-e Jeie”

= OOV o 453160
100

=1531xe™ —10  (A) for 0<7<2.13ms
i(1)=0 for 3.38ms <<5ms
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Conducting device
T

T D T
VO
V=340V
= 117.4v
1 e — T TE=stoov /|
iO
5.31A
LY L NCdamaa b/ N4/
>
>
Ip 5.31A
Ll N - H1.05A = — =
It 5.31A
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vr
V,=340V
240V
>
0 125 337 6.25 837 10 1125

time (ms) t
Figure Example 13.3. Circuit waveforms.

v. From equations (13.37) to (13.40), the load average current, average switch
current, and average diode current are

A

_117.4V-100V/  —
%09 1.74A

E(%‘—b‘)
7 Fp L)

diode =

T R
3.38ms

1oon( : -0.25]
=2Ms3A. — 2 J_j05A
S

Sms
10Q
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=1.74A - 1.05A = 0.69A

vi. From equation (13.38), the input power, hence output power and rms output
current are

P = V} =340Vx0.69A =234.6W

in i

P =P =I" R+EI,

in out 0 rms

Rearranging gives

I, = JP, —EI, /R
=J234.6W - 100Vx0.69A / 10Q = 1.29A

vii. From equations (13.42) and (13.43), the effective input impedance, and
electromagnetic efficiency for £> 0
V. 340V _

EI_EL _ 100V<1.74A
P, 14 340Vx0.69A

=74.2%

viii. The circuit, load, and output voltage and current waveforms are plotted in
figure example 13.3.
»

13.3 Second-Quadrant dc chopper

The second-quadrant dc-to-dc chopper shown in figure 13.2b transfers energy from
the load, back to the dc energy source, called regeneration. Its operating principles
are the same as those for the boost switch mode power supply analysed in chapter
15.4. The two energy transfer modes are shown in figure 13.6. Energy is
transferred from the back emf E to the supply V;, by varying the switch T, on-state
duty cycle. Two modes of transfer can occur, as with the first-quadrant chopper
already considered. The current in the load inductor can be either continuous or
discontinuous, depending on the specific circuit parameters and operating
conditions.
In this analysis it is assumed that:

e No source impedance;
Constant switch duty cycle;
Steady-state conditions have been reached;
Ideal semiconductors; and
No load impedance temperature effects.

e o o o
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13.3.1 Continuous inductor current

Load waveforms for continuous load current conduction are shown in figure 13.7a.
The output voltage v,, load voltage, or switch voltage, is defined by

{0 for 0<t<t, }
vﬂ(t): (13.44)

V. for t, <t<T
The mean load voltage is

— 17 17
V,=—| v,(t)di=—| V. at
TJ" T (13.45)

T-t,
by —(1-s)7,
ey =(1-)

where the switch on-state duty cycle d = t7/T is defined in figure 13.7a.

(a) (b)

Figure 13.6. Stages of operation for the second-quadrant chopper:
(a) switch-on, boosting current and (b) switch-off, energy into V.

Alternatively the voltage across the dc source Vj is
l -
V.=—V, 13.46
=5 (13.46)

Since 0 < d < 1, the step-up voltage ratio, to regenerate into ¥, is continuously
adjustable from unity to infinity.
The average output current is

7 E-V, E-V,(1-05)

TR R

The average output current can also be found by integration of the time domain
output current i,. By solving the appropriate time domain differential equations, the
continuous load current i, shown in figure 13.7a is defined by
During the switch on-period, when v,=0
di

L
dt

(13.47)

+Ri =E

which yields
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i”(t):%[l—eTJJr}eT for 0<r<y, (13.48)
During the switch off-period, when v, =V
Lﬂ +Ri +V =E
dt ’

which, after shifting the zero time reference to ¢7, gives

i‘,(t):%[l—e7j+}e7 for 0<¢<T—t,  (13.49)
i -r
« E Ve -er
where J=—--+% ~¢ (A)
R R l—er
(13.50)
and =L _Vlze® N
R R |_,7
4
Conducting devices
! T 1Dyl T Dt T 1D ' T 1D}t Tl D
1 1 ] ] ] 1 1 1 1 1 ] ]
o Ta VA S o 1 Vo i 1
r L ! b e,
| A A N N Lt 1o
VoY YT VAN, AN
I I i SN AW
] [ [ 1 [ [ ] ] ] Ea
Ve T I i vo f=— T ' '
HI HE H H Vo H H
V. '
'
t

Figure 13.7. Second-quadrant chopper output modes of current operation:
(a) continuous inductor current and (b) discontinuous inductor current.

The output ripple current, for continuous conduction, is independent of the back
emf E and is given by

e "
I :}_}:K (I+e- )—(e;r+e )
»p R Ea
17 T
e

which in terms of the on-state duty cycle, d=t7/T, becomes

(13.51)
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—oT T
_V (d=e)(d+e")
PP -
R lI-e®
This is the same expression derived in 13.2.1 for the first-quadrant chopper. The
normalised ripple current design curves in figure 13.3 are valid for the second-
quadrant chopper.
The average switch current, 7, , can be derived by integrating the switch current

> L switch

given by equation (13.48), that is

(13.52)

switch

1o,
:?j“ 14,(t)dt

1o E BN
_?L [E[l—e ]ue sz (13.53)
_9E _ 1( G ;)

R T

The term /-] =1 »-» 1s the peak-to-peak ripple current, which is given by equation
(13.51). By Kirchhoff’s current law, the average diode current 1, is the
difference between the average output current /, and the average switch current,
1 that is

switch 3

Idmdu :7,, _zwh
_E-V(1=6) SE z(; ;
= N R +T(1 1) (13.54)
_1(i )\ _-E)(-9)
’T(I I) R

The average diode current can also be found by integrating the diode current given
in equation (13.49), as follows

T :ljph E-V, l—¢* |+1e |dt
TY0 R

(13.55)
I V.-E)(1-6
(i) E2)
T R
The power produced by the back emf source £ is
- E-V(1-0
P, =EI, :E{#] (13.56)
’ R
The power delivered to the dc source Vj is
- Ay V.-E)(1-6
P =VI, =V L(]—I]—M (13.57)
’ T R
The difference between the two powers is the power lost in the load resistor, R, that
is
P=R+I; R
7 7 13.58
I = Elo - V\ Idmd(' ( )

R
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The efficiency of energy transfer between the back emf E and the dc source V; is
B, V1
== 13.59
TR (15:59)

13.3.2  Discontinuous inductor current

With low duty cycles, d, low inductance, L, or a relatively high dc source voltage,
V;, the minimum output current may reach zero at t, before the period 7T is
complete, as shown in figure 13.7b. Equation (13.50) gives a boundary identity
that must be satisfied for zero current,

Tt
2B Ve (13.60)
R R . =
1-e
That is
5:1’% (13.61)
s l-er

Alternatively, the time domain equations (13.48) and (13.49) can be used, such that
1=0. An expression for the extinction time #, can be found by substituting t=¢r into
equation (13.48). The resulting expression for T is then substituted into equation
(13.49) which is set to zero. Isolating the time variable, which becomes #,, yields

which yields

t =t +r[n[1+

E -
K_E(l—e jj (13.62)

This equation shows that 7 >¢, . Load waveforms for discontinuous load current
conduction are shown in figure 13.7b.
The output voltage v,, load voltage, or switch voltage, is defined by
0 for 0<t<t,
v, (£)=17, for 1, <t<t, (13.63)
E  fort <t<T

The mean load voltage is

V= %j: v, (1) di = %('[ vae|'E dt)
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by Tt (L sl afi-ke
T T T T

(13.64)
V, =E-oV, +’?‘(t( -E)
where the switch on-state duty cycle d = ¢7/7 is defined in figure 13.7b.
The average output current is
— t\'
po7 O 5-E)
R R
The average output current can also be found by integration of the time domain
output current i,. By solving the appropriate time domain differential equations, the
continuous load current i, shown in figure 13.7a is defined by
During the switch on-period, when v,= 0

L% ik
dt

1.=

(13.65)

which yields
iﬂ(t):%[l—e%] for 0<r<t, (13.66)
During the switch off-period, when v,=V;
Lﬂ +Ri +V =E
dt ’

which, after shifting the zero time reference to #7, gives

i,)(z):EI;V* [17677}}@77 for 0<r<r -1,  (13.67)
where }:E(l—e%) (A)
R (13.68)
and =0 A
After t,, v,(t)=F and the load current is zero, that is
i(1)=0 for ¢ <t<T (13.69)

The output ripple current, for discontinuous conduction, is dependent of the back
emf £ and is given by equation (13.68),

~E B
I F:I:E[l—e’] (13.70)

The average switch current, 7., , can be derived by integrating the switch current

> L switch

given by equation (13.66), that is
- 1o,
T = ?j i (t)dt

0

Ll Ef 7
_TL[R{1 e j]dt (13.71)

_9E_1;
R T
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The term =1 »-p18 the peak-to-peak ripple current, which is given by equation
(13.70). By Kirchhoff’s current law, the average diode current [, is the
difference between the average output current /, and the average switch current,

1. , that is

Idmdu = 7,, _Ym-u(»/,
t
oV, —=(V,-E) .
1 V oE. T (13.72)
R R T
l‘ — —
T R

The average diode current can also be found by integrating the diode current given
in equation (13.67), as follows

Lipse :i_[w EV (e |4ie |ar
T4 R

13.
[L\_é‘)([{\_E) (13.73)
s \r
T R
The power produced by the back emf source E is
P, =EI (13.74)
The power delivered to the dc source V is
B =Vli,, (13.75)

Alternatively, the difference between the two powers is the power lost in the load
resistor, R, that is

P,=P +I R
7 7 13.76
I = El - V\ ! diode ( )
The efficiency of energy transfer between the back emf and the dc source is
B Vil
p=—t=le (13.77)
P E],

Example 13.4:  Second-quadrant DC chopper — continuous conduction

A dc-to-dc chopper capable of second-quadrant operation is used in a 200V dc
battery electric vehicle. The machine armature has 1 ohm resistance and 1mH
inductance.

i. The machine is used for regenerative braking. At a constant speed
downhill, the back emf is 150V, which results in a 10A braking
current. What is the switch on-state duty cycle if the machine is
delivering continuous output current? What is the minimum chopping
frequency for these conditions?
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ii. At this speed, (that is, E=150V), determine the minimum duty cycle for
continuous inductor current, if the switching frequency is 1kHz. What
is the average braking current at the critical duty cycle? What is the
regenerating efficiency and the rms machine output current?

iii. If the chopping frequency is increased to SkHz, at the same speed, (that is,
E=150V), what is the critical duty cycle and the corresponding
average machine current?

Solution

The main circuit operating parameters are
e V=200V
e E=150V

e load time constant 7 = L/R = |H/1Q = Ims

Conducting devices

T, Dy, D4

~I

Vo

e
[ S P,
|
|
R S (R, U —

10 1mH [+150v Vs

7,

-~

Figure Example 13.4. Circuit diagram and waveforms.

i. The relationship between the dc supply V; and the machine back emf E is given
by equation (13.47), that is
- E-V, E-V(1-9)

1, =
R R
150V - 200V x (1 -
10A = 50 00 ><( 8)
1Q
that is

5=03 = 30% and V, =140V
The expression for the average machine output current is based on continuous
armature inductance current. Therefore the switching period must be shorter than
the time ¢, predicted by equation (13.62) for the current to reach zero, before the
next switch on-period. That is, for #,=T and 6=0.3
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E o
l-e-
=0l
This simplifies to

-0.3T
1:0.3+1$5n[1+&(1_6m N

t, =t,+r€n[l+

200V - 150V

T =4 -3¢0
Iteratively solving this transcendental equation gives 7= 0.4945ms. That is the
switching frequency must be greater than f; =1/T = 2.022kHz, else machine output
current discontinuities occur, and equation (13.47) is invalid. The switching
frequency can be reduced if the on-state duty cycle is increased as in the next part
of this example.

ii. The operational boundary condition giving by equation (13.61), using T=1/f;
=1/1kHz = 1ms, yields
~Tey

_l-e

E
v Ea
Ve

(5-1)<1ms

150V l-e '™

= T dams
200V

Solving gives 0=0.357. That is, the on-state duty cycle must be at least 35.7% for
continuous machine output current at a switching frequency of 1kHz.

For continuous inductor current, the average output current is given by equation
(13.47), that is

7BV E-V.(1-6)
R R
_150V-¥, _ 150V -200Vx(1 -0.357)
e 10
¥, =150V - 21.4Ax1Q = 128.6V

The average machine output current of 21.4A is split between the switch and the
diode (which is in series with V).
The diode current is given by equation (13.54)

=21.4A

Ly =1, —1
_ %( i }]_W

The minimum output current is zero while the maximum is given by equation

(13.68).
A i 0357x1ms
[:E l-e- BV, l-e ™ | =450A
1Q

R
Substituting into the equation for the average diode current gives

T, =lﬂx(45.0A ) OA) ) (ZOOV - 150V)><(1 - 0.357)
Ims 1Q

=12.85A
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The power delivered by the back emf E is
P.=ET,= 150Vx21.4A = 3210W
While the power delivered to the 200V battery source V is
B, = V. Liie =200Vx12.85A = 2570W

The regeneration transfer efficiency is
B, 2570W

P 3210W

The energy generated deficit, 640W (3210W - 2570W)), is lost in the armature
resistance, as I’R heat dissipated. The output rms current is

I, = P_ [ =253Arms
R 1Q

iii. At an increased switching frequency of SkHz, the duty cycle would be
expected to be much lower than the 35.7% as at 1kHz. The operational boundary
between continuous and discontinuous armature inductor current is given by
equation (13.61), that is

=80.1%

=T+t

E l-e*
v =z
Vol
(-1+8)x0.2ms
150V _1-¢ ™
02ms
200V

which yields 0 =26.9% .
The machine average output current is given by equation (13.47)

- E-V, E-V(1-9)

I,
R R
-7, 150V -200Vx(1 - 0.269
_150v-7, _ ( ):3'8A
10 1Q
such that the average output voltage 7, is 146.2V.

»

13.4 Two-quadrant dc chopper - Q I and Q II

Figure 13.8 shows the basic two-quadrant dc chopper, which is basically a
reproduction of the circuit in figure 13.2c. Depending on the load and operating
conditions the chopper can seamlessly change between and act in two modes

e Devices T, and D, form the first-quadrant chopper shown in figure 13.2a,
and analysed in section 13.2. Energy is delivered from the dc source V; to
the R-L-E load.

e Devices T, and D; form the second-quadrant chopper shown in figure
13.2¢, which is analysed in section 13.3. Energy is delivered from the
generating load dc source E, to the dc source V.

The two independent choppers can be readily combined as shown in figure 13.8a.
The average output voltage 7, and the instantaneous output voltage v, are never
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negative, whilst the average source current of V; can be positive (Quadrant I) or
negative (Quadrant II). If the two choppers are controlled to operate independently,
with the constraint that T; and T, do not conduct simultaneously, then the analysis
in sections 13.2 and 13.3 are valid. Alternately, it is not uncommon the unify the
operation of the two choppers, as follows.
If the chopper is operated such that the switches T, and T, act in a complementary
manner, that is either T, or T, is on, then some of the independent flexibility
offered by each chopper is lost. Essentially the consequence of complementary
switch operation is that no extended zero current periods exist in the output, as
shown in figures 13.8a and b. Thus the equations describing the features of the
first-quadrant chopper in section 13.2.1, for continuous load current, are applicable
to this chopper, with slight modification to account for the fact that both the
minimum and maximum currents can be negative.
The analysis for continuous inductor current in section 13.2 is valid, but the
minimum current is not restricted to zero. Consequently four possible output
modes can occur, depending on the relative polarity of the maximum and minimum
currents shown in figure 18.8b and c.
i, 1>0,7>0and 7,>0
When the minimum current (hence average output current) is greater than zero,
the chopper is active in the first-quadrant. Typical output voltage and current
waveforms are shown in figure 13.3a. The switch T, and diode D; do not
conduct during any portion of the operating period.
ii. 7<0,7>0and 7,>0
When the minimum current is negative but the maximum positive current is
larger in magnitude, then for a highly inductive load, the average output current
is greater than zero, and the chopper operates in the first-quadrant. If the load is
not highly inductive the boundary is determined by the average output
current 7, >0. The various circuit waveforms are shown in figure 13.8b.
iii. 7<0, 7>0and 7,<0
For a highly inductive load, if the magnitude of the negative peak is greater
than the positive maximum, the average is less than zero and the chopper is
operating in the regenerative mode, quadrant II. If the load is not highly
inductive the boundary is determined by the average output current 7, <0.
iv. 1<0,7<0and 7,<0
When the maximum current and the average current are both negative, the
chopper is operational in the second-quadrant. Since the load current never
goes positive, switch Ty and diode D, never conduct, as shown in figure 13.8c.
In all cases the average output voltage is solely determined by the switch T, on-
time duty cycle, since when this switch is turned on the supply V; is impressed
across the load, independent of the direction of the load current. When i, > 0,
switch T, conducts while if i, < 0, the diode in parallel to switch T,, namely D,
conducts, clamping the load to V.
The output voltage, which is independent of the load, is described by

V. for 0<t<t,
v,(1)= (13.78)
0 for ¢ <t<T
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D; T, D, T2 Dy

Vo

~

~

to t

o~
~i

(b) (c)
Figure 13.8. Two-quadrant (I and II) dc chopper circuit where v,>0:
(a) basic two-quadrant dc chopper; (b) operation and waveforms for quadrant I;
and (c) operation and waveforms for quadrant II, regeneration into Vs.
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Thus
V =if”V\dt=L’V‘=5V~ (13.79)
TYo T

The rms output voltage is also determined solely by the duty cycle,

Voo gl a)
70 (13.80)
5y

The output ac ripple voltage, hence ripple factor are given by equations (13.3) and
(13.5), and are independent of the load:

V.= V2 =V =V 5(1-5) (13.81)

1

and

RF =—+=

-1 (13.82)

N|=
S,

The Fourier series for the load voltage can be used to determine the load current at
each harmonic frequency as described by equations (13.6) to (13.10).

The time domain differential equations from section 13.2.1 are also valid, where
there is no zero restriction on the minimum load current value.

In a positive voltage loop, when v,(z)=V, and V; is impressed across the load, the
load circuit condition is described by

i“(t):V‘;aE[l—e%]Jr}e% for 0<r<t, (13.83)
During the switch off-period, when v,=0, forming a zero voltage loop
i”(t):—%(l—e%)-#}e% for 0<t<T-t (13.84)
where
where }:K 176; - % (A)
et (13.85)
and 1=0e = % )

e -1
The peak-to-peak ripple current is independent of £,
-7 ~(1-9)r

V. (d-e )(-e ")

= (13.86)

l-e”
The average output current, 7, , may be positive or negative and is given by

1 V,-E
L=7], 11,(1)5”2( % (13.87)
_(ov.-E) )

The direction of the net power flow between £ and V; determines the chopper
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operating quadrant. If ¥, > E then average power flow is to the load, as shown in
figure 13.8b, while if ¥, < E, the average power flow is back into the source V;, as
shown in figure 13.8c.

VI ==+I R+EI, (13.88)
Thus the sign of /, determines the direction of net power flow, hence quadrant of
operation.
Calculation of individual device average currents in the time domain is
complicated by the fact that the energy may flow between the dc source ¥ and the
load via the switch T, (energy to the load) or diode D, (energy from the load). It is
therefore necessary to ascertain the zero current crossover time, when 7and  have
opposite signs, which will then specify the necessary bounds of integration.
Equations (13.83) and (13.84) are equated to zero and solved for the time at zero
crossover, t,7 and t,p, respectively, shown in figure 13.8b.

t,=1ln 1—i with respect to £ = 0
V.-E

(13.89)

IR
t, =7 ﬂn[H?] with respect to £ = ¢,

The necessary integration for each device can then be determined with the aid of
the device conduction information in the parts of figure 13.8 and Table 13.1.

Table 13.1 Device average current ratings

Device and integration bounds, a to b }>0,}>0 }>0,}<0 }<0,}<0

_ Wy - ERN

Jll:ij' V-E l—e® |+1e"dt 0tor, t,tot, 0to 0
T4« R

_ 1 oV —E EA-3

Im:—j : l—e” |+1edt 0to 0 Otor, Otot,
T7o R

_ 1¢¢ E S\ oA

In=—| ——|1-e" |+Ie"dt 0to 0 t,toT-t, OtoT-t,
T« R

- 1¢» E -t =

Imzfj —Zli—e |+Ie7dt | 0toT-1, Otor, 0to 0
TJ0 R

The electromagnetic energy transfer efficiency is determined from

U—E—I," for Z,> 0
(13.90)

for Z,< 0

v
”_Kf
EI,
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Example 13.5:  Two-quadrant DC chopper with load back emf

The two-quadrant de-to-dc chopper in figure 13.8a feeds an inductive load of 10
ohms resistance, 50mH inductance, and back emf of 100V dc, from a 340V dc
source. If the chopper is operated at 200Hz with a 25% on-state duty cycle,
determine:

i the load average and rms voltages;
ii. the rms ripple voltage, hence ripple factor;
iil. the maximum and minimum output current, hence the peak-to-peak
output ripple in the current;
iv. the current in the time domain;
v. the current crossover times, if applicable;
vi. the load average current, average switch current and average diode
current for all devices;
vii. the input power, hence output power and rms output current;
viii. effective input impedance and electromagnetic efficiency; and
ix. Sketch the circuit, load, and output voltage and current waveforms.
Subsequently determine the necessary change in
x.  Duty cycle 0 to result in zero average output current and

xi.  Back emf E to result in zero average load current

Solution
The main circuit and operating parameters are
e on-state duty cycle o ="
e period 7= 1/f;= 1/200Hz = 5Sms
e on-period of the switch 7= 1.25ms
e load time constant 7 = L/R = 0.05H/10Q = 5ms

Figure Example 13.5. Circuit diagram.

i. From equations (13.79) and (13.80) the load average and rms voltages are
v, =y 120340y — vaaov = 85V
T Sms
V., =8 V=V x340V = 170V 1ms

ii. The rms ripple voltage, hence ripple factor, from equations (13.81) and (13.82)
are




DC choppers 386

Vo=V =V =V\5(1-5)
=170°- 85 =340V, Vax (1 - %) = 1472V

rr=te Lo /L2
A o Ya

iii. From equations (13.85) and (13.86), the maximum and minimum output
current, hence the peak-to-peak output ripple in the current are given by

-1.25ms

;:V l_e;, B E7340V><l-e-‘;‘: : 100V ~ 1.90A
R._Z R 100 100
l-e l1-e
s |?.511|5
}=ﬂer_1 _ E:MXET'I . 100V _4.38A
R - R 10Q T 10Q
e’ —1 e -1

The peak-to-peak ripple current is therefore Ai, =1.90A - - 4.38A = 6.28A p-p.
iv. The current in the time domain is given by equations (13.83) and (13.84)
V -E B
i(1)== [1—e7 j+le’
R

_340V-100V () e s
10Q

:24{1-5] -438xe™
=24-28.38xe™ for 0<¢<1.25ms

i”(t):—%(l—e%)-#}e%

=—100V>< 1—@ﬁ Jr1.90><eﬁ
10Q

:—10x(1—e47j+1.90xeﬁ
—_10+11.90xe™  for 0<¢<3.75ms

v. Since the maximum current is greater than zero (1.9A) and the minimum is less
that zero (- 4.38A), the current crosses zero during the switch on-time and off-time.
The time domain equations for the load current are solved for zero to give the cross
over times .7 and f,p, as given by equation (13.89), or solved from the time domain
output current equations as follows.

During the switch on-time

387 Power Electronics

i ()= 24-2838x¢7™ =0 where 0<7=r, <1.25ms

=0.838ms

t,=5msx/n
During the switch off-time

i (t)=—10+11.90><e§ =0 where 0<t=¢, <3.75ms

=0.870ms

t ,=5msx/n

(1.250ms + 0.870ms = 2.12ms with respect to switch turn-on)

vi. The load average current, average switch current, and average diode current for

all devices;
7 B vy

(85V - 100vy _
o =-15A

When the output current crosses zero current, the conducting device changes.
Table 13.1 gives the necessary current equations and integration bounds for the
condition 7 > 0,7 < 0. Table 13.1 shows that all four semiconductors are involved
in the output current cycle.

_ WV —E BNV
1,.:1'[ VB & vierar
TYw R

=L ™ 04 2838w e dr = 0.081A
Sms ¥ 0:838ms
- N wV-E(, =) vz
Im:—j 2 et |+Terat
7)o R
1 osims =N
=— [ 24-2838xemdr =~ 0.357A
Sms o
— 1 o E = At
h;:—jr A lera
74w R
1 s -
= [ 10 411.90x e dr = ~1.382A
Sms o 0870ms

= lpw Ef, =) a2
m:—j “Zl-e |+Ic7at
74 "R
1 0.870ms

- ~10411.90% e dr = 0.160A
ms ¥ ¢

Check 1o+ I+ Ioi+1r2+ 102 =- 1.5A +0.080A - 0.357A - 1.382A + 0.160A =0
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vii. The input power, hence output power and rms output current;
P=B, =V =V (In+1n)

=340Vx(0.080A - 0.357A) =-95.2W, (charging V)
P, =P = EI =100V x (—I.SA) =-150W, that is generating 150W

From
VI =1 R+EI,

\/P -P,__ [150W-92.5W

out in

I =
R \ 10Q

=2.34A mms

Conducting devices
Dy T+ D, T, Dy Ti D T,

vo A
--------- 340V
E 100v
v, 85V
° >
t
fo A
A 1.9A
[ t
_o >
I, (_)fo -1.5A
X1
-4.38A =0.87ms I
= A
1.9A
, t
1, : =.0.28A
2.12ms
i ta -4.38A
tr=1.25ms T =5ms

Figure Example 13.5. Circuit waveforms

viii. Since the average output current is negative, energy is being transferred from
the back emf E to the dc source Vj, the electromagnetic efficiency of conversion is
given by
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n= V\{‘ for Z,<0
_ 952W —63.5%
150W
The effective input impedance is
z -L__V ¥V 4o

7. Tn+lm 0.080A - 0357A

ix. The circuit, load, and output voltage and current waveforms are sketched in the
figure for example 13.5.

x. Duty cycle d to result in zero average output current can be determined from the
expression for the average output current, equation (13.87), that is

L VE
R
that is
J:E:M =29.4%
V. 340V

xi. As in part X, the average load current equation can be rearranged, this time to
give the back emf E that results in zero average load current
_  OV.-E
I, =——=0
R
that is
E =6V, =Yix340V = 85V
»

13.5 Two-quadrant dec chopper - Q 1 and Q IV

The unidirectional current, two-quadrant dc chopper, or asymmetrical half H-
bridge shown in figure 13.9a incorporates two switches T, and T4 and two diodes
D, and Ds. In using switches T, and T4 the chopper operates in the first and fourth
quadrants, that is, bi-directional voltage output v, but unidirectional current, i,.

The chopper can operate in two quadrants (I and IV), depending on the load and
switching sequence. Power can be delivered to the load, or received from the load
provided the polarity of the back emf E is reversed. Because of this need to reverse
the back emf for regeneration, this chopper is not commonly used in dc machine
control. On the other hand, the chopper circuit configuration is commonly used to
meet the converter requirements of the switched reluctance machine, which only
needs unipolar current to operate. Also see chapter 15.5 for an smps variation.

The asymmetrical half H-bridge chopper has three different output voltage states,
where one state has redundancy. Both the output voltage v, and output current i,
are with reference to the first quadrant arrows in figure 13.9.




(a)

Conducting devices
T T D, Ty T T D, T, D, D, D T4 D, D

D; Ts Ts Ts D; Ts Ts D; Ds T, D; D; D; T,
\ N N /N
LN N TN 7 N
[ N / N\
'\ yt AN \ / \
% | | | %
AN AN N N ’ \
5 2N ‘
| N/ | ] N / |
oL MM Y h A
1 — 1 |
Ti | Tyon T, off T,on T, T, off T,on T, off
i i i '
i i i
T4 T,
T,on T, off T,on 4 T, off T,on T, off

(c) (b)
Figure 13.9. Two-quadrant (I and IV) dc chopper (a) circuit where i,>0: (b)
operation in quadrant 1V, regeneration into Vs; and (c) operation in quadrant I.

State #1
When both switches T, and T, conduct, the supply V; is impressed across the
load, as shown in figure 13.10a. Energy is drawn from the dc source V5.

T, and T, conducting: vy=V;
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State #2
If only one switch is conducting, and therefore also one diode, the output
voltage is zero, as shown in figure 13.10b. Either switch (but only one on at
any time) can be the on-switch, hence providing redundancy, that is

T, and D; conducting: v,=0

T, and D, conducting: v,=0

State #3
When both switches are off, the diodes D, and D; conduct load energy back
into the dc source ¥, as in figure 13.10c. The output voltage is -V, that is

T, and T, are not conducting: vy= -V

(a) (b) (c)
Figure 13.10. Two-quadrant (I and 1V) dc chopper operational current paths:
(a) T; and T, forming a +Vs path; (b) T, and Ds (or T, and D,) forming a zero
voltage loop; and (c) D, and Ds creating a -Vs path.

The two zero output voltage states can most effectively be used if alternated during
any switching sequence. In this way, the load switching frequency (load ripple
current frequency) is twice the switching frequency of the switches. This reduces
the output current ripple for a given switch operating frequency (which minimises
the load inductance necessary for continuous load current conduction). Also, by
alternating the zero voltage loop, the semiconductor losses are evenly distributed.
Specifically, a typical sequence to achieve this feature would be

T, and Ty Vs

T, and D5 0

T, and Ty s

T4 and D, 0 (not Ty and D5 again)
T, and T, Vs

T, and D5 0, etc.

The sequence can also be interleaved in the regeneration mode, when only one
switch is on at any instant, as follows

D, and D3 -V (that is T, and T, off)
T, and D3 0

D, and D; -V

T4 and D, 0 (not T, and Dj; again)
D, and D; -V

T, and D; 0, etc.
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In switched reluctance motor drive application there may be no alternative to using
only £V control loops without the intermediate zero voltage state.
There are two basic modes of chopper switching operation.
e Multilevel switching is when both switches are controlled independently
to give all three output voltage states, namely +V; and OV.
e Bipolar switching (or two level switching) is when both switches operate
in unison, where they turn on together and off together. Only two voltage
output states (hence the term bipolar), are possible, +V; and — V.

13.5.1 dc chopper:— Q I and Q IV — multilevel output voltage switching

The interleaved zero voltage states can be readily achieved if the control carrier
waveforms for the two switches are displaced by 180°, as shown in figure 13.9b
and c, for continuous load current. This requirement can be realised if two up-
down counters are displaced by 180°, when generating the necessary triangular
carriers.  As shown in figures 13.9b and c, the switching frequency 1/7; is
determine by the triangular wave frequency 1/27, whilst advantageously the load
experiences twice that frequency, 1/7, hence the output current has reduced ripple,
for a given switch operating frequency.
i 0so<%
It can be seen in figure 13.9b that when 0 < ;2 both switches never conduct
simultaneously hence the output voltage is either 0 or -¥;. Operation is in the
fourth quadrant. The average output voltage is load independent and for 0 < < Y4,
using the waveforms in figure 13.9b, is given by

= 1¢r7 _ V _ [T

v, TI/, Vodi=—+(T~1,) I{(l T] (13.91)
Examination of figure 13.9b reveals that the relationship between #7 and & must
produce

when 6=0,7, =T and v, =V,
when 6 =',¢, =0and v, =0
that is
s=nl
T

(the period of the carrier, 27, is twice the switching period, 7) which after
substituting for 7 /T in equation (13.91) gives

7, =—K[1—’4]
T (13.92)

=-V.(1-26)=V,(26-1) for 0<5<V
Operational analysis in the fourth quadrant, 6 < '3, is similar to the analysis for the
second-quadrant chopper in figure 13.2b and analysed in section 13.3. Operation
is characterised by first shorting the output circuit to boost the current, which on
removing the output short, forces current back into the supply ¥, via a freewheel
diode. The characteristics of this mode of operation are described by the equations
(13.48) to (13.77) for the second-quadrant chopper analysed in 13.3, where the
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output current may again be continuous or discontinuous. The current and voltage
references are both reversed in translating equations applicable in Q II to Q IV.
ii. 2<0<1
As shown in figure 13.9c, when 6 > 2 and operation is in the first quadrant, at least
one switch is conducting hence the output voltage is either +¥; or 0. For continuous
load current, the average output voltage is load independent and for 2 < Jd < I is
given by

v :ij"dezﬁz (13.93)

¢ Tdo * T :
Examination of figure 13.9¢ reveals that the relationship between fr and & must
produce
when 6 =',t, =0and v, =0

when §=1,¢, =T and v, =V,

5:'/{i’+1j
T

which on substituting for 77 /7 in equation (13.93) gives
V. =K%’=I{(25—1) for h<s<l (13.94)

that is

Since the average output voltage is the same in each case (0 < ¢ < 1), the output
current mean is given by the same expression, namely
V.—E V(256-1)-E
R R

Operation in the first quadrant, J > %, is characterised by the first-quadrant chopper
shown in figure 13.2a and considered in section 13.2 along with the equations
within that section. The load current can be either continuous, in which case
equations (13.6) to (13.23) are valid; or discontinuous in which case equations
(13.24) to (13.43) are applicable. Aspects of this mode of switching are extended in
section 13.5.3.
In applying the equations for the chopper in section 13.2 for the first-quadrant
chopper, and the equations in section 13.3 for the second-quadrant chopper, the
duty cycle in each case is replaced by

e 20 -1 in the case of J > Y for the first-quadrant chopper and

e 20 in the case of 0 < % for the fourth-quadrant chopper.
This will account for the scaling and offset produced by the triangular carrier
signal decoding.

1, = (13.95)

13.5.2 dc chopper: — Q I and Q IV — bipolar voltage switching

When both switches operate in the same state, that is, both switches are on
simultaneously or both are off together, operation is termed bipolar or two level
switching.
From figure 13.11 the chopper output states are

e Tyand T,on v, = Vs

e Tiand T, off Vvo=-V;
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From figure 13.11, the average output voltage is

V. :%(J':I{ dt+‘[‘: -7, dt)

(13.96)
Vi
:F(t, —T+t,):(2§—1)K
The rms output voltage is independent of the duty cycle and is V.
The output ac ripple voltage is
Vo=Vo.-V;
(13.97)

=V -(26-1) 2 =2 [5(1-0)

which is a maxima at 0 = ', and a minima for 6 =0 and d = 1.

(@

Conducting devices

Ty  D2v Ty + D2y Ty D
Te D3y To 1Dy} T4 |Ds
1 | | H |
Io ' ' ' ' '
\ \
) . ) | )
| I | | |
A AL\ o\
| 0 i | T
| | | | |
| ! | b |
1 T Yo
Lo o it
° 1 N N | N
-+ T = ' ' '
Ve | \ | | |
| I | | |
| | | | |
| | | | |
Vs V
obm=d——p———b -4t
. t
v, ~< tr > L
(b)

Figure 13.11. Two-quadrant (I and 1V) dc chopper operation in the bipolar output
mode: (a) circuit showing load components and (b) chopper output waveforms.
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RF=7’=2V\ /5(1—5)

The output ripple factor is

V.
v, (26-1)V.

(13.98)

2,[5(1-5)
T (26-1)

Although the average output voltage may reverse, the load current is always
positive but can be discontinuous or continuous. Equations describing bipolar
output are presented in the next section, 13.5.3, which considers multilevel output
voltage switching states.

13.5.3 Multilevel output voltage states, dc chopper

In switched reluctance machine drives it is not uncommon to operate the
asymmetrical half H-bridge shown in figure 13.9 such that

e both switches operate in the on-state together to form +7 voltage loops;

e switches operate independently the give zero voltage loops; and

e both switches are simultaneously off, forming —J voltage output loops.
The control objective is to generate a current output pulse that tracks a reference
shape which starts from zero, rises to maintain a fixed current level, with
hysteresis, then the current falls back to zero. The waveform shown in figure 13.12
fulfils this specification.

The switching strategy to produce the current waveform in figure 13.12 aims at:

e For rising current:- use +# loops (and zero volt loops only if necessary)

e For near constant current:- use zero voltage loops (and +V loops only if

necessary to increase or decrease the current)

e For falling current:- use — ¥ loops (and zero volts loops only if necessary)
Operation is further characterised by continuous load current during the pulse.
Energy is supplied to the load from the source during +¥ loops, and returned to the
supply during —V loop periods.

The chopper output current during each period is described by equations
previously derived in this chapter, but reproduced as follows.

In a positive voltage loop, (T, and T, are both on), when v,(#)=V; and 7 is
impressed across the load, the load circuit condition is described by

Lﬂ‘FR[”‘FE =V,
dt

which yields
_E 2\ vz

i,,(z):VT(l—erjuef for 0<t<tt (13.99)
During the first switching cycle the current starts from zero, so 1=0.
Otherwise / is the lower reference, I~ , from the previous cycle.
The current at the end of the period is the reference level I*, whilst the time to rise
to I" is derived by equating equation (13.99) to /" and solving for time ¢" at the end
of the period. Solving i,(t")=1I" fort", gives
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Conducting devices

Ty T T D, . T4, T, D,
Ta D; T, T, T, Dy T, D;
7 r
i
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Q0 ——
1.1 /1 '
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0
t
-1,
Vs —) M— —
Vo
°T
-V,

Figure 13.12. Two-quadrant (I and 1V) dc chopper operation in a multilevel
output voltage mode.

t =7ln w (13.100)
V-E-I'R

In a zero voltage loop, when v,(?)=0, such as circuit loops involving T, and D; (or
T4 and D,), the circuit equation is given by

L LA +Ri +E=0
dt
which gives
E ) A
iﬁ(z):—;[l—e'j+1e' for 0<r<¢ (13.101)
where 7 equals the reference current level, I* from the previous switching period.
The current at the end of the period is the reference level I, whilst the time to fall

to I~ is given by equating equation (13.101) to I~ and solving for time, ¢ at the
end of the period.

E+IR
E+IR

=1ln (13.102)
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In a negative voltage loop, when both switches T, and T, are off, the current falls
rapidly and the circuit equation, when v,(2)= -V is

L%JrRiaJrE:—I{
dt

which gives

i”(z):_ER_V‘[l—e7J+}eT for 0<r<r  (13.103)

where | equals the reference current level, I from the previous switching period.
The current at the end of the period is I, whilst the time to reach I~ is given by
equating equation (13.101) to /~ and solving for time ¢~ at the end of the period.

V+E+IR

t =tln| ————
V+E+I'R

(13.104)
The same equation is used to determine the time for the final current period when
the current decays to zero, whence 1™ = 0.

The characteristics and features of the three output voltage states are illustrated in
the following example, 13.6.

Example 13.6:  Asymmetrical, half H-bridge, dc chopper

The asymmetrical half H-bridge, dc-to-dc chopper in figure 13.9 feeds an inductive
load of 10 ohms resistance, 50mH inductance, and back emf of 55V dc, from a
340V dc source. The chopper output current is controlled in a hysteresis mode
within a current band between limits SA and 10A. Determine the period of the
current shape shown in the figure example 13.6,

i. when only £V loops are used and

ii. when a zero volt loop is used to maintain tracking within the SA band.
In each case calculate the switching frequency if the current were to be maintained
within the hysteresis band for a prolonged period.
How do the on-state losses compare between the two control approaches?

Solution
The main circuit and operating parameters are

e E=55VandV, =340V

e load time constant 7 = L/R = 0.05H/10Q = 5ms

o ["=10Aand/ =5A
Examination of the figure shows that only one period of the cycle differs, namely
the second period, ¢, where the current is required to fall to the lower hysteresis
band level, -5A. The period of the other three regions (¢, t;, and #,) are common
and independent of the period of the second region, 7,.
t;: The first period, the initial rise time, £ = ¢, is given by equation (13.100), where
I'=10A and [ = 0A.

V. -E-IR

t=1ln| >—-—
V-E-T'R
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340V - 55V - 0Ax10Q
340V - 55V - 10Ax10Q

t;: In the third period, the current rises from the lower hysteresis band limit of SA
to the upper band limit 10A. The duration of the current increase is given by
equation (13.100) again, but with /= [ =5A.

thatis £=5msx én( ) =2.16ms

N v -E-IR
t'=tln| ——-—-—
V—E-I'R

340V - 55V - 5Ax10Q

thatis ¢=5msxn| ———————
’ 340V - 55V - 10Ax10Q

j =1.20ms

Conducting devices

T4 DTy Ty D,
T4 D; |\ Ts D;
,,,,,,,,,,,,,,,,,,, B A S— 10A
5A
/t1 t; t; t
O ——
/ 10A t
is 5A
1.13ms
t
2.16ms .2m:
0.53ms
1.95ms
-10A
Vs — +340V
7
A oy =4~ ————E=s5v
o —_——
t t |t t t
v
V. JJoop, 340V
To

Figure Example 13.6. Circuit waveforms.

t;: The fourth and final period is a negative voltage loop where the current falls
from the upper band limit of 10A to I~ which equals zero. From equation (13.104)
with 7 =I'=10A and /"= 0A
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v +E+IR

t =tlnf ———
V.+E+I R

340V + 55V + 10A%10Q
340V + 55V + 0AX10Q
The current pulse period is given by
T, =t,+t,+1,+1,
=2.16ms + ¢,+ 1.20ms + 1.13ms
=4.49ms +1t,
i. t;2  When only -V paths are usedﬂto decrease the current, the time ¢, is given by
equation (13.104), with /~=5A and 7 =10A,
V+E+IR
V+E+IR

that is t4:5msx£n( ) =1.13ms

t =tln

340V + 55V + 10A%10Q
340V + 55V + 5Ax10Q
The total period, 7}, of the chopped current pulse when a 0V loop is not used, is
T, =t+t,+1+1,
=2.16ms + 0.53ms + 1.20ms + 1.13ms = 5.02ms

ii. ;'  When a zero voltage loop is used to maintain the current within the
hAysteresis band, the period time 7, is given by equation (13.102), with / = 5A and
7=10A,

thatis #,= Smsx [n( ) =0.53ms

E+IR
E+IR

t’ =tln

55V + 10Ax10Q
55V + 5Ax10Q

The total period, 7}, of the chopped current pulse when a 0V loop is used, is

T,=t,+t,+t,+t,

=2.16ms + 1.95ms + 1.20ms + 1.13ms = 6.44ms

The current falls significantly faster within the hysteresis band if negative voltage
loops are employed rather that zero voltage loops, 0.53ms versus 1.95ms.
The switching frequency within the current bounds has a period #, + ¢;, and each
case is summarized in the following table.
Using zero voltage current loops reduces the switching frequency of the H-bridge
switches by a factor of almost four, for a given peak-to-peak ripple current.
If the on-state voltage drop of the switches and the diodes are similar for the same
current level, then the on-state losses are similar, and evenly distributed for both
control methods. The on-state losses are similar because each of the three states
always involves the same current variation flowing through two semiconductors.
The principal difference is in the significant increase in switching losses when only
+V loops are used (1:3.42).

thatis £,=5msx (’n[ ] =1.95ms
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Table Example 13.6. Switching losses.

Voltage o+t Current ripple Switch Switch loss
loops 2T s frequency frequency ratio

0.53ms+1.20ms 578
— =342

vV = 1.73ms 578Hz 578Hz 169

+V and zero | 199MStL.20ms 317Hz 169Hz 1
= 3.15ms
L)

13.6 Four-quadrant dc chopper

The four-quadrant H-bridge dc chopper is shown in figure 13.13 where the load
current and voltage are referenced with respect to T), so that the quadrant of
operation with respect to the switch number is persevered.

The H-bridge is a flexible basic configuration where its use to produce single-
phase ac is considered in chapter 14.1.1, while its use in smps applications is
considered in chapter 15.8.2. It can also be used as a dc chopper for the four-
quadrant control of a dc machine.

With the flexibility of four switches, a number of different control methods can be
used to produce four-quadrant output voltage and current (bidirectional voltage and
current). All practical methods should employ complementary device switching in
each leg (either T, or T4 on but not both and either T, or T; on, but not both) so as
to minimise distortion by ensuring current continuity around zero current output.
One control method involves controlling the H-bridge as two virtually independent
two-quadrant choppers, with the over-riding restriction that no two switches in the
same leg conduct simultaneously. One chopper is formed with T, and T, grouped
with D, and D;, which gives positive current i, but bidirectional voltage +v, (QI
and QIV operation). The second chopper is formed by grouping T, and T; with D,
and D, which gives negative output current -i,, but bi-direction voltage +v, (QII
and QIII operation).

i v

Figure 13.13. Four-quadrant dc chopper circuit, showing first quadrant i, and v,
references.

The second control method is to unify the operation of all four switches within a
generalised control algorithm.
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With both control methods, the chopper output voltage can be either multilevel or
bipolar, depending on whether zero output voltage loops are employed or not.
Bipolar output states increase the ripple current magnitude, but do facilitate faster
current reversal, without crossover distortion. Operation is independent of the
direction of the output current ,.

Since the output voltage is reversible for each control method, a triangular based
modulation control method, as used with the asymmetrical H-bridge dc chopper in
figure 13.9, is applicable in each case. Two generalised unified H-bridge control
approaches are considered.

13.6.1 Unified four-quadrant dc chopper - bipolar voltage output switching

The simpler output to generate is bipolar output voltages, which use one reference
carrier triangle as shown in figure 13.14 parts (c) and (d). The output voltage
switches between + ¥V and — V5 and the relative duration of each state depends on
the magnitude of the modulation index o.
If 6 = 0 then T, and T4 never turn-on since T, and T; conduct continuously
which impresses — V; across the load.
At the other extreme, if = 1 then T, and T, are on continuously and ¥ is
impressed across the load.
If 0 =% then T, and T4 are turned on for half of the period 7, while T, and Ts
are on for the remaining half of the period. The output voltage is — V; for half
of the time and + V for the remaining half of any period. The average output
voltage is therefore zero, but disadvantageously, the output current needlessly
ripples about zero (with an average value of zero).
The chopper output voltage is defined in terms of the triangle voltage reference
level v, by
>0 v=-V
o <O V=1V
From figure 13.14c and d, the average output voltage varies linearly with ¢ such
that

V= %(J.(+V dt+_[”T v dt)

=1(2t,—T)K:(2’i—1]K
T T

Examination of figures 13.14c and d reveals that the relationship between ¢ and &
must produce

(13.105)

when 6=0,7, =0and v, =V,

when 6 =Y,t, ='AT and v, =0
when 6 =1,¢t, =T and v, =+V,
that is
sot
T
which on substituting for 77 /T in equation (13.105) gives




DC choppers 402

, =[21’— ]K
T (13.106)

=(26-1)¥, for 0<5<1
The average output voltage can be positive or negative, depending solely on J. No
current discontinuity occurs since the output voltage is never zero. Even when the
average is zero, ripple current flows though the load.
The rms output voltage is independent of the duty cycle and is V.
The output ac ripple voltage is

Vo=Vo -V}
=i-(s-1r: =2v,J5(1-5)
The ac ripple voltage is zero at 6 = 0 and J = 1, when the output voltage is pure dc,
namely - V or Vj, respectively. The maximum ripple voltage occurs at d = /2, when
V,=Vs
The output ripple factor is

(13.107)

v 2V8(1-0)

v (25—,
(13.108)
2,/6(1-5)
(26-1)
Circuit operation is characterized by two time domain equations
During the on-period for T1 and T4, when v,(1)=V;
Lﬂ‘f’ Ri+E=V,
dt
which yields
V -E A
i”(t):*T[l—e’j+Ie' for 0<r<t, (13.109)
During the on-period for T2 and T3, when v,()= - V
1 Ri By
which, after shifting the zero time reference to tr, gives
iu(t):—V‘;E(l—e%J-#}e% for 0<t<T—1, (13.110)

The initial conditions/ and / are determined by using the usual steady-state
boundary condition method.

E
where ;:Kl—Ze%-t—e -k (A)
R leer R
A o (13.111)
and }:Kﬂ _£E (A)
R — R

l-e
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Figure 13.14. Four—quadran£ dc chopper circuit waveforrgs: multilevel output
voltage (a) with V, > 0 and 1, > 0; (b) with V,<0and I, < 0; bipolar output
voltage (c) with V, > 0 and 1, > 0; (d) with V, < 0 and 1, < 0.
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The peak-to-peak ripple current is independent of load emf, E.
The mean output current is given by

?,,:(?" 7E%:((1_25)V\_E% (A) (13.112)

which can be positive or negative, as seen in figure 13.14c¢ and d.

Figures 13.14c and d show chopper output voltage and current waveforms for
conditions of positive average voltage and current in part (c) and negative average
voltage and current in part (d). Each part is shown with the current having a
positive maximum value and a negative minimum value. Such a load current
condition involves activation of all possible chopper conducting paths (sequences)
as shown at the top of each part in figure 13.14 and transposed to table 13.3A. The
table shows how the conducting device possibilities decrease if the minimum value
is positive or the maximum value is negative.

Table 13.3A. Four-quadrant chopper bipolar output voltage states

Conducting devices sequences
V<0 V>0
T D v T D,
Ts D; >0 Ts D,
V<0 V>0
Ty D, T D, I>0 T D, T D,
Ts Ds T3 Dy 1<0 Ts D, Ts Dy
V<0 V>0
T, Dy N T, Dy
Ts D, 1<0 Ts D,

If the minimum output current is positive, that is, ] is positive, then only
components for a first and fourth quadrant chopper conduct. Specifically T,, Ts,
Dy, and D4 do not conduct. Examination of figure 12.1é}c shows that the output
current conduction states are as shown in table 13.3A for />0.

If the output current never goes positive, that is / is negative, then T, T4, D5, and
D; do not conduct. The conducting sequence becomes as shown in table 13.3A
for /<0. Because the output is bipolar (+V), the average chopper output voltage,
¥V, does not affect the three possible steady state sequences. Table 13.3A shows
that the conducting devices are independent of the average output voltage polarity.
That is, the switching states are the same on the left and right sides of table 13.3A.
The transition between these three possible sequences, due to a current level
polarity change, is seamless. The only restriction is that devices in any leg do not
conduct simultaneously. This is ensured by inserting a brief dead-time between a
switch turning off and its leg complement being turned on. That is, dead-time
between the switching of the complementary pair (T,-T,), and in the other leg the
complementary pair is (T5-Ty ).
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13.6.2  Unified four-quadrant dc chopper - multilevel voltage output switching

In order to generate three output states, specifically +V; and 0V, two triangular
references are used which are displaced by 180° from one another as shown in
figure 13.14a and b. One carrier triangle is used to specify the state of Ty and T,
(the complement of T,), while the other carrier triangle specifies the state of
switches T; and Ty, (the complement of T3). The output voltage switches between
+V;, 0V, and —V; depending on the modulation index J, suchthat 0 <d<1. A
characteristic of the output voltage is that, depending on d, only a maximum of two
of the three states appear in the output, in steady-state.
If 6 = 0 then T, and T, never turn-on since T, and T; conduct continuously which
impresses —V across the load. As J increases from zero, the OV state appears as
well as the — ¥ state, the later of which decreases in duration as ¢ increases.
At 0 = Y% the output is zero since T, and T; (or T; and T4) are never on
simultaneously to provide a path involving the dc source. The output voltage is
formed by alternating OV loops (T; and T; on, alternating to T, and T4 on, etc.).
The average output voltage is therefore zero. The ripple current for zero voltage
output is therefore minimised and independent of any load emf.
At the extreme 6 = 1, T, and T, are on continuously and ¥ is impressed across the
load. As J is reduced from one, the OV state is introduced, progressively
lengthening to all of the period as J reaches 5.
The voltage output in terms of the triangular level v, reference is defined by
For 0<é <2
o V>0, v, =V
o V<0, v,=0
For 6="%
o Y >0,v,=0
o V<4, v,=0
For 2>02>1
o v >0,v,=0
e V<=V
# From figure 13.14b for d < ', the average output voltage varies linearly with §
such that

v =%(J‘:Odt+.[;—l/\dt)

~-1y (- JV

Examination of figure 13.14b reveals that the relationship between #; and 6 must
produce

(13.113)

when 6=0,7, =0and v, =V,
when 6 =",t, =T andv, =0
that is
s=nk
T

which on substituting for 77 /T in equation (13.113) gives
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V. =[’i—1] v,

T (13.114)
=(25-1) 7,

# From figure 13.14a for > ¥, the average output voltage varies linearly with §
such that

V= %(J.(V dt+J"r' Odt)

vk
T
Examination of figure 13.14a reveals that the relationship between #; and & must
produce

(13.115)

when 6 =%,t, =0and v, =0
when 6 =1,¢, =T and v, =V,

5:%(L’+1J
T

which on substituting for #7/7 in equation (13.115) gives

v, =(26-1)7, (13.116)
Since the same expression results for J < % with bipolar switching, the average
output current is the same for the range 0 <J <1, that is

71,:(V"7E%:((2571)V‘E% () (13.117)

which can be positive or negative, depending on J and the load emf, E.

Although the average voltage equations of the multilevel and bipolar controlled dc
choppers are the same, the rms voltage and ripple voltage differ, as does the peak-
to-peak output ripple current. Unlike the bipolar controlled chopper, the rms
voltage for the multilevel controlled chopper is not a single continuous function.

# For 0 <Y the rms load voltage is

that is

e T
V,,,,\—{TI,?(V\) d’} (13.118)
Ny

The output ac ripple voltage is
V,=Vo =V}

:\/(«/1_25 V) ~((25-1) (13.119)
=27, [s5(1-26)

The minimum rms ripple voltage in the output occurs when 0= or 0 giving an rms
ripple voltage of zero, since the average is a dc value at the extremes (0V and -V
respectively). The maximum ripple occurs at 6 = %, when V, = 2V, which is the
same as when ¢ = %, (but half that obtained with the bipolar output control method,
2
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# For 0 > ' the rms load voltage is

1er, o 7
V,,,.\.—[;I,, (%) df} (13.120)
=J25-1 7

The output ac ripple voltage is
I/l = VZ Vl

:\/(JZ(S——IK)Z—((Zﬁ—I)K)Z (13.121)
=27, (25 -1)(1-6)

The minimum rms ripple voltage in the output occurs when 0=": or 1 giving an rms
ripple voltage of zero, since the average is a dc value at the extremes (0V and 7
respectively). The maximum ripple occurs at 0=%, when V, =%V, which is half
that obtained with the bipolar output control method.

The output voltage ripple factor is

(13.122)
1-6
x—2
26-1
Thus as the duty cycle & — 1, the ripple factor tends to zero, consistent with the
output being dc, that is V,=0. The ripple factor is undefined when the average
output voltage is zero, at d = Y.
Circuit operation is characterized by three time domain equations.
During the on-period for T1 and T4, when v,(1)=V;

=,/2

Lﬂ+ Ri +E=V,
dt ’
which yields
i V —E ;f v ozt
l(,(t):i‘ [1—e‘j+le' for 0<t<t andd>'% (13.123)
R
During the on-period for T2 and T3, when v,(?)=- V
L%+Riﬂ+E:—I{
dt

which, after shifting the zero time reference to tr, gives

p()=-LEE(1me7 vier for 0<i<Toqands<v (13.124)
: R '

The third equation is for a zero voltage loop.
During the switch off-period, when v,(1)=0

L@+R{,+E:O
dt

which, after shifting the zero time reference, in figure 13.14a or b, gives
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E AT
i(t)=——|1-e" |+1e°"
(0)=—(1-¢7]
0<r<t and 5<% (13.125)

0<t<T-t,and 62"

The initial conditions / and / are determined by using the usual steady-state
boundary condition method and are dependent on the transition states. For
example, for continuous steady-state transitions between +V; loops and OV loops,
the boundary conditions are given by

s V1l E
where J=—+-—¢_ _ £ (A)
l—e™ R
—e

T

and ;:V‘ e,_l _E

e -1 R

Figures 13.14a and b show output voltage and current waveforms for conditions of
positive average voltage and current in part (a) and negative average voltage and
current in part (b). Each part is shown with the current having a positive maximum
value and a negative minimum value. Such a load current condition involves the
activation of all possible chopper conducting paths, which are shown at the top of
each part in figure 13.14 and transposed to table 13.3B. The conducting device
possibilities decrease if the minimum value is positive or the maximum value is

negative.

(13.126)

(&)

Table 13.3B. A Four-quadrant chopper multilevel output voltage states

Conducting devices sequences

V>0 V<0
T, | D, T T, T | D, D, | D,
>
T | Ta Ts | Ds >0 D; | Dy T, | Dy
V>0 V<0

Dy | Dy | Ty | D2 | To | Dy | To | Ty | J<0 | To | Dz [T | T2 | Dz | D | T2 | Dy

Ts | Da | Ta | Ta | Ds | Da | To [ Ds | 750 | Ds | Ds | Ts [ Dy | To | Dy | Ts | Ty

V>0 V<0
Dy | Dy T | Dy N T | T2 T2 | Dy
<0
Ts | Ds D; | Ds I Ts | Ds T | Ts

If the minimum output current is positive, that is, [ is positive, then only
components for a first and fourth quadrant chopper conduct. Specifically T, Ts,
Dy, and D4 do not conduct, thus do not appear in the output sequence. Examination
of figure 12.14c shows that the output current conduction states are as shown in
table 13.3B for [ > 0.
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If the output current never goes positive, that is 7is negative, then T, T4, D,, and
D; do not conduct, thus do not appear in the output device sequence. The
conducting sequence is as shown in table 13.3B for/ <0.

Unlike the bipolar control method, the output sequence is affected by the average
output voltage level, as well as the polarity of the output current swing. The
transition between the six possible sequences due to load voltage and current
polarity changes, is seamless. The only restriction is that devices in any leg do not
conduct simultaneously. This is ensured by inserting a brief dead-time between a
switch turning off and its leg complement being turned on.

Example 13.7:  Four-quadrant dc chopper

The H-bridge, dc-to-dc chopper in figure 13.13 feeds an inductive load of 10 ohms
resistance, SOmH inductance, and back emf of 55V dc, from a 340V dc source. If
the chopper is operated with a 200Hz multilevel carrier as in figure 13.14 a and b,
with a modulation depth of ¢ = %, determine:
i.  the average output voltage and switch T, on-time
ii.  the rms output voltage and ac ripple voltage
iii.  the average output current, hence quadrant of operation
iv.  the electromagnetic power being extracted from the back emf E.
If the mean load current is to be halved, what is
v.  the modulation depth, J, requirement
vi.  the average output voltage and the corresponding switch T on-time
vii.  the electromagnetic power being extracted from the back emf E?

Solution
The main circuit and operating parameters are
e modulation depth 6 = 4
o period Tegrier = fearrier= 1/200Hz = Sms
e E=55V and V=340V dc
e load time constant z = L/R = 0.05H/10Q = Sms

i. The average output voltage is given by equation (13.114), and for < %,
v, = (’;—ljk =(25-1)7,

=340Vx(2x% - 1) =-170V
where
t,=20T= 2><‘/4><(‘/z><5ms) =1.25ms

Figure 13.14 reveals that the carrier frequency is half the switching frequency, thus
the 5ms in the above equation has been halved. The switches T, and T, are turned
on for 1.25ms, while T, and T; are subsequently turned on for 3.75ms.

ii. The rms load voltage, from equation (13.118), is
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v, =~N1-26 V.
=340Vxy/1 - 2%V, =240V rms
From equation (13.119), the output ac ripple voltage is

V. =27, [5(1-26)

=2 %340V, fax(1 - 2x14) = 170V ac

iii. The average output current is given by equation (13.117)
- V,-E _(26-1)V.-E
TR R
~ 340Vx(2x%4- 1) - 55V
- 10Q

Since both the average output current and voltage are negative (-170V and -22.5A)
the chopper with a modulation depth of ¢ = %, is operating in the third quadrant.

= -22.5A

iv. The electromagnetic power developed by the back emf E is given by
P, = EI, =55Vx(-22.5A) = -1237.5W

v. The average output current is given by

08 @)

when the mean current is -11.25A, J = 0.415, as derived in part vi.
vi. Then, if the average current is halved to -11.25A

V,=E+1,R
=55V - 11.25Ax10Q = -57.5V
The average output voltage rearranged in terms of the modulation depth J gives

(5:'/2[14—[/"]
V.

= ‘/zx(l + '57'5Vj =0.415

340V
The switch on-time when J < / is given by
t, =26T=2x0.415%(/x5ms) =2.07ms
From figure 13.14b both T, and T, are turned on for 2.07ms, although, from table
13.3B, for negative load current, 7, =-11.25A, the parallel connected freewheel
diodes D; and D4 conduct alternately, rather than the switches (assuming I <0).
The switches T, and T, are turned on for 1.25ms, while T, and T; are subsequently
turned on for 2.93ms.
vii. The electromagnetic power developed by the back emf E is halved and is given
by
P, =El, =55Vx(-11.25A) =-618.75W
L)
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Problems

13.1. The dc GTO thyristor chopper shown in figure 13.lc operates at 1 kHz and

supplies a series 5 Q and 10 mH load from an 84 V dc battery source. Derive

general expressions for the mean load voltage and current, and the load rms voltage

at an on-time duty cycle of d. Evaluate these parameters for J = 0.25.
[21V,42°A;42V]

13.2.  The dc chopper in figure 13.1c controls a load of R =10 Q, L = 10 mH and
40 V battery. The supply is 340 V dc and the chopping frequency is 5 kHz.
Calculate (a) the peak-to-peak load ripple current, (b) the average load current, (c)
the rms load current, (d) the effective input resistance, and (e) the rms switch
current.
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Power Inverters

Inversion is the conversion of dc power to ac power at a desired output voltage or
current and frequency. A static inverter circuit performs this transformation.

The terms voltage-fed and current-fed are used in connection with inverter circuits.
A voltage-fed inverter is one in which the dc input voltage is essentially constant
and independent of the load current drawn. The inverter specifies the load voltage
while the drawn current shape is dictated by the load.

A current-fed inverter (or current source inverter) is one in which the source, hence
the load current is predetermined and the load impedance determines the output
voltage. The supply current cannot change quickly. This is achieved by series dc
supply inductance which prevents sudden changes in current. The load current
magnitude is controlled by varying the input dc voltage to the large inductance,
hence inverter response to load changes is slow. Being a current source, the
inverter can survive an output short circuit thereby offering fault ride-through
properties.

Voltage control may be required to maintain a fixed output voltage when the dc
input voltage regulation is poor, or to control power to a load. The inverter and its
output can be single-phase, three-phase or multi-phase. Variable output frequency
may be required for ac motor speed control where, in conjunction with voltage or
current control, constant motor flux can be maintained.

Inverter output waveforms are usually rectilinear in nature and as such contain
harmonics which may lead to reduced load efficiency and performance. Load
harmonic reduction can be achieved by either filtering, selected harmonic-
reduction chopping or pulse-width modulation.

The quality of an inverter output is normally evaluated in terms of its harmonic
factor, p, distortion factor, u, and total harmonic distortion, thd. In section 12.6.2
these first two factors were defined in terms of the supply current. For inverters the
factors are redefined in terms of the output voltage harmonics as follows

n

= npu, n>1 (14.1)
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A (14.2)
n

thd =

The distortion factor for an individual harmonic is
A
=y
= (7 2 - w 2
Z[—”] W= > = Z(ﬂj (14.3)
=\ N =2 =\ N
The factor V, /n is used since the harmonic currents produced in an inductive load
attenuate with frequency. The harmonic currents produce unwanted heating and
torque oscillations in ac motors, although such harmonic currents are not a
drawback to the power delivered to a resistive heating load.
14.1 dc-to-ac voltage-fed inverter bridge topologies

14.1.1 Single-phase voltage-fed inverter bridge

Figure 14.la shows an H-bridge inverter for producing an ac voltage and
employing switches which may be transistors (MOSFET or IGBT), or at high
powers, thyristors (GTO or CGT). Device conduction patterns are also shown in
figures 14.1b and c. With inductive loads (not purely resistive), stored energy at
turn-off is fed through the bridge reactive feedback or freewheel diodes D, to Dj.
These four diodes clamp the load voltage to within the dc supply rails (0 to V).

14.1.1i - Square-wave output

Figure 14.1b shows waveforms for a square-wave output (2¢,=t,) where each device
is turned on as appropriate for 180°, (that is ) of the output voltage cycle (state
sequence 10, 01, 10, ..). The load current i, grows exponentially through T, and T,
(state 10) according to

di,
dt
When T, and T, are turned off, T; and T, are turned on (state 01), thereby reversing
the load voltage. Because of the inductive nature of the load, the load current
cannot reverse and load reactive energy flows back into the supply via diodes D;
and Dy (which are in parallel with T; and T, respectively) according to

-V :Lﬂn,R \%) (14.5)
de "

v.=LZ4iR V) (14.4)

The load current falls exponentially and at zero, Ts and T4 become forward-biased
and conduct load current, thereby feeding power to the load.

The output voltage is a square wave of magnitude + ¥ and has an rms value of V.
For a simple R-L load, with time constant t = L /R, during the first cycle with no
initial load current, solving equation (14.4) yields a load current

uz):%{l—e{] (A) (14.6)

Under steady-state load conditions, the initial current is 7 as shown in figure 14.1b,
and equation (14.4) yields
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Figure 14.1. GCT thyristor single-phase bridge inverter: (a) circuit diagram;
(b) square-wave output voltage; and (c) quasi-square-wave output voltage.

v (h N
L0=% [R Ije A) 14.7)
0<i<y, (s
for v, =, W)
<0 (A)

During the second half-cycle (¢, <t < t;) when the supply is effectively reversed
across the load, equation (14.5) yields
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. Vo (Vo 5) +
tL(t):—R+(W+[je‘ (A) (148)
0<t<t,—t, (s)
for v, ==V, V)
120 (A)

A new time axis has been used in equation (14.8) starting at ¢ = ¢, in figure 14.1b.
Since / =-1, the initial steady-state current / can be found from equation (14.7)
when, att = ¢, i, = [ yielding

0

jotilzer W tanh(t—‘] (A) (14.9)
27

R LR
l+e-

The zero current cross-over point ¢, shown on figure 14.1b, can be found by
solving equation (14.7) for ¢ when i, = 0, which yields
t.=tln 1—ﬂ
V.

:r/,n[l-#%] (s)

The average thyristor current, T, average diode current, / ,, and mean source
current, /, can be found by integration of the load current over the appropriated
bounds.

(14.10)

- |
I, =—("i (t)ar
[0

Tt

(14.11)
1 v, A\ 2
=— ‘(tl—t”)Jrr[ ‘+1](e" —e’j
t| R R
where i; is given by equation (14.7) and
1, =%J‘U i, (t)dt
: (14.12)

L]

where i;, is given by equation (14.8)
Inspection of the source current waveform in figure 14.1b shows that the average
source current is related to the average semiconductor device currents by

1 = 2(7,,, 770)

, 14.13
=i{y‘t|+r[y‘+}j[ejflj} (41
LR R

The steady-state mean power delivered by the dc supply and absorbed by the
resistive load component is given by
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=%J.:V‘i,‘(r) &= vi W (14.14)

where i;(?) is given by equation (14.7).
The rms output voltage is ¥V, and the output fundamental frequency f, is
f;, = %11 = %

The instantaneous output voltage expressed as a Fourier series is given by

v, *7szsmnwt W) (14.15)

nodd 1
and for n =1 the output rms fundamental voltage v,, is
22
3

V. =

ol

v =090V V) (14.16)

The load current can be expressed in terms of the Fourier voltage waveform series,
that is

i ((ot)ffV z —sm(n(ut—qé ) (14.17)

T s .
where Z, = \[R* + (nwL)’
— tan ' NOL
¢, =tan A

14.1.1ii - Quasi-square-wave output

The rms output voltage can be varied by producing a quasi-square output voltage
(2t,=t5, t,<t;) as shown in figure 14.1c. After T, and T, have been turned on (state
10), at the angle m-a one device is turned off. If T, is turned off, the load current
slowly freewheels through T, and D, (state 00) in a zero voltage loop according to

0= L‘ZLH R %) (14.18)

When T is turned off and T4 and T; turned on (state 01), the remaining load current
rapidly reduces to zero through diodes D; and D4. When the load current reaches
zero, T3 and T, become forward biased and the output current reverses through T
and Ty.

The output voltage shown in figure 14.Ic consists of a sequence of non-zero
voltages £V, alternated with zero output voltage periods. During the zero output
period a diode and switch conduct, firstly T, and Dj in the first period, and T; and
D; in the second zero output period. In each case, a zero voltage loop is formed by
a switch, diode, and the load. The next two zero output sequences would be T, and
D, then T4 and D,, forming alternating zero voltage loops (sequence 10, 00, 01, 11,
10, ..) rather than repeating a continuous T; and D then T; and D, sequence of zero
voltage loops (sequence 10, 11, 01, 11, 10, .. or sequence 10, 00, 01, 00, 10, ..). By
alternating the zero voltage loops (between states 00 and 11), losses are uniformly
distributed between the semiconductors, device switching frequency is half that
experienced by the load, and a finer output voltage resolution is achievable.

With reference to figure 14.1c, the load current i; for an applied quasi square-wave
voltage is defined as follows.
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@ v>0
V. V. =
i ()=—-|—= e’ 0<r<t 14.19
o= {ms) R
for 1,<0 (A)
(i) v.=0
i, =le 0<r< -1, (14.20)
for 120 (A)
(iii) v, <0
V. V. -
L ()=—4|—=+1 |er =—i, (¢ 0<r<t 14.21
PN (A L R

for 1,20 (A)

The currents 7, ,and /; are given by

LA h

f=-boel el (A) (14.22)
R l+e*
j=L e A) (14.23)
RoLe
I=-1I ) (14.24)

The zero current cross-over instant, #,, shown in figure 14.1c, is found by solving
equation (14.19) for # when i, equals zero current.

IR
t, =T/n[ v ] (14.25)

The average thyristor current, T, average diode current, / ,, and mean source
current, /, can be found by integration of the load current over the appropriated
bounds (assuming altemating zero volt loops).

:7j dz+—J'0’ i, (t)di (14.26)

where i; is given by equations (14.19) and (14.20) for the respective integrals, and
- 1w, 1 o,

1, = ZJ'0 i, (t)deTzJu i (¢)de (14.27)

where i, is given by equations (14.19) and (14.20) for the respective integrals.
Inspection of the source current waveform in figure 14.1b shows that the average
source current is related to the average semiconductor device currents by

~ 1w, - -
1, 72'[0 lL/(t)dt72(1,,.,710) (14.28)
The steady-state mean load and source powers are

ﬁ:tlj;”r(iL(z) dt = VI (W) (14.29)
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where i,(2) is given by equation (14.19).
The variable rms output voltage is

g (14.30)

and the output fundamental frequency f; is f, = .

1

Vims'

Vi -""":%k

o
©

/

per unit

/
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/
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Figure 14.2a. Full bridge inverter output voltage harmonics normalised with
respect to square wave rms output voltage, Vins=V.

The output voltage ¥ in its Fourier coefficient series form is given by
4 & costhna .
v, —;V\;fsmnm %) (14.31)

and for n = 1, the rms fundamental of the output voltage v, is given by
v, = & V. cos’aa =0.90xV, xcos’eax (\%) (14.32)
T

ol

The characteristics of these load voltage harmonics are shown in figure 14.2a.
The load current can be expressed in terms of the Fourier voltage waveform series,
that is
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4 & costhna
i(wt)=—V. —————sin(nwt — 14.33
J(on) =—V. 3 ———sin(no1—4,) (1433)

T A& on !
where Z, = \|[R* + (nwlL)’
— 1nwL
¢, = tan A

A variation of the basic four-switch dc to ac single-phase H-bridge is the half-
bridge version where two series switches (one pole or leg) and diodes are replaced
by a split two-capacitor source, as shown in figure 14.2a. This reduces the number
of semiconductors and gate circuit requirements, but at the expense of halving the
maximum output voltage. Example 14.3 illustrates the half-bridge and its essential
features. Behaviour characteristics are as for the full-bridge, square-wave, single-
phase inverter but V; is replaced by 4V, in the appropriate equations. Only a
square-wave output voltage can be obtained. Since zero volt loops cannot be
created, no rms voltage control is possible. The rms output voltage is '2V.

Example 14.1a: Single-phase H-bridge with an L-R load

A single-phase H-bridge inverter, as shown in figure 14.1a, supplies a 10 ohm
resistance with inductance 50 mH from a 340 V dc source. If the bridge is
operating at 50 Hz, determine the load rms voltage and current and steady-state
current waveforms with

i a square-wave output

ii.  aquasi-square-wave output with a 50 per cent on-time.

Solution

The time constant of the load, 7= 0.05mH/10Q = 5 ms and #,= 20ms.

i.  The output voltage rms value is 340 V ac.

Equation (14.9) gives the load current at the time when the supply polarity is
reversed across the load, as shown in figure 14.1b, that is

p=-1=l 1z )
l+e*
where ¢;= 10 ms. Therefore
To-p2 B 1 )
10Q  1+e
=259A
When v, = +340 V, from equation (14.7) the load current is given by
i, = 34-(34+25.9) ™ = 34-59.9¢™" 0<t<10ms

From equation (14.10) the zero current cross-over time, #,, occurs at
Sms x /m(l + 25.9A><10Q/340V) =2.83 ms after load voltage reversal.
When v, =-340 V, from equation (14.8) the load current is given by

i, = -34+(34+25.9) ™ = -34+59.9¢”" 0<¢<10ms
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The mean power delivered to the load is given by equation (14.14), that is
1 10ms

" 10ms o

=2755W
From P =i’R, the load rms current is

i = \/% = /2755“%09 =16.60A

ii. The quasi-square output voltage has a 5 ms on-time, #,, and a 5 ms period of
zero volts.
From equation (14.30) the rms output voltage is

V.A1-5ms/10ms = "5 = 240V rms .
The current during the different intervals is specified by equations (14.19) to
(14.24). Alternately, the steady-state load current equations can be specified by
determining the load current equations for the first few cycles at start-up until
steady-state conditions are attained.

340V x {34 - 59.9xe™} dt

First 5 ms on-period when v, =340 V and initially i, =0 A
i,=34-34¢™
and at Sms, i;=21.5A
First 5 ms zero-period when v, =0 V
i=21.5¢>"
and at Sms, i; =7.9A
Second 5 ms on-period when v, =-340 V
i,= 34+ (34+7.9) e™
with i, =0 at 1 ms and ending with i, =-18.6 A
Second 5 ms zero-period when v, =0V
i =-18.6e™"
ending with iy = -6.8A
Third 5 ms on-period when v, = 340 V
i,=34 - (34+6.8) ™"
with i, = 0 at 0.9 ms and ending with i, = 19.0 A
Third 5 ms zero-period when v, = 0 V
i,=19.0 ™
ending with i, = 7.0A
Fourth 5 ms on-period when v, =-340 V
i,=-34+(34+7.0) ™™
with i =0 at 0.93 ms and ending with i, =-18.9 A
Fourth 5 ms zero-period when v, =0V
i,=-18.9¢™
ending with i, = -7.0A
Steady-state load current conditions have been reached and the load current
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waveform is as shown in figure 14.1c. Convergence of an iterative solution is more
rapid if the periods considered are much longer than the load time constant.
The mean load power for the quasi-square wave is given by
P=—L [ 340V x (34 - 41xc™} dt
10ms >~ ©
=1378 W
The load rms current is

Q= \/% = ﬂ378\’%09 =11.74A

»
Example 14.1b: H-bridge inverter ac output factors

In each waveform case of example 14.1a calculate
i the average and peak current in the switches
ii. the average and peak current in the diodes
iii. the peak blocking voltage of each semiconductor type

iv. the average source current
v. the harmonic factor and distortion factor of the lowest order harmonic
vi. the total harmonic distortion

Solution

Square-wave
i. The peak current in the switch is 1 =259 A and the current zero cross-over
occurs at £,=2.83ms. The average switch current, from equation (14.11) is

T

I, = zomsj”@ - 59.9 ¢ ™) g

=571 A

ii. The peak diode current is 25.9 A. The average diode current from equation
(14.12) is

To= [ G4 - 59.9 ™) dr
D_ZOms-‘."( -39

=1.66 A
iii. The maximum blocking voltage of each device is 340 V dc.

iv. The average supply current is
1 =2(T, -1,
=2x(5.71A- 1.66A) =8.10A
This results in the supply delivery power of 340Vdc x 8.10A = 2754W
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v. From equation (14.15), with the third as the lowest harmonic, the distortion
factors are

= = E -1 1 )
hf = p, = v = /,that is, 33 per cent
Vv,
df = u= |—= =} , thatis, 11.11 per cent
i = ‘W] / p

vi. From equation (14.15)

thd = Z(Z’Y/V,

=46.2 per cent

Quasi-square-wave, o = 4 (5 ms) and from equation (14.25) t=0.93ms
i. The peak switch current is 18.9 A.
From equation (14.26) the average switch current, using alternating zero volt loops,
is
- 1

1y

- Ga-a1eyar + !
20ms 7 0:93ms 40ms

=2.18+1.50=3.68 A

) f"i‘ 9e™ dy

ii. The peak diode current (and peak switch current) is 18.9 A. The average diode
current, from equation (14.27), when using alternating zero volt loops, is given by

1 0.93ms 000 1 Sms e
n= 20ms-[° (34+d1e™™ )i+ o [, T9e™ ar

=0.16+1.50=1.66 A

iii. The maximum blocking voltage of each device type is 340 V.

iv. The average supply current is
1=2(T,-1,)
=2x(3.68A - 1.66A) = 4.04A
This results in the supply delivery power of 340Vdc x 4.04A = 1374W

v. The harmonics are given by equations (14.1) to (14.3)
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— _ % /=1 is 330
h =p, = ? = A\/z///zfé,thatls, 33/ per cent
- P/fl H
df = p= T = ‘nfg,thatls, 11.11 per cent

Vi.

- [3(%)]
[T R

Example 14.2:  Harmonic analysis of H-bridge with an L-R load

For each delay case (o = 0° and a = 90°) in example 14.1, using Fourier voltage
analysis, determine (ignore harmonics above the 10™):

i the magnitude of the fundamental and first four harmonics

ii.  the load rms voltage and current

iii.  load power

iv.  load power factor

Solution

The appropriate harmonic analysis is outline in the following table, for & = 0° and
a=90°.

n Z, V, In V, (a=90°) In
] - > 0.97 V/ 0.9 v

harmonic 2 2 Y ~cos(ena Y
R*+(2750nL) - Z. ——=cos(ina) Z

Q \ A \ A
1 18.62 306 16.43 216.37 11.62
3 48.17 102 2.12 -72.12 -1.50
5 79.17 61.2 0.77 -43.28 -0.55
7 110.41 43.71 0.40 30.91 0.28
9 141.72 34 0.24 24.04 0.17
332.95V | 16.59A 235.43V 11.73A

i The magnitude of the fundamental voltage is 306V for the square wave and is
reduced to 216V when a phase delay angle of 90° is introduced. The table shows
that the harmonics magnitudes reduce as the harmonic order increases.

ii The rms load current and voltage can be derived by the square root of the sum of
the squares of the fundamental and harmonic components, that is, for the current

i =N+ 1+

rms 1 3 H
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The load rms currents, from the table, are 16.59A and 11.73A, which agree with
the values obtained in example 14.1a. Notice that the predicted rms voltages of
333V and 235V differ significantly from the values in example 14.1a, given by
V.AJ[1-7 , namely 340V and 240.4V respectively. This is because the magnitude
of the harmonics higher in order than 10 are not insignificant. The error introduced
into the rms current value by ignoring these higher order voltages is insignificant
because the impedance increases approximately proportionally with harmonic
number, hence the resultant current is becomes smaller the order increases.

iii The load power is the load iR loss, that is
P =i’ R=16.59"x10Q=2752W for a =0

L s

P =i R=11.73 x10Q=1376W for a =90°

iv. The load power factor is the ratio of real power dissipated to apparent power,
that is

R 2752W

i

o=g- = C P _ 0488 for @ =0
S i v, 1659Ax340V
o
pf =t =t DTN 486 for @=90°
S i, 11.79Ax240.4V
L)

Example 14.3:  Single-phase half-bridge with an L-R load

A single-phase half-bridge inverter as shown in the figure 14.2, supplies a 10 ohm
resistance with inductance 50 mH from a 340 V dc source. If the bridge is
operating at 50 Hz, determine for the square-wave output

v. steady-state current waveforms

vi.  the load rms voltage

vii.  the peak load current and its time domain solution, i (?)

viii. the average and peak current in the switches

ix.  the average and peak current in the diodes

X. the peak blocking voltage of each semiconductor type

xi.  the power delivered to the load and rms load current

Solution

From examples 14.1 and 14.2, 7= 5ms.

i. Figure 14.2 shows the output voltage and current waveforms, with various
circuit component current waveforms superimposed. Note that no zero voltage
loops can be created with the half-bridge. Only load voltages +/2V; , that is
+170V, are possible.

ii. The output voltage swing is +'4V;, £170V, thus the rms output voltage is 2V,
170V. This is, half that of the full-bridge inverter using the same magnitude source
voltage Vs, 340V.
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iii. The peak load current is half that given by equation (14.9), that is

f

i*‘/zV‘ I—e” Lk tanh 4
2t

TR
l+e-

1

= L3V anh 0TS ) 15 95
10Q 2x5ms

The load current waveform is defined by equations (14.7) and (14.8), specifically
N A R A
i, ()= =z ( i 1 j e

_ 2x340V  (}2x340V
10Q 10Q

+12‘95A)em

=17-2995¢™  for  0</<10ms

and
vy uyoA)
iL”(t):—/zR" +[/2R‘ +I)e’
1 1 —t
_ A0V (340V )
100 10Q
=_1742995¢™  for 0<<10ms

By halving the effective supply voltage, the current swing is also halved.

iv. The peak switch current is T=12.95A .
The average switch current is given by

7,1 [ 17-2995¢™) an

2.83ms

20ms
=286 A

Gl ¢ 1oy} T IC
ol T, le) ¢ o,

. A t
n 1 . 12.95A ]
=

(a) (b)

Figure 14.2. GCT thyristor single-phase half-bridge inverter:
(a) circuit diagram and (b) square-wave output voltage.
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v. The peak diode current is T=12.95A .
The average diode current is given by

7, = | m’"’[n 729.9555}1:

»= 20ms ¥ ©

=083 A

vi. When a switch or diode of a parallel pair conduct, the complementary pair of
devices experience a voltage V5, 340V. Thus although the load experiences half the
supply voltage, the semiconductors experience twice that voltage, the same as with
the full bridge inverter.

vii. The load power is found by averaging the instantaneous load power, that is
1
P =——[ 170V x(17-29.95x ™) dt
10ms 7 ©
=638.5W
»

14.1.2  Three-phase voltage-fed inverter bridge
The basic dc to three-phase voltage-fed inverter bridge is shown in figure 14.3. It
comprises six power switches together with six associated reactive feedback

diodes. Each of the three inverter legs operates at a relative time displacement
(phase) of %m, 120°.

N
T!
{b)

—— Y B
T Ds YT, D YT, D YT, R

L[’!H Iy s

Q
R Y 8

1ay

Figure 14.3. Three-phase inverter circuit:
(a) GCT thyristor bridge inverter; (b) star-type load; and (c) delta-type load.
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14.1.2i - 180° (m) conduction

Figure 14.4 shows inverter bridge quasi-square output voltage waveforms for a
180° switch conduction pattern. Each switch conducts for 180°, such that no two
semiconductor switches across the voltage rail conduct simultaneously. Six
patterns exist for one output cycle and the rate of sequencing these patterns
specifies the bridge output frequency. The conducting switches during the six
distinct intervals are shown and can be summarised as in Table 14.1.

Table 14.1. Quasi-square-wave six conduction states - 180° conduction.

Interval Three conducting switches leg state | voltage vector
1 T | 101 Vs
2 LB 001 2
3 Ts | T A Ts 011 V3
4 Ta Ts Te 010 V2
5 Ts | 15 | T 110 Ve
6 Ts | 71| T, 100 V4

The three output voltage waveforms can be derived by analysing a resistive star
load and considering each of the six connection patterns, as shown in figure 14.5.
Effectively the resistors representing the three-phase load are sequentially cycled
anticlockwise one at a time, being alternately c